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Preface 


This book is about the analysis and design of the radio-frequency electronic 
circuits that are the building blocks of radio transmitters and receivers. It 
reflects the developments of the past decade, which have initiated an unprec- 
edented growth in the use of analog radio systems for personal and business 
voice communications. Continuing advances in solid state technology have 
resulted in transmitters that are smaller, cheaper, and more reliable than ever 
before. Parallel developments have occurred in the home entertainment radio 
and television fields. As a result, radio engineers versed in the solid state art 
are in demand. 

Because of the rapid changes in radio technology, teachers of courses in 
radio circuits have often had to rely on material that is scattered through 
many different textbooks, technical journals, and application notes. This 
volume meets the need for a comprehensive book on radio electronics. 

Solid State Radio Engineering is unique because of its broad coverage of 
both receiver and transmitter circuits and its illustration of theoretical 
concepts with numerical examples from real circuits. Design that uses prac- 
tical circuit elements instead of idealized mathematical models is 
emphasized. The letter symbols used for semiconductor device currents and 
voltages conform for the most part with IEEE Standard notation. 

The last five chapters present for the first time in textbook form consider- 
able information on RF power amplifiers. Currently, power amplifier design is 
often accomplished by using cut-and-try techniques and rules of thumb. Often, 
theoretical explanations of power amplifier operation are too complicated or 
require too much time for a designer to use. This book brings these principles 
to the student or practicing design engineer in a way that not only makes them 
understandable but also makes them useful for design. The discussions in 
Chapters 12 to 16 include not only accepted state-of-the-art technology, based 
on bipolar junction transistors, but also VMOS RF power FETs, high- 
efficiency techniques, envelope elimination and restoration, and other newly 
emerging technologies that are expected to play significant roles in radio 
engineering during the next decade. 

This book is intended to be both a reference for the working engineer and 
a textbook for senior-level students in electrical engineering and electrical 
technology. A knowledge of complex algebra, Fourier series, and Fourier 
transforms will enable its reader to handle the mathematics in the book. As an 


aid to self-study, practical design examples are included throughout. These 
are reinforced by homework problems that are keyed to the corresponding 
sections of the text. | 

The material presented is appropriate for either a two-semester or three- 
quarter course sequence. For shorter course offerings, some chapters may be 
omitted. For example, if receiving systems are of primary interest, Chapters 1 
to 11 can be used. For transmitters, Chapters 1 to 8 and 12 to 16 (with the 
possible omission of Sections 14-3 to 14-6) are recommended. If the students 
have an adequate background in noise and modulation theory, Chapters 2 and 
8 can be omitted. Prior knowledge of resonant impedance matching might 
permit skipping all of Chapter 3, with the exception of Section 3-6, which is 
used frequently in the following chapters. 

A brief introductory chapter considers the concept of modulation and the 
functions performed in a typical transmitter and receiver. It is followed by a 
discussion of electrical noise because of its importance in the design of RF 
amplifiers and mixers in receivers. Chapters 3 to 7 include the component 
parts of receiver systems, and Chapter 8 provides the modulation theory 
necessary for an understanding of the operation of AM, SSB, FM, and TV 
receivers. 

A thorough treatment of the design of narrowband, tapped resonant 
circuits for impedance matching, as well as the use of tapped mutual in- 
ductance circuits for both wideband and narrowband matching, is given in 
Chapter 3. The design of small-signal, tuned amplifiers for maximum gain with 
a specified degree of stability is considered next. This is followed by an 
analysis of sinusoidal oscillations in LC and crystal oscillator circuits; and a 
unique, laboratory-tested procedure is given for the design of a common-base 
Colpitts oscillator for specified output. 

A phase-locked loop will soon be included in nearly every radio receiver, 
transmitter, and piece of test equipment. Hence, the simpler aspects of loop 
operation are outlined in Chapter 6, along with the characteristics of the basic 
loop components and some applications to communication equipment. This is 
followed by analysis of diode, BJT, and FET mixer circuits. 

Chapters 9 to 11 are devoted to receivers. Because design techniques are 
changing constantly with the introduction of new integrated-circuit packages, 
the fundamental signal processing in each type of receiver is stressed without 
a detailed description of all possible circuits. Analysis of various types of AM 
and FM detectors is found in the corresponding chapters, along with in- 
formation on ceramic, crystal, and surface-acoustic-wave IF filters. The basic 
principles of color picture transmission are given in Chapter 11, along with a 
block-diagram explanation of the receiver circuitry. Although not directly 
related to the subject matter of the book, this is the one piece of radio 
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equipment that the student owns and uses every day. Furthermore, it in- 
corporates most of the principles studied in preceding chapters. 

Chapters 12 to 16 are organized by practice rather than theory. Thus Class 
A and B amplification along with the broadband transformer and filter 
networks normally used in SSB transmitters are discussed first. Similarly, 
Class C and Class C mixed-mode power amplifiers and the discrete-element or 
transmission-line matching networks normally used with them, are presented 
together. Chapter 14 treats several types of high-efficiency power amplifiers 
(Classes D, E, F, and S). Chapter 15 includes CW, FM, and AM transmitters, 
since they have similar configurations. The last chapter examines single- 
sideband and multimode transmitters, envelope elimination and restoration, 
and other related techniques. 


Herbert L. Krauss 
Charles W. Bostian 
Frederick H. Raab 
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1 Radio 


Communication 
Systems 


1-1 Introduction 


This book is devoted to the analysis and design of the electronic circuitry 
used in radio communication systems. It presumes that the reader is familiar 
with audio-frequency amplifiers; hence the primary emphasis will be on radio 
transmitter and receiver circuits. The transmitting and receiving antennas and 
the propagation path between them are important parts of an overall system, 
but a discussion of these elements is left to other texts. 

Communication systems transmit information in the form of electrical 
signals that represent speech, music, television pictures, scientific and busi- 
ness data, and so forth. The waveforms of these signals are complex and 
continually changing, but the frequency spectrum of the signals is usually 
limited to a specified bandwidth either by the nature of the signal source or by 
filters in the transmitting equipment. Since many of these signals occupy a 
frequency band that extends downward to a few hertz, they cannot be 
transmitted in their original form over a common transmission path because it 
would not be possible to separate them at the receiving end. A separate 
transmission line or separate radio path for each signal would not be feasible 
from either an economic or a practical standpoint. Hence the overall com- 
munication system must provide a means for simultaneous transmission of a 
number of signals either by shifting them into different parts of the frequency 
spectrum or by sending samples of the signals on a time-shared basis. 

The wavelength (A) in meters of a radio wave is given by c/f, in which c is 


the velocity of light (3 x 10° meters per second), and f is in hertz. (For RF 
calculations it is convenient to remember that f in megahertz x A in meters = 
300.) A radio antenna should have a physical size of one-half wavelength or 
more for reasonable efficiency. Hence, as the transmission frequency is 
increased, the physical size and cost of the antenna are reduced and its 
efficiency increases. 


1-2 Elements of a radio system 


The process whereby the original message is converted into a new form 
suitable for radio transmission is called modulation. The modulation process 
causes some property—such as the amplitude, frequency, or phase—of a 
high-frequency carrier’ wave to be deviated from its unmodulated value by an 
amount proportional to the instantaneous value of the modulating (message) 
signal. Thus the content of the original message is shifted to a portion of the 
frequency spectrum in the vicinity of the carrier frequency. In the receiver 
this process is reversed in a detector that recovers the original signal. 

Figure 1-1 shows a simplified block diagram of a radio transmitter and 
receiver in order to illustrate the signal processing that takes place. The 
function of each block is explained below. 


1. The source of the message signal may be a microphone, phono pickup, 
television camera, or other device that transforms the desired information 
into an electrical signal. 

2. The signal is amplified and often passed through a low-pass filter to 
limit the bandwidth. 

3. The RF oscillator establishes the carrier frequency or some submultiple 
of it. Since good frequency stability is required to keep the transmitter on its 
assigned frequency, the oscillator is often controlled by a quartz crystal. 

4. One or more amplifier stages increase the power level of the signal from 
the oscillator to that needed for input to the modulator. Class C operation is 
used wherever possible to obtain high efficiency. Tuning of the output circuits 
to a harmonic of the input frequency results in “frequency multiplication” so 
that the final carrier frequency can be a multiple of the oscillator frequency. 

5. The modulator combines the signal and carrier frequency components 
to produce one of the varieties of modulated waves discussed in Section 1-3. 
In the simplified system shown in Fig. 1-1 the output signal spectrum lies in 
the vicinity of the desired RF carrier frequency. In many transmitters a 
second oscillator and mixer (similar to blocks 10 and 11) are inserted between 


'The ‘“‘carrier” may be a sinusoidal wave or a train of pulses. 
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Elements of a Radio System 


blocks 5 and 6 in order to shift the modulated wave to a higher-frequency 
range. 

6. Additional amplification may be required after modulation to bring the 
power level of the signal to the desired value for input to the antenna. 

7. The transmitting antenna converts the RF energy into an electromag- 
netic wave of the desired polarization. If a single (fixed) receiver is to be 
reached, the antenna is designed to direct as much of the radiated energy as 
possible toward the receiving antenna. 

8. The receiving antenna may be omnidirectional for general service or 
highly directional for point-to point communication. The wave propagated 
from the transmitter induces a small voltage in the receiving antenna. The 
range of amplitudes of the induced antenna voltage may be from tens of 
millivolts to less than 1 microvolt, depending upon a wide variety of con- 
ditions. 

9. The RF amplifier stage increases the signal power to a level suitable for 
input to the mixer and it helps to isolate the local oscillator from the antenna. 
This stage does not have a high degree of frequency selectivity but does serve 
to reject signals at frequencies far removed from the desired channel. The 
increase in signal power level prior to mixing is desirable because of the noise 
that is inevitably introduced in the mixer stage. 

10. The local oscillator in the receiver is tuned to produce a frequency fio 
that differs from the incoming signal frequency fpr by the intermediate 
frequency fir; that is, fio can be equal to fer+ fir or fre— fir. 

11. The mixer is a nonlinear device that shifts the received signal at fpr to 
the intermediate frequency fj. Modulation on the received carrier is also 
transformed to the intermediate frequency. 

12. The IF amplifier increases the signal to a level suitable for detection 
and provides most of the frequency selectivity necessary to “‘pass” the 
desired signal and filter out the undesired signals that are found in the mixer 
output. Because the tuned circuits in blocks 11 and 12 always operate at a 
fixed frequency (fi), they can be designed to provide good selectivity. 
Ceramic or crystal filters are often used. 

13. The detector recovers the original message signal from the modulated 
IF input. 

14. The audio or video amplifier increases the power level of the detector 
output to a value suitable for driving a loudspeaker, a television tube, or other 
output device. 

15. The output device converts the signal information back to its original 
form (sound waves, picture, etc.). 


In addition to the desired signal that is processed by the receiver, electrical 
noise is added in the transmission path, and is generated within the RF 
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amplifier, local oscillator, mixer, and so forth. The block diagrams shown in 
Fig. 1-1 are for illustrative purposes only. In practice, so many variations in 
transmitter and receiver systems are encountered that no single block diagram 
could even be considered typical. The general layout of receivers or trans- 
mitters for particular applications will be discussed in detail in later chapters. 


1-3 Modulation 


To extend the concept of modulation introduced in the previous section, the 
basic definitions of commonly used types of modulation will be given here. 
Let the voltage of an unmodulated carrier wave be given by 


v(t) = V,. sin (w.t + @) = V, sin 6(t) (1-1) 


in which w, is the carrier (radian) frequency, V. the amplitude, and @ an 
arbitrary phase angle. 


Amplitude Modulation 


In an amplitude-modulated (AM) wave, the deviation of the amplitude V, 
from its unmodulated value is proportional to the instantaneous value of the 
modulating wave. In other words, if the modulating signal is F(t), the carrier 
amplitude must vary in time according to the expression 


V(t) = V-[1 + mF (t)] (1-2) 


in which m, is the modulation factor. The value of m,F(t) cannot exceed 
unity without introducing distortion. Figure 1-2a illustrates a modulating 
signal F(t), and the corresponding amplitude-modulated wave is shown in Fig. 
1-2b. Note that the envelope of the AM wave [given by (1-2)] has the same 
shape as the modulating signal. 


Angle Modulation 


In angle modulation, the angle 6(t) in (1-1), rather than the amplitude, is 
varied from its unmodulated value by the modulating signal. Phase and 
frequency modulation are particular forms of angle modulation. In phase 
modulation (PM), the angle @(t) in (1-1) is made to vary proportionately to the 
modulating signal F(t). In frequency modulation (FM) the instantaneous 
frequency, 

d6(t) 


w(t) = at 
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is caused to vary from its unmodulated value in a manner proportional to 
F(t). In both cases the amplitude of the wave remains constant. Figure 1-2 
illustrates AM, FM, and PM waves resulting from a triangular modulating 
signal. 


Pulse Modulation 


In pulse modulation systems, the “carrier’’ consists of a train of pulses that 
can be modulated in amplitude, repetition frequency, or spacing in a manner 
completely analagous to the AM, FM, and PM waves previously discussed. 
The sampling theorem shows that the continuous transmission of a message 
signal is unnecessary—it can be reconstructed completely from samples taken 
at a rate at least twice the highest frequency present in the signal. Thus, for a 
signal that is bandlimited to 4kHz, a modulated pulse train with a mean 
repetition frequency of 8 kHz is sufficient and the pulses can be of arbitrarily 
short duration. 

In pulse code modulation, each sample is represented by a set of seven or 
more pulses (or spaces) that represent a binary code for the sample amplitude. 
This system has greater immunity to noise at the expense of higher pulse 
repetition rates and greater bandwidth. 


1-4 Frequency and Time Multiplexing 


The modulated pulse train produced by any of the foregoing methods is still 
of relatively low frequency. For radio transmission, this pulse train forms the 
modulating signal that in turn modulates (by AM, FM, etc.) a high-frequency 
carrier. 

In frequency-division multiplexing (FDM) the modulating process shifts 
the signal to a portion of the frequency spectrum in the vicinity of the carrier 
frequency. Since the portion of the spectrum to be utilized is determined by 
the carrier frequency, different signals can modulate carriers of different 
frequencies and all of them can be transmitted simultaneously. The receiver 
can choose the desired signal band by means of selective filters. This is done, 
for example, in AM, FM, and TV broadcasting, and in long-distance carrier- 
telephone systems. 

Time-division multiplexing (TDM) is an alternate process in which a 
number of signals are transmitted over a common facility by letting the 
signals occupy the same frequency band on a time-sharing basis. This method 
is used with pulse modulation systems. The individual “samples” of a given 
signal are of sufficiently short duration that the time between samples can be 
used to transmit other signals. In such systems the transmitter is switched or 
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commutated to each signal channel sequentially. The receiving system must 
then be switched in synchronism with the transmitter to separate the various 
signals prior to final demodulation. 


1-5 Comparison of Modulation Systems 


Each of these modulation systems has its good and bad features. Amplitude 
modulation utilizes the simplest detectors and requires the least bandwidth 
(particularly if only one sideband is transmitted). However, it has the lowest 
immunity to noise and both transmitter and receiver circuitry becomes more 
complicated if single-sideband transmission is used. 

Wideband frequency modulation employs simpler transmitter circuitry and 
provides much better rejection of noise and interfering signals than AM. It 
requires a bandwidth approximately five times that of a comparable AM 
signal, however. Pulse code modulation (PCM) provides even better trans- 
mission in the presence of noise but requires a further increase in circuit 
complexity and bandwidth. The choice of a particular technique depends 
upon the communication system requirements. 
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2 Electrical 


Noise 


Anyone who has tried to watch snowy images from a weak television signal 
or who has listened to a distant radio station against a background of static 
crashes has met electrical noise. Noise is always present in communications 
systems, but under normal operating conditions it goes unnoticed because the 
signal levels are much higher than the noise levels. A weak signal ac- 
companied by noise can be amplified if the associated noise level is low 
relative to the signal level. However, if the noise level is close to the signal 
level, amplification will be useless because any amplifier will amplify both the 
incoming signal and the incoming noise as well as adding more noise of its 
own. This process is evident in any receiver when an incoming signal fades 
into the noise or the external noise level rises to the point that it drowns out 
the signal. 

To simplify the mathematical detail in this and the following chapters, the 
desired signal is assumed to be a sinusoid or a group of sinusoids that 
comprise the transmitted information. This may be called a deterministic 
signal. Noise is defined as any extraneous electrical disturbance tending to 
interfere with the normal reception of the transmitted signal. Noise can 
consist of deterministic signals from unwanted sources plus random fluctua- 
tions of voltages and currents caused by physical phenomena. Various types 
of random noise are thermal noise, shot noise, Johnson noise, and flicker 
noise. 

One of the goals of communications system design is to keep the ratio of 
average (or peak) signal power to average noise power So large that the noise 
has no harmful effects on system performance. Techniques for doing this 
include (1) using powerful transmitters and high-gain antennas to develop 


large signals at the receiver, (2) designing amplifier and mixer circuits so that 
they introduce a minimum amount of additional noise when processing 
signals, and (3) using modulation or coding schemes that facilitate the separa- 
tion of signals from noise. In the case of man-made noise sources (e.g., 
automobile ignitions) there exists the fourth option of suppressing the noise at 
its source by filtering, bypassing, or redesign. Attention is usually given to 
each of these four options, and the mix selected is determined by such factors 
as cost, weight, and efficiency. 

It is desirable to characterize electrical noise as accurately as possible. A 
common characteristic of most types of noise, however, is its nondeter- 
ministic nature; that is, the exact waveform of the noise cannot be predicted. 
A measure of the amount of electrical noise can be obtained by connecting a 
meter across a noise source to measure the average, peak, rectified-average, 
or true-rms voltage (or current). Relationships between these quantities are 
different for different types of noise, that is, the average value may be zero 
whereas the others are not. The true-rms voltage (or current) can be used to 
calculate the average noise power delivered to a resistive load. As will be 
shown, the measured value depends upon the spectrum of the noise source 
and the frequency response of the measuring instrument. 

The frequency-domain characterization of noise can be given by means of 
a power spectral density curve [the units are watts per hertz (W/Hz)]. The 
simplest kind of noise to work with would be one whose spectral density is 
flat over the frequency range of interest. A common example of noise with a 
flat frequency spectrum is thermal noise associated with Brownian motion of 
electrons in a conductor. The equipartition law of Boltzmann and Maxwell 
(and the analysis of Johnson and Nyquist) states that the available noise 
power in a 1-Hz bandwidth is given by p,(f)= kT, where k is Boltzmann’s 
constant and T is the temperature of the noise source in kelvin units. This 
theory applies from direct current (dc) to high microwave frequencies. If the 
bandwidth were allowed to extend to infinity, the available power of a thermal 
source would appear to be unlimited also. However, results from quantum 
mechanics indicate that physical thermal noise sources, although extremely 
wide band, have a power spectrum that drops to zero at arbitrarily high 
frequencies. 

Since thermal noise is both the most common type of noise encountered in 
radio circuits and the easiest to analyze, it will be treated in detail in the 
sections that follow and other types of noise will be represented by equivalent 
thermal noise sources. Although the emphasis will be on those aspects of 
noise necessary to the design of communications systems that operate under 
average conditions, much more can be done with the theory of noise in terms 
of developing probability distributions for system outage time, and so forth. 
More detailed information on noise can be found in [1 to 3]. 
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2-1 Thermal Noise in Resistors and Networks 


As the name implies, thermal noise is due to the random motion of charge 
carriers in any conducting medium whose temperature is above absolute zero. 
The velocity of this motion increases with temperature in such a way that the 
electrical noise power density produced is proportional to the resistance of 
the conductor and to its absolute temperature, hence the name thermal noise. 
It is also called white noise because it has been shown both theoretically and 
experimentally to have a uniform spectrum up to frequencies on the order of 
10°? Hz (just as white light is composed of all colors of the visible spectrum). 

A metallic resistor may be considered a thermal noise source that can be 
represented by either of the noise equivalent circuits shown in Fig. 2-1. The 
mean-square noise voltage (V,) and current (,) are given by the following 
expressions in which R is the resistance, G=1/R the conductance, T the 
temperature of the resistor in kelvin units, k Boltzmann’s constant (1.38 x 
10° J/K), and B the bandwidth in hertz in which the noise is observed. 


V,, = 4kTRB (2-1) 

I, =4kTGB (2-2) 

(At low frequencies, practical resistors also exhibit excess current noise [4].) 
The noise power that is transmitted through a circuit is proportional to the 
circuit bandwidth. Consequently, the circuit bandwidth should never be 


greater than that necessary to transmit the desired signal if the maximum 
output signal-to-noise ratio (SNR) is to be achieved. 


Example 2-1.1. Calculate the mean-square noise voltage produced in a 100- 
kilohm resistor in a bandwidth of 10°Hz at room temperature (T = 20°C = 
293 K). 


4kT = 1.62 x 10°” 
V,2 = 1.62 x 10°?° x 10° x 10° = 16.2 x 10°" volts” 


Fig. 2-1 Equivalent circuits to represent thermal noise in a resistor. 


Tt AREGE) 


1/2 


Vn = (4RTRB) 


(a) (b) 
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The rms noise voltage is 
(V,)'? = 40.3 microvolts 


If this 100-kilohm (kQ) resistor were in the input circuit of an electronic 
voltmeter that had a bandwidth of 1 MHz, no amount of gain built into the 
voltmeter would enable it to measure signals below 1 millivolt (mV) with 
accuracy. 

Circuits containing more than one resistor may be analyzed by reducing 
them to one (Thévenin) equivalent resistance and applying (2-1) to obtain the 
mean-square noise voltage. The noise Thévenin equivalent of such a circuit is 
then a voltage source with this mean-square voltage in series with an ideal 
(noiseless) resistor equal in value to the Thévenin resistance. This is different 
from the signal Thévenin equivalent of the same circuit, as is made clear by 
Fig. 2-2, where a signal source driving a hypothetical noiseless load resistor R; 
(representing the input of an amplifier) through three noisy resistors Rj, R2, 


Fig. 2-2 (a) A resistive network driven by a voltage source; (b) Thévenin 
equivalent circuit for signal computation; and (c) Thévenin equivalent 
circuit for noise computation. 


Rr = Ro + R,||R3 


a SS: 


(b) 


e& Vp, = (4kTRpB)'? 


(c) 


12 /  &lectrical Noise 


and R; is shown. The signal voltage at the load is found by conventional 
voltage division, but the noise voltage is found from a circuit in which the 
noise source is related to the Thévenin resistance of the resistive network 
rather than the voltage divider ratio. 

The process of combining the resistors in a network to obtain an effective 
noise resistance is equivalent to combining the mean-square noise voltages of 
the resistors themselves to obtain the net mean-square noise voltage. This is 
consistent with the statistical principle that if two or more independent 
random processes are combined, the mean-square value of the resultant is 
obtained by adding the mean-square value of each process. Thus the mean- 
square noise voltage of a group of resistors connected in series is the sum of 
the mean-square noise voltage across each resistor. 

Nyquist has determined the thermal noise output of a network containing 
both resistive and reactive elements. At a port in such a circuit, the mean- 
square thermal noise voltage is given by 


V2=kT [ R(f) df (2-3) 


in which R(f) is the resistive (real) part of the input impedance at frequency f 
and the integration is performed over the bandwidth (B) of interest. 


Example 2-1.2._ A parallel GC circuit is shown in Fig. 2-3. The thermal noise 
generated in the conductance is represented by a current source with PANT Vee 
4kTG Af over any small frequency increment Af. The admittance of the circuit 
is 


Y =G+joC (2-4) 


By straightforward circuit theory, the mean-square voltage at the port is equal 
to 


2 


Tn 
Vian = peat 2-5) 


Fig. 2-3 A parallel GC circuit. 
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By integration over infinite bandwidth the total mean-square noise voltage is 
obtained as 


ae 4kTG df x 
Vn ah PERE G+ QnfCy: Ce) 
However, the resistance at the port is 
a G 
RU) = Gs nfC) vr 


To complete the calculation of V,/, it is convenient to change the variable 
of integration to w so that (2-6) becomes 


ari [ 4kTGdw _4kT [* dw (is) 


Substitution of the half-power frequency of the RC circuit, 


(2-9) 


G 
@2 = 27f2= C 
into (2-8) yields a definite integral that can be evaluated (see Problem 2-1.7) 
with the result given by (2-10). 


= AKTR x Z f= ‘ (2-10) 


By the comparison of (2-1) with the first equality in (2-10), the equivalent 
noise bandwidth is seen to be equal to 7/2 times the half-power bandwidth, a 
result similar to that given for the tuned RLC circuit in (2-27). 


2-2 Noise in Receiving Antennas 


The resistance measured at the terminals of an antenna is on the order of 
70 ohms (half-wave dipole) to 300 ohms (folded dipole). This resistance value 
is primarily the “radiation resistance,’ which accounts for power that is 
radiated from the antenna. The ‘“‘ohmic resistance”’ contributed by the resis- 
tance of the antenna conductors is usually negligible in comparison with the 
radiation resistance.’ A receiving antenna exhibits noise at its terminals from 
two sources: (1) the thermal noise generated in its ohmic resistance (usually 
negligible), and (2) the noise received from external sources. (Any body with 
temperature greater than 0K radiates noise energy.) The received noise is 


‘An exception occurs in low-frequency antennas in which the dimensions are a small fraction 
of a wavelength. Here the ohmic resistance may predominate. 
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represented as though it were thermal noise generated in a fictitious resistance 
equal to the radiation resistance, at a temperature TJ, that would account for 
the noise actually measured. This is called the noise temperature of the 
antenna. 


Example 2-2.1. Suppose that a 200-ohm antenna exhibits an rms noise 
voltage of 0.1 uV at its terminals, when measured in a bandwidth B = 10* Hz. 
By the use of (2-1), 

V*=4kT,RB 
or 


vy? 10-4 
Ts = SERB ~ 138x102 200x107 06K 


Thus the noise at the antenna terminals is equivalent to that from a 200-ohm 
resistor at a temperature of 90.6 K. It will be shown later that other parts of a 
receiving system can also be characterized by equivalent noise temperatures 
in order to simplify the computation of signal-to-noise ratio at the output of a 
receiver. 


2-3 Noise in Diodes, Transistors, and FETs 


Because resistors and antennas are two-terminal devices, it is easy to describe 
their noise characteristics in terms of a noise temperature or an equivalent 
noise resistance. The situation is more complicated for transistors and other 
multiterminal circuit elements because their internally generated noise 
depends upon temperature, operating point, and input and output ter- 
minations. For noise calculations in transistor circuits, the transistors are 
conveniently represented as black boxes with specified noise figures and the 
physical causes of the transistor noise are represented by equivalent noise 
sources. 


Diode Noise 


The noise generated in thermionic and junction diodes is called shot noise. It 
arises because the diode current is made up of charge carriers that are emitted 
randomly from the cathode or emitter region; the number of these carriers 
fluctuates statistically from instant to instant. Shot noise has essentially a flat 
spectral distribution and is treated in the same manner as thermal noise. 

The shot noise generated by a diode may be represented as coming from a 
current source with a mean-square noise current equal to 


I? = 2qIpcB (2-11) 
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where q is the electron charge, 1.6 x 10°’? coulombs, Ipc is the diode direct 
current in amperes, and B is the bandwidth in hertz over which the noise is 
measured. This model is invalid for diodes operated in the reverse breakdown 
or avalanche region; here a large-amplitude impulse noise called microplasma 
noise is generated. Microplasma noise is important in the construction of 
diode noise generators. 


Junction Transistor Noise 


Two sources of noise in junction transistors are shot noise in each diode 
junction and thermal noise in the base spreading resistance (variously called 
r,;, Tb, OF Th,). AS the emitter current divides between the collector and the 
base, the route taken by each charge carrier is randomly selected and a 
statistical fluctuation in the collector and base currents results. This is called 
partition noise. Another noise, called 1/f noise, flicker noise, or excess noise, 
is observed at low frequencies and is the principal source of noise in dc 
amplifiers [5]. Flicker noise is caused primarily by surface recombination of 
minority carriers in the emitter-base depletion region [6]. 

A noise model derived by Van der Ziel for a transistor in the common- 
base configuration is shown in Fig. 2-4. The noise sources are defined as 
follows [7]:. 


i241, (2-12) 
in which [¢ is the direct emitter current. 


Vin = 4kTr,B (2-13) 


Fig. 2-4 Van der Ziel’s noise model for the common-base transistor. 


Her Ao le 
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in which r, is the base-spreading resistance. 
Ten’ = 2QBUIco + Ic(1 — ao)] (2-14) 


in which Ico is the collector reverse saturation current, Ic the direct collector 
current, and ay the low-frequency, common-base, short-circuit current gain. 
This circuit is valid to frequencies on the order of f = f,(1— a)". It does not 
account for 1/f noise. 

Figure 2-5 shows a model derived from Fig. 2-4 by converting current 
sources to voltage sources and making the following simplifying assumptions: 
ry < Aor, Ry + Te < aor,, and Ico < Ic(1— ao). A source resistance R, has been 
added, with its corresponding thermal noise source. The voltage sources in 
the circuit of Fig. 2-5 are given by (2-13) and by 


Ven = 4kTR,B (2-15) 

Ven? = 2kTr.B, r= a (2-16) 
27g aes 

Vis 2kTaore (1 — ao) B (2-17) 


Te 


For transistors in the common-emitter configuration, a hybrid-pi noise 
model [8] shown in Fig. 2-6 may be more useful. In this model, V;,,” is given 
by (2-13), and 


jp, =a 2q|Ic|B (2-18) 
and 
fe =2q/T HB (2-19) 


where I, = —Ip+2I', and I’ is the total base current that flows when both 
emitter and collector junctions are reversed-biased (may be significant in 
germanium transistors at low bias currents). In the frequency range in which 


Fig. 2-5 A model derived from Fig. 2-4. 
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Fig. 2-6 A hybrid-pi noise model for common-emitter operation. 


the hybrid-pi model of Fig. 2-6 is valid (i.e., up to about f,/2), the effect of 
transistor noise can be minimized by the proper choice of R,. This is shown in 
Appendix 2-1. 


FET Noise 
Both JFETs and MOSFETs exhibit noise from several sources as follows [9]: 


1. Thermal noise generated in the channel resistance. 

2. Channel thermal noise coupled to the gate through the gate-channel 
capacitance. 

3. 1/f noise that is significant below about 100 Hz in JFETs or 10 kHz in 
MOSFETs. 


In addition, JFETs exhibit shot noise due to the small reverse current in the 
gate junction. 

As an alternative to a noise equivalent circuit that incorporates the 
separate sources listed above, the noise in an FET is more often characterized 
by the “two-generator method”’ [5] illustrated in Fig. 2-7. The noisy FET is 
represented in Fig. 2-7a as an amplifier with voltage gain A,, input resistance 
R;, and rms output noise voltage v,,. In Fig. 2-7b the FET is replaced by a 
noise-free amplifier, and the output noise due to the FET is accounted for by 
the combination of a voltage source v, and a current source i, on the input 
side, with a correlation coefficient y to represent the mutual dependence 
between these two sources. The assumption is usually made that v, and i, are 
white-noise sources and that y =0. Since the total v,,” is proportional to 
bandwidth B, it is convenient to normalize the values of v, and i, to a 1-Hz 
basis; that is, v, is given in volts/(hertz)'” and i, is given in amperes/(hertz)!”. 

With the assumptions that R, < R,, and that y = 0, the mean-square output 
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Fig. 2-7 (a) Noisy amplifier with input resistance R, and voltage gain A,; and 
(b) two-generator noise equivalent circuit. 


Noiseless 


(b) 


noise voltage due to the two sources is 
Ven == Ay (0, hi LaRe) (2-20) 


Since v, and i, are frequency-dependent, the total output noise in bandwidth 
B, including the thermal noise contributed by R,, is then 


Vee i A.(fY14kTR, + vn(f)’ + in(fYRs] df (2-21) 
B 


The variation of v, and i, with frequency for a typical FET is shown in 
Fig. 2-8. As is evident from this figure, the effect of the v, generator pre- 
dominates at low frequencies, whereas the i, generator predominates at radio 
frequencies. The v, source represents primarily the 1/f noise and thermal 
noise in the channel. The i, source represents noise due to the gate-channel 
conductance and the effects of noise transmission through interelectrode 
capacitances. 

The circuit models developed to represent the noise behavior of junction 
transistors and FETs involve a number of parameters that are rarely available 
from manufacturers’ data sheets. Instead, the devices are represented by the 
noise figure method employed for amplifier and mixer circuits. This will be — 
described in Section 2-5, but first some definitions are necessary. 
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Fig. 2-8 Typical variation of v, and i, with frequency for an FET. (Courtesy of 
Siliconix, Inc.) 
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2-4 Definitions of Noise Terms 


Various terms are used to define and compare the relative amounts of 
noise produced in electrical systems. The following definitions and discussion 
will provide the basis for understanding the nomenclature on manufacturers’ 
specification sheets and for computing the overall effect of noise in a system. 


Signal-to-Noise Ratio (SNR) 


In a specified bandwidth, the signal-to-noise ratio is defined as the ratio of 
signal power to noise power at a port. 


ene ae ; 
SNR=55=75 (2-22) 


where V, and V, are the rms signal and noise voltages, respectively. In 
decibels, 


SNR(dB) = 10 logio = (2-23) 
N 


The larger the SNR, the less the signal is “‘corrupted’’ by the noise. The 
lowest permissible value of SNR depends upon the application. Some ap- 
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proximate minimum values are as follows: 10 dB at the detector input of an 
AM receiver, 12 dB at the detector input of an FM receiver, and 40 dB at the 
detector input of a television receiver. Note that as a signal passes through a 
cascade of amplifier stages, the SNR continually decreases because each 
stage adds additional noise. In most systems, however, the amplified output 
noise is due primarily to (1) the noise present along with the input signal, and 
(2) the noise contributed by the first two stages (such as the RF amplifier and 
mixer stages in a receiver). 


Noise Equivalent Bandwidth 


The most common sources of noise (thermal and shot noise) have an essen- 
tially uniform spectral distribution so that the noise transmitted through an 
amplifier is determined by the bandwidth of the amplifier. If the amplifier had 
a constant gain A, up to some frequency f, and zero gain thereafter as shown 
in Fig. 2-9, the noise bandwidth B (which appeared in a number of the 
preceding equations) would clearly be equal to f,. Generally, however, the 
frequency response is limited by the shunt capacitance or by a tuned circuit 
so that an abrupt cutoff of the frequency response is not achieved. Thus a 
more sophisticated determination of noise bandwidth is required. Consider a 
filter, as shown in Fig. 2-10, that has voltage gain A,(f) = V2/V;. Since the 
noise power is related to the mean-square voltage, it is convenient to plot the 
frequency response in terms of |A,(f)|?, as shown by the solid line in Fig. 2-11, 
where |A,,|? is the maximum value of this curve. If the input to this filter is 
white noise with mean-square voltage v,,//Hz, the corresponding mean-square 


Fig. 2-9 Constant gain characteristic, with cutoff at f.. 


IA yl 


fe 


Fig. 2-10 Filter with voltage gain A,(f), power gain proportional to A,(f)’. 
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Fig. 2-11 Illustration of noise-equivalent bandwidth B, defined by equal areas 
under the dashed and solid curves. 


|A , (f)|? 


output voltage in a 1-hertz interval at frequency f is 
Von Hz = IA.) P om (2-24) 


Addition of all such increments over the frequency band yields 


[ek af = v2 [Ar af (2-25) 


The value of the integral on the right side of (2-25) is the area under the 
solid-line curve of |A,(f)/’ in Fig. 2-11. The dashed line shows a rectangular 
spectrum of the same maximum height |A,,|/° and with bandwidth B. The 
noise-equivalent bandwidth B is the value that gives equal areas under the 
solid- and dashed-line curves such that 


AB = [AP df 


Or 


[Apr af 
= -t ___,___ nl (2-26) 


This is the value of B that should be used in equations earlier in this chapter, 
and obviously it must be evaluated for the particular system being analyzed. 
The integral in (2-26) is not always easy to evaluate. However, in many RF 
amplifiers, the bandwidth is established by tuned RLC circuits for which the 
noise bandwidth is” 


~ 


_ afr _% 
B 20’ where Q R 


eaten Trae 
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The noise bandwidth given in (2-27) is 7/2 times the 3-dB bandwidth of the 
circuit. 


Available Noise Power 


The available power P, of a source is the maximum power that can be drawn 
from the source. If the source has internal impedance Z,=R+jX, the 
maximum power will be delivered to a conjugate-matched load (Z, = R — jX). 
If the open-circuit voltage of the source is V, the maximum power transfer 
theorem yields 


V2 
P,= aR (2-28) 
If R is a source of thermal noise, V’ is given by (2-1), and 
P,=kTB (2-29) 


The available noise power in a bandwidth of 1 Hz is 
| Paanz = kT (2-30) 


Since P, is independent of R, the available noise power from all nonzero finite 
resistances is the same. 


Available Power Gain of a Two-Port Network 


Figure 2-12 shows a general two-port network that could serve as a model for 
an amplifier stage, filter, or other network. The source has open-circuit 
voltage V, and internal impedance Z,. The two-port has input impedance Z,, 
output impedance Z,, and open-circuit output voltage V,. The load is an 
impedance Z,. The open-circuit voltage gain of the two-port will be called 


H(f) = Z (2-31) 


Fig. 2-12 Model of a general two-port network. 
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The available signal power from the source, as defined previously, is 


. 2d MG 
P= aR, (2-32) 
Similarly, the available signal power at the output port is 
vie 
Pa x 4R, (2-33) 


(Note that R, and R, are the real parts of corresponding impedances.) The 
available power gain G, of the network is defined as the ratio P,o/ Ps, that is, 
V,l?Rs 


Ss 


Ga 


This expression is not very useful because it does not account for impedance 
mismatches at the input and output ports. However, examination of the 
network yields the following relations: 


= Z V; % 
Vi= Zi+Z. (2-35) 
and 
V5 Se VEZi 
V, Vi(Zi+Z,) (2739) 


Substitution of (2-31), (2-35), and (2-36) into (2-34) gives the following relation 
for available power gain at frequency f. 


HZ) R 


Z:+Z,| Ro eas 


G, = RB 


The two-port model of Fig. 2-12, and the subsequent development, applies 
only if the network is unilateral (no reverse transmission). For this case it is 
worth emphasizing that G, given by (2-37) is independent of the value of Z,. 
Note that this is not the actual gain of the network—the value of G, would be 
obtained in practice only with ideal matched conditions (Z; = Z* and Z, = Z%) 
at both ports.’ 

As a final note, the available gain of several cascaded unilateral networks 
is equal to the product of the G, values of the individual networks. 


Noise Temperature 


The noise temperature at any port of a network is defined as follows: A noise 
source that has an available power P, in a small frequency interval Af has an 


°The symbol Z* denotes ‘‘the conjugate of” Z,. 
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equivalent noise temperature equal to T, = P,/kAf. [See (2-29).] If the noise 
power spectrum of the source is not flat, P, and T, are frequency-dependent. 


Excess Noise Temperature, 7, Noise generators used for amplifier tes- 
ting are often calibrated in terms of excess noise temperature, 


T, =T—Tp (2-38) 


in which T is the noise temperature of the source and T)= 290K is the 
standard reference temperature. 


Effective Input Noise Temperature of a Network. If a thermal noise 
source of temperature T is connected to a noiseless network with small 
bandwidth Af and available gain G,(f), the available noise power from the 
source is 

Pas = kT Af watts (2-39) 


and the available noise power at the output of the network is 
Pro = G,(f)kT Af (2-40) 


If the network is noisy, it will produce additional noise power, P,,., at the 
output. With the same input noise as before, the output noise power will be 


Pro = Ga(f)KT Af + Pre (2-41) 
as shown in Fig. 2-13a. Now replace the noisy network with a noiseless 
Fig. 2-13 (a) Model of a noisy network with output noise power P,,. due to internal 


noise sources; and (b) equivalent noiseless network with P,. ac- 
counted for by a source kT. Af at the input. 


Noisy network with 


Available, available power gain 
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network having the same available power gain G,(f), and account for the 
output noise P,, by means of an extra noise source on the input side as shown 
in Fig. 2-13b. The temperature T, of this extra source is adjusted to produce 
P,. at the output, 


ae dene 
"* GaDRAT es 
and 
Pno = Galf)k(T + T.)Af (2-43) 


The value T, is called the effective input noise temperature of the network. 
As will be shown, this way of representing network noise is very useful in the 
determination of overall signal-to-noise ratios, and so forth, of cascaded 
amplifiers. 


2-5 The Noise Figure 


At this point the reader may well be confused by the variety of ways in which 
the relative noisiness of a device or system can be expressed. Fortunately, a 
single index called the noise figure can be used to compare noise per- 
formance. The reader should, however, watch out for several variations of the 
term with subtle differences that can be confusing. 


Noise Figure (Noise Factor) 


The noise figure (NF) of a two-port network gives a measure of the degrada- 
tion of the SNR between the input and output ports. Figure 2-14 shows a 
noisy network with input signal and noise powers P,; and P,,, respectively, 
and corresponding output signal and noise powers P,, and P,,. The noise 
figure is defined over a specified bandwidth as 


= input SNR ue Pil Pri = Pe. 
output SNR = P,o/ Pao = GaPni 


Pre 


Be ER 


(2-44) 


Fig. 2-14 Signal and noise powers at the input and output of a two-port 
network. 


Noisy network 


with G,(f) 
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The value of NF is often expressed in decibels through the relation 
N Fag = 10 logio NF (2-45) 


For a noise-free network, the input and output SNRs will be equal and NF= 1 
or NFgg = 0. Practical circuits always have larger noise figures than this. 

Equation (2-44) provides a conceptual definition of the noise figure, but it 
requires further qualification to make it more precise. The ratio P,/P,, is 
equal to 1/G,(f), where G,(f) is the frequency-dependent available power gain 
of the network. The variation of G,(f) with frequency must be taken into 
account. Furthermore, the input power from the signal source is a function of 
temperature. In order to obtain a standard value for NF, the source tem- 
perature must be assumed to be 290 K. These considerations have led to the 
following definitions. 


Spot Noise Figure 


At a selected input frequency, the spot noise figure is the ratio of (1) the total 
available noise power per unit bandwidth at the output port to (2) the portion 
thereof produced at the input frequency by the input termination, whose noise 
temperature is 290 K. If the network provides a conjugate match at the input 
port, the available power from the standard-temperature source in a 1-Hz 
bandwidth is equal to kT) from (2-30). Hence, the spot noise figure is given by 


ch Pro 
fi Galf)kT» 


In practice, the value of P,, is measured over a small bandwidth Af that is 
more than 1 Hz due to the practical limitation on filter bandwidth. The 
equation for NF then becomes 


NF (2-46) 


Ihex 


Me EG ETAL 


(2-47) 
Average Noise Figure 


Over wide bandwidths in which G,(f) varies appreciably, the average noise 
figure NF is given by 


Oo wi P. | 


F = = ne es (2-48) 
kTo | Gulf) af KPC maxB 


in which P,, is the total noise power delivered to the output termination in 
noise bandwidth B, and Gyax is the maximum value of |G,(f)|. 
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Overall NF of Cascaded Networks 


Of primary interest in the evaluation of noise performance of multistage 
amplifiers (such as radio receivers) is the overall noise figure of the system. In 
general, the overall noise figure is evaluated for a bandwidth B that is the 
bandwidth of the overall system, rather than that of individual stages. (In a 
radio receiver, for example, the RF amplifier stage has a broad passband, but 
the IF stages are narrow-band and they determine the amount of noise that 
reaches the detector.) For convenience, the symbol NF will be used here 
(rather than NF) to denote a value determined from (2-48). 

From (2-43), if the source temperature is assumed to be To (required for 
the standard definition of NF), the output noise power of a single stage in a 
small frequency band is 


Pro = Ga(f)k(To+ T.) Af (2-49) 
and from (2-47), 
Pao = NF G,(f)kTo Af (2-50) 
Solution of the two preceding equations for NF gives 
NF= T+ Te (2-51) 
T 
or 
T. = T)o(NF — 1) (2-52) 


Thus the noise figure referred to a standard-temperature source can be 
expressed in terms of the equivalent noise temperature of the network, and 
vice versa. 

Figure 2-15 shows two cascaded networks with their respective available 
gains, effective noise temperatures, and noise figures. A noise source at 
standard temperature is input to the system. Small bandwidth Af is assumed 
for all parts of the system. The available output noise power is found by the 
use of (2-49) and some regrouping of terms. 


Ps = GaiGarkTo Af te Ga1Ga2kT., Af ne Ga2kT.2 Af (2-53) 
Y Ve ee. —————— 
due to due to noise due to noise 
source Ty in first net in second net 


Fig. 2-15 Two networks in cascade. 
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A comparison of this relationship with (2-42) and (2-43) leads to an expression 
for the effective input temperature of the two networks in cascade. 


— KGa2x(GaiTe1 + Ter) Af _ Te 
aa a GaiGark Af sf Tes a 


Here T,,. is the effective input temperature that accounts for all of the output 
noise introduced by the noisy networks. (Note that the input source tem- 
perature does not appear in the expression.) For n networks in cascade, the 
corresponding expression is 


(2-54) 


Teo Ve 

Ton = Ta +s +:-+ + +> + DAIS) 

zi Ga GiGi 2. Gana ( ) 

Introduction of the network noise figures by the use of (2-52) in (2-55) leads to 
the following expression for the overall noise figure. 


NEscal oat anaee NEcecl 


NF,, = NF; + —-— GEGkeees.. 
1; 1 Gai GAGs Gain-1) 


(2-56) 
It is apparent from this relation that the NF of the first stage in a system has 
the predominant effect on the overall NF, unless G,; is small or NF; is large. 
Therefore, the system designer should always try to minimize the noise 
produced in the first stage or two by the choice of low-noise transistors and 
the selection of operating conditions that minimize noise. 


Example 2-5.1. The calculation of effective temperatures and noise figures 
for the receiver front end shown in Fig. 2-16 will serve to illustrate the 
foregoing discussion. The antenna has a (radiation) resistance of 70 ohms and 
an effective temperature of 20K due primarily to external radiation. Noise 
figures and gains for the RF amplifier and mixer are given in decibels, and 
must be converted to actual values for use in the computation. The noise 


Fig. 2-16 Block diagram of a receiver front end. See Example 2-5.1. 


FET mixer 
Gain = 9 dB 
Noise figure = 6.5 dB 


RF amplifier 
Gain = 10 dB 
Noise figure = 3 dB 


Antenna 
T, =20K 
R, = 70 ohms 


a 


Local 
oscillator 
(noiseless) 
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contributed by the receiver local oscillator is assumed to be negligible (which 
is not always the case). 

For the RF amplifier, NF; =2, and G,,= 10. For the mixer, NF, = 4.47 
and G,>= 7.94. By the use of (2-52) the effective noise temperatures of the 
two units are found to be T., = 290 K and T,,= 1006 K. Then from (2-54) the 
effective input temperature of the receiver (excluding the antenna) is found as 
T, = Tey + Te2/ Ga, = 290 + 1006/10 = 391 K. 

The overall noise figure can be calculated from either (2-51) or (2-56). 
From (2-51), NF= T/T)+ 1 = 391/290+ 1=2.35. Or, from (2-56), NF= 
NF, + (NF; — 1)/Gg; = 2 + 3.47/10 = 2.35 or 3.7 dB. 


Actual Noise Figure 


By definition, the standard noise figure is the ratio of the input SNR to the 
output SNR with the input source at the standard 290 K noise temperature. In 
this example and in many other practical cases, however, the input noise 
temperature is not 290K and the standard noise temperature does not 
describe accurately the SNR degradation from input to output of a system. A 
true measure of the SNR degradation is the actual noise figure defined by (2-57). 
(For further discussion of this point, see Mumford and Scheibe [10].) 


PsP Pro ed i 


NFye: = As 
PSPs G3Pa Te 


(2-57) 


in which T,# To. This value is related to the “‘standard”’ noise figure evaluated 
for T, = Ty by the relation 


NEST S(NE= n(7) (2-58) 


In the preceding example, the value of NF was found to be 2.35 or 3.7 dB. 
However, since the antenna temperature was 20K, the use of (2-58) to 
calculate the actual noise figure yields NF, = 1 + (2.34 — 1)(290/20) = 20.43 or 
13.1 dB. 


2-6 Amplifier Noise Considerations 


For calculations of NF or T, of a system comprising one or more stages, 
knowledge is required of (1) the noise delivered from the signal source, (2) the 
noise-equivalent bandwidth B, (3) the thermal noise generated in various 
resistances in the circuit, and (4) the noise generated within the solid-state 
devices. Noise produced within diodes and transistors can be predicted by the 
use of equivalent circuits such as in Figs. 2-4, 2-5, and 2-6. However, because 
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Amplifier Noise Considerations 


the noise produced within a transistor is a function of the Q point, frequency, 
and transistor parameters, there are so many variables to be taken into 
account that such predictions are best made by the use of computer analysis 
programs. 

Semiconductor manufacturers generally give data-sheet information on the 
measured spot noise figure or average noise figure for a variety of operating 
conditions. For example, Fig. 2-17 shows some data relating to the noise 
performance of the 2N4957 transistor. The data sheet for the transistor also 
gives NF =2.6dB (typical) and 3.0dB (max) at I/=2mA, Vcg=10V, f= 
450 MHz, as measured with the circuit of Fig. 1 in Appendix 4-4. The spot 
noise figure varies with the frequency, collector current, and source resistance 
as shown in Fig. 2-17; these variations must be considered in amplifier design 
when low-noise performance is important. 

Since the noise figure variation with frequency is almost flat over the 
useful operating range of the transistor, primary attention may be given to the 
selection of a source resistance that minimizes the noise figure for a given 
collector current. The amplifier can be designed with suitable matching 
networks so that the transistor “‘sees’’ this source resistance at the operating 
frequency. Unfortunately, the value of the source resistance that yields 
maximum gain is not the same as the value for the minimum noise figure. 
Thus an amplifier designed for the minimum noise figure will have less than 
the maximum gain possible with the transistors chosen. Usually, the gain is 
reduced from its maximum value by only a few dB when minimum noise 
figure conditions are met, and this can be compensated for in following 
high-gain stages. 

In the chapters that follow it will be seen that noise considerations play an 
important part in the design of RF amplifier and mixer stages in receivers. 
Even in oscillators, noise must be considered if high spectral purity is 
required. 
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PROBLEMS 


2-1.1. Two resistances R; and R, at temperature T are connected in series. 
(a) Show that the mean-square open-circuit noise voltage that appears at the 

terminals is given by V,” = 4kT(R,+ R2)B. 

(b) Let R; = 50k, R,=20k0, T = 400K, and assume that noise voltages 
can be measured with a true-rms voltmeter that has an effective noise 
bandwidth of 5 MHz and infinite input impedance. Calculate the rms noise 
voltage measured (1) across Rj, (2) across R,, and (3) across R, and R; in 
series. 

(c) Repeat part (b) if the voltmeter has an input resistance (noiseless) of 
100 kO throughout the frequency band. 

2-1.2. Given two conductances G,; and G>, both at temperature T and 
connected in parallel, show that the equivalent mean-square current source is 
given by I,” = 4kT(G,+ G,)B. 

2-1.3. Show that Fig.2-1b is the Norton equivalent circuit for that of 
Fig. 2-la. 

2-1.4. (a) Redraw Fig. 2-2a with the source V, omitted but including a 
voltage source to represent the thermal noise produced in R; and current sources 
to represent thermal noise in R, and R3. 

(b) By the use of Thévenin’s and Norton’s theorems, derive the noise- 
equivalent Thévenin circuit to the left of R;. Show that the Thévenin 
resistance is Rr = R,+ R|||R3, and that the mean-square open-circuit noise 
voltage is V7, = 4kTBRr. 

2-1.5. In the circuit of Fig. 2-2a, let R; = R3=2k0, R»=R,=1kO, T= 
293 K, and B = 10‘ Hz. Assume that all resistors are noiseless except R3. Calcu- 
late the rms noise voltage across R; due to the thermal noise generated in R3. 

2-1.6. In Fig. P2-1.6 resistors R; and R, are at temperatures T; and 7), 
respectively. 

(a) Redraw the circuit, representing the thermal noise in each resistor by a 
current source. 

(b) Derive a general expression for the mean-square noise voltage V,.. 
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(c) For R; = 10 kQ, R,=20kQ, and T,; = T, = 20°C, find the rms noise voltage 
V, in bandwidth B = 10° Hz. 

(d) Repeat part (c) for T,; = 20°C and T, = 313°C. 

2-1.7. Verify that the change in variable from f to w in (2-6) yields (2-8). 
Then introduce the substitution given by (2-9) and change the variable of 
integration to x = w/w. Show that the value of the definite integral that results 
yields (2-10). 

2-3.1. Compute the rms noise current in microamperes that is produced in 
a diode with I,, = 10 mA. Assume that bandwidth B = 10’ Hz. 

2-3.2. A transistor amplifier in the common-emitter configuration is 
operated with the parameters: Ic = 100 pA, hy, = 440, gn=4m0, r= 
500 ohms, r, = 110 kO, R, = 10k, and R,; = 50k. Use the equivalent circuit 
of Fig. 2-6. For the calculation of J,,’, the value of I; is estimated to be 
0.2 wA. Assume initially that R; is noiseless. Let T = 290 K, and bandwidth 
B= 02H 7. 

(a) Find the values of Von’, Von, Tin’, and Ion’. 

(b) Find the total mean-square noise voltage (V’) between B’ and E. 

(c) Find the total mean-square noise current at the collector point. 

(d) Find V,,,” due to all sources. 

(e) Find the mean-square thermal noise voltage produced in R, at T = 290K. 
Compare with the result in (d) to see whether it is significant. 

(f) Find the value of V,,” due to Ven alone (all transistor noise absent). 

(g) Find the ratio of (d) to (f). This is the noise figure of the circuit. 

2-4.1. Ata specified Q point an RF amplifier has a noise figure of 3 dB when 
driven from a source with R,=50ohms. Assume that noise bandwidth 
B=3x 10° Hz. 

(a) Determine the effective input temperature T, of the amplifier. 

(b) Assume that the input impedance of the amplifier is resistive, R, = 
50 ohms, and the signal source delivers 1 «1 V rms to the amplifier input 
port. The source is at standard temperature. Find the input SNR and 
output SNR. 

2-5.1. The amplifier of Problem 2-4.1 is followed by a mixer stage that has 
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NFgg = 4. The amplifier available power gain is 5.5 dB. Find the overall NF and 
NFag of the two stages. 

2-5.2. Repeat Problem 2-5.1 but change the amplifier power gain to 10 dB. 
Compare the results. 

2-5.3. Repeat Problems 2-5.1 and 2-5.2 using 8 dB for the mixer noise figure. 

2-5.4. The receiver front end in Fig. P2-5.4 must have an overall noise figure 
of 3.5 dB. The mixer noise figure is 8 dB. The FET available for the RF amplifier 
has NF,,x = 2.5 dB. What is the minimum permissible gain in dB for the RF 
stage? 


Fig. P2-5.4 


2-5.5. A 300-ohm antenna is connected to a TV receiver with 300 ohms 
(noise-free) input impedance. The effective temperature of the antenna is 
1000 K. The noise figure of the receiver front end through the IF stages is 4 dB 
(based on a standard-temperature source). The effective noise bandwidth is 
5 MHz. 

(a) What is the value of rms noise voltage at the input to the receiver? 

(b) What is the value of rms signal voltage required at the input port in order 
to have an input SNR of 30dB? 

(c) With the input SNR of 30 dB, what is the actual SNR at the output of the 

IF amplifier? 


Fig. P2-5.6 
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2-5.6. The video amplifier shown in Figure P2-5.6 has an effective noise 
bandwidth of 8 MHz. The input (noise-free) resistance to the amplifier is 
R; = 40 ohms at all frequencies. The signal voltage is 15 ~V (rms). Also, R, 
and R, are the thermal noise sources at temperature 290 K; R, = 70 ohms, and 
R, = 2000 ohms. The amplifier voltage gain is A, = V,/V; = 50. 

(a) Find the SNR; at the input to the amplifier. 
(b) Find the SNR, at the output of the amplifier if the amplifier is noise-free. 
(c) Find the SNR, at the output if the amplifier has NF = 2 (3 dB). 


Appendix 2-1 Choice of R. 
to Minimize 
the Noise Figure 


In the frequency range in which the hybrid-pi model is valid, the noise- 
equivalent circuit of Fig. 2-6 can be used to derive the value of R, that yields 
the minimum noise figure for the transistor operating at a specified Q point. 
By analogy with (2-46), the ‘‘actual”’ noise figure of the circuit of Fig. 2-5 can 
be expressed as 


*, total V,,,” 
ae portion of V,,” due to Ven ()) 


The contribution to V,,” due to each noise source in Fig. 2-5 can be 
computed as follows: 
1. Due to V,,’, 


2 
Vy 
Vin Ver Lear BR oe 
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D>. Due to Vz,.; 


Vr 


2 
Vane SAV ent Fesesa ripe ke (3) 


a. Due tol,,, 


Viq3= Ie | @eRe (4) 


4. Due to I,,’, 
Vie = LeRe (5) 
The actual NF is then 


We Vee a Vint Via3t Vers 
re So et Tee Ge ate 


aH Vat 


(6) 


After making the substitutions Ven = 4kKTBR,, r% + T, = hie, aNd Qmlx = hye, the 
following relation is obtained: 


Nip eee Tin R,+2r ren Wels gh R 4 hie 5 2h, (7) 
R, 4kTB * eRe AR LD cure De = 
Setting [@(NF)]/[a(R,)] = 0 yields the relation for optimum R,. 
: ahs h; 27 2 hy 2 1/2 
Reont | (4xrBr, se ae leine cr )| (8) 
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3 Resonant Circuits 
and Impedance 
Transformation 


The impedance or admittance of an RLC circuit is a complicated function of 
frequency, and normally has both a resistive (real) and a reactive (imaginary) 
component. For some circuits the reactive part vanishes at one or more 
frequencies; this condition (pure real impedance and admittance) is called 
resonance and the frequency (or frequencies) at which it occurs is called the 
resonance frequency. A circuit with one or more resonance frequencies is said 
to be a resonant circuit, and such circuits are used extensively in com- 
munications systems to separate wanted signals from unwanted signals. In 
addition, resonant circuits have important impedance transforming properties 
and may, for example, be designed so that, at resonance, an external high- 
impedance source ‘sees’? a matched impedance and transfers maximum 
power to a low-resistance load within the resonant circuit. 

In real circuits, true resonance occurs only at discrete and isolated 
frequencies; above and below a resonance frequency the circuit impedance 
exhibits reactance as well as resistance. The frequency range over which the 
circuit is approximately resonant is the useful bandwidth of the circuit, but in 
this context a precise définition of bandwidth depends upon the definition of 
“approximately resonant” or on how large a reactive impedance component 
can be tolerated. Since the impedance of most resonant circuits passes 
through a sharp minimum or maximum at resonance, the bandwidth or 
frequency selectivity of such circuits is often defined in terms of the width of 
this peak or notch. This bandwidth: is often related to a quantity called the Q 
(for “quality factor’’) of the circuit, defined later. 
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This bandwidth or Q, the resonance frequency, the resonant impedance, 
and the impedance transforming properties of a circuit are important in the 
design of RF amplifiers and oscillators. The material that follows describes 
many of the resonant circuits in common use and summarizes their proper- 
ties. Appropriate design formulas are tabulated at the end of the chapter. The 
design of the particular matching networks employed in transmitter power 
amplifiers will be given in Chapter 13. 


3-1 Series Resonance 


Figure 3-1 shows a series RLC circuit driven by a voltage source. The 
resistance R combines the load resistor and any series resistance present in 
the inductor and the source. The input impedance of the circuit is 


Z(jo)= += R+j(wL-—a)=R+iX =|ZIle G-1) 
I wC 
Figure 3-2 shows how this impedance behaves as frequency f is varied. The 
impedance plane locus is a straight line parallel to the imaginary axis and 
passing through the point Z = R + j0 at resonance. At this point |Z| takes on its 
minimum value. Equation (3-1) shows that resonance occurs if wl — 1/wC = 0, 
that is, at a resonance frequency 
1 

De = 27h 5 cua rad/s (3-2) 
If the frequency of the source in Fig. 3-1 is varied while the voltage V is held 
constant, the current reaches a maximum value [,,,, = V/R at resonance. 

The admittance behavior of this circuit is also of interest, and it may be 
obtained by inverting (3-1) to obtain the admittance-plane locus shown in Fig. 
3-3. Frequency response plots of |Z|, 6, and X may also be constructed; these 
appear in Fig. 3-4. In addition to the resonance frequency f,, two other 


Fig. 3-1 Series RLC circuit. 
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Fig. 3-2 The Z plane locus of the impedance of the series RLC circuit. 


Increasing f 


frequencies shown as f, and f, in Figs. 3-2, 3-3, and 3-4 are important because 
they define the bandwidth of the circuit. As can be seen in Fig. 3-4, at f, and f, 
the magnitude of the reactance is equal to the resistance (|X|=R); the 
impedance has the value |Z| = V2 R, and the phase angle 6 = +45°. Con- 
sequently, the current I = Inax//2 and the power dissipated in the resistor is 
one-half the power at the resonance frequency. By convention, the half- 
power frequencies f, and f, define the half-power bandwidth B of the circuit. 


Bip s Hz (3-3) 


As stated earlier, a parameter that is commonly used to denote the relative 
selectivity of a circuit is the quality factor Q, which was originally defined as 


Fig. 3-3 The Y plane locus of the admittance of the series ALC circuit. 


jB 
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Fig. 3-4 Frequency response, series ALC circuit. 


“370 
noOonO oO OE 


the ratio of reactance to resistance of a coil. The general definition of the Q of 
any circuit at resonance is 


_ 27x maximum instantaneous energy stored in the circuit (3-4) 
energy dissipated per cycle 


Q 


Evaluation of the numerator of (3-4) can be difficult for a circuit that 
contains several inductors or capacitors. For a series RLC circuit, however, it 
is easy to show (see Problem.3-1.1) that the Q of the circuit is given by 


ae (3-5) 


Q= 


By substitution of (3-2) and (3-5) into (3-1), the equation for impedance can be 
put into the form 


ZiigvaR [1 +40 (2- 2s)! (3-6) 
and it can be shown that 
Lewis Lat Z 
arm patie B CH 
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As a final note, it should be pointed out that at resonance the voltage Vc 
across the capacitor is Q times the applied voltage V (see Problem 3-1.2). 


3-2 Parallel Resonance 


Figure 3-5 shows a circuit in which L, C, and R,=1/G, are connected in 
parallel.' Parallel resonance occurs when the input voltage and current are in 
phase. The Q, of the parallel circuit is given by 


= Rw,C (3-8) 


and the input admittance is 


ae : Le Ff MOTD Y 
Yu) =G.+ j(wC-Z7)=G,[1+10 (2-%)| ee 
Equation (3-9) has the same form as (3-1) and (3-6) for the series circuit, 
except that impedance parameters are replaced by admittance parameters. 
Hence, with a similar interchange of variables Figs. 3-2 through 3-4 apply to 
the parallel RLC circuit. Useful equations in addition to those above are 


27fo = Wo = os rad/s (3-10) 
¥ (jw.) = G, Z(jw) = Ri (3-11) 


Fig. 3-5 Parailel LCR, circuit. 


'The t subscript has been added to conform with later usage. It stands for the terminal 
resistance at resonance. In much of the radio literature, R, is called the “tank resistance”’ 
and the resonant circuit is called a “‘tank circuit’? because it stores energy just as a tank 
stores water. The subscript t will be used with the circuit Q also. However, the Q, for each 
circuit will be defined to conform with common usage and will not necessarily agree with 
the Q value obtained through (3-4). 
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Fig. 3-6 Plots of Z(jw) versus f for the circuit of Fig. 3-5 with several values of 


Q,. 
1000 
R,= 10002 
800 
a OLS 
Wo Rt 
R; 
IS == 
WoO; 
600 
NE 
(@) 
400 
200 
0 (LE? ee eee 
0.5 0.6 0.7 0.8 0.9 1.0 lel ne? ies 1.4 1.5 
f in MHz 
and 
B= fo = Hz (3-12) 
Q, 27CR, 


Also, at resonance it can be shown that |I¢| = Q,|I|. Plots of |Z(jw)| versus f 
for several values of Q, are shown in Fig. 3-6. 


3-3 Parallel Resonance with Series Load Resistance 


The circuit of Fig. 3-5 is not always realistic because it does not account for 
the resistance of the inductor. Furthermore, in many applications of parallel- 
resonant circuits the load to which power is ultimately delivered may be in 
series with either the inductor or the capacitor. The design equations and 
frequency behavior of these circuits differ from that of Fig. 3-5. 
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Resistance in the Inductive Branch, RL||C 
In the circuit of Fig. 3-7 the resistance R can account for both coil and load 
resistance. The input admittance of the circuit is 


; R : oL 
AO Rc vesrarearay 2 [oc-prea| (3-13) 


At resonance, J and V are in phase and the susceptance term must vanish. 
The resonance frequency is found by setting the susceptance equal to zero; 
thus 


1 R? 1/2 
oe (Fe- 7) radis (3-14) 


Substitution of this value into (3-13) gives the impedance at resonance as 


= AN Le SOF Bon pel 3 
Z (jw) = Y Ga.) = R,= RC (3-15) 
If the Q, of the circuit at resonance is defined as 
Q, = et oa (3-16) 


some useful circuit design formulas can be expressed in terms of Q,. Table 
3-3.1 at the end of the chapter summarizes both the exact and approximate 
formulas. 

The relation 


ae as 
OR R(Q?+1) (3-17) 


R, 
illustrates the impedance-transforming property of the circuit. At resonance a 
small resistance R is transformed to a larger terminal value R,, and vice 
versa. This is demonstrated by the following example. 


Fig. 3-7 A practical parallel LC circuit. 
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Example 3-3.1._ The circuit shown in Fig. 3-8 is to be designed to transform a 
50-ohm load (R) into 1000 ohms (R,) at a frequency f, = 2 x 10° Hz (w, = 47 Xx 
10° rad/s). The 1000 ohms might represent the desired collector load im- 
pedance for a transistor amplifier stage. 


The first step in the solution is to estimate the value of Q, in order to 
decide whether the approximate equations in Table 3-3.1 can be used. Since 
R,/R = 1000/50 = 20 = Q/?, it is evident that Q,<10 and that the exact for- 
mulas should be used. By reference to the exact expressions the following 
calculations are made: 


Q?+1=2=20, OF =199rOi="4536 
‘On: Q _ 4.36 = 347 pF 


wRr 47X10? 
TER CR. = 50347 100254102 103 tH 


In a practical amplifier the output capacitance of the transistor would appear 
across the R, port, and the value of C would be reduced accordingly. The 
resistance of the inductor could be accounted for by combining it with the 
load. (See Problem 3-3.1.) 


Resistance in the Capacitive Branch, RC||L 


This circuit, which is shown in Fig. 3-9, is often used. If the coil resistance 
has negligible effect compared with the resistance R, the derivation of the 
design equations proceeds similarly to that of the previous section. Hence the 
design formulas are simply summarized in Table 3-3.2 at the end of the 
chapter. The following section shows how coil resistance can be taken into 
account if necessary. 


Fig. 3-8 Network for Example 3-3.1. 


17.3 nH 
L 
R, = 10002 —> =~c Rie 00 et 
347 pF 
fg =2 x 10° Hz 
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_ Fig. 3-9 Parallel LC circuit with resistance in the capacitive branch. 


Re —~> L R 


3-4 Effects of Source and Coil Resistances 


If a parallel-resonant circuit is driven by a current source in parallel with 
finite resistance R,, the value of R, will affect the overall Q and bandwidth of 
the circuit. In Fig. 3-10, for example, the RC||L circuit that exhibits im- 
pedance R, between terminals a-b at resonance is driven by a source with 
impedance R,. The ideal current source sees the impedance R,||R,, and the 
effective Q and bandwidth are determined by this parallel equivalent resis- 
tance. For example, if R,=R, the Q will be halved and the bandwidth 
doubled as compared with the values given in Table 3-3.2. 

If both L and C branches have series resistance as shown in Fig. 3-11a, 
exact analysis of the circuit becomes complicated. However, if the branch 
Q’s are defined as Q; = w,L/r, and Qc = 1/@,CRc, and if both Q; and Qc are 
>10, the equivalent circuit that holds in the vicinity of resonance is that of 
Fig. 3-11b. The resonance impedance seen by the ideal source between 
terminals a-b is R, = Q,’r-||Q¢’Rc. 

Discussions of network design in this book and elsewhere generally ignore 
coil losses in order to simplify the design equations. The reader is forewarned 
that this may sometimes lead to serious error because the overall Q of a 


Fig. 3-10 An ARC||L circuit driven by a source of impedance R,. 
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Fig. 3-11 (a) A parallel LC circuit with resistance in both branches; and (b) a 
circuit equivalent to that of (a) near resonance. 


(a) 


(b) 


network can never be greater than the Q of the coil. Typical Q values range 
from 100 to 200 for air-cored coils, and from 50 to 100 for coils with ferrite 
cores. For the VHF range (30 to 300 MHz) helical resonators can be made 
with Q values [1] on the order of 1000. 


3-5 Parallel-to-Series Conversions for RC and AL Circuits 


In the discussion of tapped resonant circuits to follow, it is convenient to 
replace parallel RC or RL circuits with their series equivalents, and vice 
versa. The equivalent values of R and C or L are frequency-dependent 
parameters; hence they are useful primarily in the vicinity of the resonance 
frequency for narrowband circuits. Tables 3-5.1 and 3-5.2 at the end of the 
chapter give formulas for conversion between equivalent parallel and series 
circuits. In these tables a new parameter Q, = R,/X, is defined for the parallel 
combination of R and C or R and L. This parameter is useful in the design of 
tapped resonant circuits, particularly if Q, can be chosen =10 so that the 
approximate formulas apply. 
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3-6 Tapped Resonant Circuits 


The circuit of Fig. 3-8 lacks flexibility because the circuit bandwidth and Q, 
are fixed once the values of R, and R are specified (see Example 3-3.1). In 
order to gain an extra degree of freedom so that the bandwidth and im- 
pedance ratio can be chosen independently, an extra circuit element is 
required. One way to do this is to divide either the inductor or capacitor side 
of the circuit into two series components with the low-resistance load across 
one of them as in Figs. 3-12a and 3-14a. Alternatively a “tap” can be 
connected to a continuous coil as shown in Fig. 3-16. Tapped: circuits are 
used extensively in oscillators and narrow-band high-frequency amplifiers. 

Although the tapped resonant circuit provides flexibility, the design 
process becomes more complicated. An exact analysis of these circuits 
provides no obvious clue to the choice of L and C values; hence ap- 
proximations of some sort must be made in order to arrive at useful 
solutions. Since this type of circuit is used primarily in narrow-band ap- 
plications, the assumption will be made that the overall Q, of the circuit (seen 
at the R, port) is =10, so that the approximate relations in Tables 3-3.1 and 
3-3.2 apply. The design procedure will make use of the parallel-to-series 
conversions in Tables 3-5.1 and 3-5.2. 


Fig. 3-12 (a) A tapped-capacitor circuit; (b) equivalent circuit for the capaci- 
tive branch; and (c) an ideal transformer equivalent. 


¢ 
ko —> L R; if Se 
C2 R2 Rye 
(a) (b) 
N:1 
a ak 
— | | gh 
ly Jo eoer| 
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Tapped-Capacitor Circuit 


The tapped-capacitor circuit, shown in Fig. 3-12a, is frequently used in 
Colpitts oscillators. It is to be designed for specified values for R, R,, 
resonance frequency f,, and bandwidth B. The values of L, C;, and C) are to 
be found. Coil loss will be neglected in the design. However, it can be 
accounted for by reflecting the coil resistance r, as an equivalent parallel 
resistance equal to Q,’r, across the R, port. 

By the use of the parallel-to-series conversion in Table 3-5.1, the 
equivalent circuit of Fig. 3-12b is obtained. The capacitance C is the value of 
C, and C,, in series, that is, 

CiGe 
C= Gace (3-18) 
For this circuit, the approximate relations in Table 3-3.2 show that a 
specification of f, and B fixes the value of Q,, 


lb 
Oe (3-19) 


From Table 3-3.2 the exact relationship between R, and R,. is found to be 


R; 


R= 3-20 


which shows that the value of R,. is fixed by R; and Q, From Table 3-5.1, 
using 


Q, = @oC2R2 (3-21) 
it is also apparent that a 
DEES 
Ree Oe+1 (3-22) 


Since Q, must be =0, it is clear from (3-20) that the value of R, cannot be 
less than the value of R,,. It is helpful to remember that when a resistance is 
paralleled with a capacitor or inductor, the resulting series resistance is 
always smaller than the original value. 

By equating (3-20) to (3-22), the value of Q, is found in terms of the 
design parameters: 


im ‘ R, 1/2 
Q, = |(Q?+1) a | (3-23) 


Furthermore, the impedance-transforming property of the circuit at 
resonance is equivalent to that of an ideal transformer with turns ratio N or 
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impedance ratio N* as shown in Fig. 3-12c. The use of 


Role yp : 
pain (3-24) 


in (3-23) gives an alternate expression for Q,. 
2 2 
Q, = (St = 1) (3-25) 
Since Q, = 10 was assumed initially in order to obtain Q, from the specified f, 
and B, (3-25) can be simplified to 


Q, ~ (2,- 1) (3-26) 


or, for Q,/N > 10, which implies Q, > 10, 
S 
Q,~2 (3-27) 


The latter relation is useful for making a quick check to see whether the 
exact design for Q, < 10 or the simpler approximations for Q, > 10 should be 
used. 


Design Procedure for Q, < 10 
1. From specified values of R,, R2, f., and B, use previously derived 
relationships to find 


Q, ~te (Q, must be =10) 


1 
oe 27BR, 
1 
ee DG 
and 
N? * (R,/ R2). 


2. If Q,~Q/N shows that Q, < 10, find the correct value of Q, from 


(3-26): 
Z 1/2 
a.-(9-1) 
3. By the use of (3-21), 


Caen 


WR 2 
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and from Table 3-5.1% 
CQ," + 1) 
ee 


(33 Oy 
Q, 
4. Finally, C, is found by solving (3-18) to get 
hee 
RE Se 


The process is illustrated by the following example. 


Example 3-6.1, Q, < 10 


1. Assume that R, = 8100 ohms, R,= 100 ohms, f, = 1.5 MHz, and B= 


100 kHz. Then 
B00 


Q, Sno 15; C~1/(27 X 10° x 8100) = 196.5 pF 


L = 1/Qza x 1.5 x 10%°(196.5 x 107) = 57.3 pH 


_ 8100 _ 


Nema o N =9 


Fig. 3-13 (a) Circuit for Example 3-6.1, B = 100 kHz, fp = 1.5 MHz; and (b) circuit 
for Example 3-6.2, B = 200 kHz, f, = 10.7 MHz. 


Rt= 8100 2 


R> = 1002 


(a) 
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2. Q =~ Q/N = s = 1.67; therefore, use (3-26): 


225 1/2 
Q, ~ (3-1) 11333 
3. Co = 1.333/(27 X 1.5 X 10° x 100) = 1414 pF 
C..= 1414 2777/7717 S 2210 pi 


4. C, = 2210 x 196.5/(2210.— 196.5) = 216 pF 


This completes the design. The resulting circuit is shown in Fig. 3-13a. As a 
check, the value of R,. can be found from R,. = R»/(Q,’ + 1) = 100/(2.777) = 
36 ohms. Then R, = L/CR,,. = 57.3 X 10°°/(196.5 x 10°” x 36) = 8100 ohms. 


Design Procedure for Q, > 10 

1. Values of Q,, C, L, and N are determined as in the previous procedure. 

2. If Q,//N > 10, use this value for Q,. Refer to Table 3-5.1 for the 
approximate expressions for equivalent series resistance R,, and capacitance 
Gs 

3. C= Q,/w@,R2 as before, but if Q,/N is substituted for Q, and if the 
approximate relation R, ~ Q,/w,C (from Table 3-3.2) is used for R,, it is found 
that 


C,~ NC 
From Table 3-5.1, for Q, > 10, 
Coe = Cy 
4. From the foregoing relation, 


TAGE, 
(One 


Substitution of C,= NC yields for C;: 


NGae 
Noein 


C,= 


It is worth noting that the relationship C;= NC, when substituted into the 
impedance-transformation ratio given by (3-24), yields 


g-w-fal [eS -[) 
pea hearer, pate (3-28) 


Example 3-6.2, Q, > 10 


1. Assume that R, = 10k, R»=1kQ, f, = 10.7 MHz, and B = 200 kHz. 
Then: 
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Q, ~ 10.7/0.2 = 53.5 
C =~ 1/(2m% X 2 x 10° x 10*) = 79.6 pF 
L = 1/(27 X 10.7 Xx 10°)*(79.6 x 10°") = 2.78 wH 
N?*= 10*/10° = 10, N = 3.162 
2. Q/N = 53.5/3.162 = 16.9 = Q,. (Hence the use of the approximate rela- 


tions is justified.) 
3. C.= NC = 3.162 X 79.6 = 252 pF. 


4. C, = C,/(N — 1) = 252/2.162 = 116 pF. 
The complete circuit is shown in Fig. 3-13b. The design procedures for the 


tapped-capacitor circuit are summarized in Table 3-6.1 at the end of the 
chapter. 


Tapped-Inductor Circuit 


With the assumption that Q, = 10 and the use of the relations in Tables 3-3.1 
and 3-5.2, a development parallel to the preceding one leads to the formulas 
given in Table 3-6.2 at the end of the chapter for the tapped-inductor circuit 
of Fig. 3-14a. As before, the resistance of the inductors is neglected, but 
could be taken into account in the manner illustrated by Problem 3-3.1. The 
following examples illustrate the design procedure. 


Example 3-6.3, Q, <10. The data from Example 3-6.1 will be used; that is, 
R, = 8100 ohms, R»= 100 ohms, f, = 1.5 MHz, and B=100kHz. Then, as 
before, Q, ~ 15, C ~ 196.5 pF, L ~ 57.3 wH, N*=81, N =9, and Q, ~ 1.333. 


Fig. 3-14 (a) The tapped-inductor circuit; and (b) an equivalent circuit. 


L 


Ro Rse 


(a) (b) 
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Fig. 3-15 (a) The circuit for Example 3-6.3, f. = 1.5 MHz, B = 100 Hz; and (b) the 
circuit for Example 3-6.4, f. = 10.7 MHz, B = 200 Hz. 


R; = 8100 2 
52.2 wH 


196.5 
pF 


Ry =1kQ 


(a) 


From Table 3-6.2, 


Bo Roae 100 x 
Hae @oQ, 6 2a X15 >61 02x 1°3233 a 7.96 wH 
= LQ, i Vie 
EMER ASR NLT AP ee 


L,=L-L,, = 52.2 wH 
The circuit is shown in Fig. 3-1Sa. 


Example 3-6.4, Q, >10. The data from Example 3-6.2 will be used: R, = 
10kQ, R,=1kQ, f, = 10.7 MHz, and B = 200 kHz. Then, as in the previous 
example, Q, ~ 53.5, C ~ 79.6 pF, L ~ 2.78 wH, N’*= 10, N = 3.162, and Q, = 
16.9. From the approximate relations in Table 3-6.2, 


L,~L—-L,=1.9wH 


This circuit is shown in Fig. 3-15b. 


3-7 Tapped Coil with Mutual Inductance 


The tapped coil circuit, shown in Fig. 3-16, is often used in amplifier circuits. 
A single coil is used, with the tap position (point b) chosen to transform R; to 
R,. If the coil is wound upon a ferrite core so that the coefficient of coupling k 
is close to unity, it behaves like an ideal transformer and the results are 
readily predictable. With air-cored coils the coupling coefficient is small, the 
ideal transformer approximation does not hold in all cases, and a more 
elaborate analysis is necessary to determine the required tap position. 
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Fig. 3-16 Impedance-transforming network with a tapped inductor. 


Let L, and L, be the self-inductances of the two parts of the coil, M the 
mutual inductance, and k the coefficient of coupling. The total coil in- 
ductance is given by 

L=L,+1L,+2M (3-29) 


With unity coupling (k= 1), the impedance transformation ratio of the 
transformer is given by 


REIMAN ES cs OomeV ie 
2 (Ly+MY Vio Caw 


in which V>,, is the open-circuit (unloaded) voltage from tap to ground—a 
quantity easily measured. The input admittance of this transformer appears 
as 

1 


SGseip eee ; 
YiSG/4iB) = 7 (3-31) 


at the operating frequency f,, where the admittance of capacitor C (shown 
dotted in Fig. 3-16) tunes the circuit to resonance, that is, 


1 
B, = @oC = er (3-32) 
The Q, and bandwidth of the circuit are given by 
_ Bi — Re : 
Q,= = w@oCR, aE (3-33) 
and 
B= fo (3-34) 
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With air-cored coils that are often used in the higher-frequency ranges, 
the coupling coefficient k may be on the order of 0.1, and the simple solution 
given above does not hold. However, as will be shown, if R/w.L = Q, 2 10, 
and R,=w,L, the circuit still behaves like an ideal transformer at the 
resonance frequency, and the tap location can be determined from open- 
circuited voltage measurements as in (3-30). 

A general solution to the problem, free of the aforementioned ap- 
proximations, and expressed in terms of readily measured coil parameters 
(total inductance L, coupling coefficient k, and percentage of total turns at the 
tap point) has been obtained. The analysis is applicable to broadband as well 
as narrowband circuits, since it is not restricted to high Q, and will accom- 
modate any desired ratio w,L/R>. 

A mesh analysis of the loaded transformer in Fig. 3-16 (with the capacitor 
omitted) yields the following expression for input admittance. 


p= ; oy. R,+ joL, 
Ms GDP =e oR TCM OURS yee 


Separating the real and imaginary parts and letting R, = R; = 1/G; gives, after 
considerable manipulation, 


i DNS a All; L,+M\ 
if Geer) aaa leer i )] Spee 


and 


2 
w’ Ly, [zs ae ete EAE mee | Te Ry 


ol o? | 1,-Se | +R? 


(3-37) 


The foregoing expressions are still not useful because the way in which L, 
varies as the tap is moved along the coil is not known for k < 1. (The way in 
which k varies with the tap position is also unknown, but k is assumed 
constant in the following derivation.) If the values of L, and L, are related 
by a factor a, such that 


Leal; (3-38) 
the parameters L and L, + M can be expressed in terms of L,, k, and a. Thus 
cect ti SLE: 

lt+a+2kVa 


Lined 
Lp Mae ka 


(3-39) 


Ly 


(3-40) 
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and 


DipaiMig nee Lt KN me eV acne aU 


= 3-41 
5 fit ae KY dV NN. CA) 


where N can be identified as the “turns ratio”’ of an ideal (unity-coupled) 
transformer or the open-circuit voltage ratio.’ 

Substitution of (3-39) through (3-41) into (3-36) and (3-37) and introduction 
of the variable 


1 1 

Ty packs 3-42 
1+kVa N ( ) 

gives the following solutions: 

OL\wes 
R,=R; [N24 (=) K (3-43) 
2 
and 
peas a AT Oe OI ee) al 

‘ =U (wL/R,y (KIN) +1 cies: (3-44) 


If the coupling coefficient is unity, it can be shown that K =0, R, = N’Ro, and 
B; = —1/wL. Thus the factor E in (3-44) represents the factor by which B; is 
changed from the idealized value. 

The expressions (3-43) and (3-44) are exact. Hence, for k <1, it is useful to 
express the actual impedance transformation ratio in a form that shows the 
departure from ideal transformer behavior. The deviation from unity of the 
bracketed factor D in (3-45) displays this departure. 


Z y) 

ea N?[1+(F) xs ]=N?xD (3-45) 
Figures 3-17 through 3-19 show the variation of R,/R, versus tap position 1/N 
for several values of k and of wL/R>. Note that 1/N represents the fractional 
part of the total turns that is included between the tap and ground. In Figs. 
3-20 and 3-21, the effect of tap position on the factors D and E of (3-45) and 
(3-44), respectively, is shown for k = 0.1. Figures 3-22 through 3-25 illustrate 
the same quantities for k =0.25 and 0.5, respectively. By means of these 
curves the correct transformation ratio and (capacitive) tuning susceptance 
can be determined for a given tap position. 


2From (3-41) it can be shown that a is related to N by 


N= 2)k (2 — N) 
ja : ch 7 IF 
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Fig. 3-17 A,/R2 versus tap position (1/N) for k =0.1. 
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Fig. 3-19 A,/R2 versus tap position for k = 0.5. 
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Fig. 3-21 Plots of factor E in (3-44) versus tap position for k = 0.1. 


Fig. 3-22 Plots of D versus tap position for k = 0.25. 
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Fig. 3-23 Plots of E versus tap position for k = 0.25. 
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Fig. 3-25 Plots of E versus tap position for k = 0.5. 


Examination of these curves reveals that as long as wL/R,<1, the 
departure from the unity-coupled case is negligible. Thus calculations using 
these curves are necessary only for broadband circuits in which Q, is low or 
in which wL/R; is greater than unity. 


Example 3-7.1. Design a circuit like that of Fig. 3-16 to transform R,= 
12ohms to R,=250o0hms at f, =21.1MHz. The available coil has L= 
0.9 wH, coupling coefficient k=0.1, and a measured Q, = 210 at 15 MHz. 
Find the tap location, tuning capacitance C, and Q, = |B;{/G;. 

Solution. R,/R,= 20.8 and w,L/R,~ 10. From Fig. 3-17 for k = 0.1, 1/N is 
approximately 0.5. Hence the tap should be at the center of the coil. Then, 
from Figs. 3-20 and 3-21, D=5.15 and E =2. 

The capacitive susceptance, w,C = —B; = (1/w,L)E. Since w,L = 119 ohms, 
w@ C = 2/119 = 0.0168 mhos, C = 126 pF, and Q, =|B;|R, = 4.2. 


As a check: R,/R,= N*D, where N = 2 for the center-tap. 


R, 
R, 
Experimental check. The measured R, was 266 ohms, and C = 120 pF. The 


12-ohm resistor had an inductive phase angle that was not accounted for in 
the calculation. 


= 4x 5.15 = 20.6 
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3-8 Single-Tuned Transformer 


A transformer circuit with one side tuned as shown in Fig. 3-26 provides an 
alternate way to attain the impedance matching, and can also provide isolation 
between input and output circuits and introduce a phase reversal if desired. 
The design procedure to be developed must provide values of primary and 
secondary inductance (L; and L,), mutual inductance ,(M), coupling 
coefficient (k), and tuning capacitance (C) that satisfy the specified values for 
R,, R2, fo, and B. 

Through derivation of a suitable equivalent circuit for the transformer as 
illustrated in Fig. 3-27, the single-tuned transformer can be represented by the 
equivalent shown in Fig. 3-28, which then has the form of Fig. 3-7. The 
transformer with secondary load R, shown in Fig. 3-27a can be represented 
by the equivalent circuit of Fig. 3-27b, which has the same loop currents I, 
and J,. The input impedance of either circuit is given by 

Vie (wM/y 


7 = Zw) = joL, ER satel s 


T, (3-46) 


It is evident from this equation that if the mutual inductance is multiplied by a 
factor a, and if the secondary impedance is multiplied by a’, the input 
impedance and primary current will be unchanged. However, the equivalent 
circuit now has the values shown in Fig. 3-27c, and this can be simplified to 
the form shown in Fig. 3-27d if the value of a is chosen to be a = M/L; so 
that the inductance a’?L,— aM = 0. The circuit values in Fig. 3-27d are shown 
in terms of the transformer coupling coefficient defined by 
M 


i 3-47 
VS Cy 


The parallel combination of R, and L, can be converted to its series 
equivalent by the use of Table 3-5.2, with Q, defined at the resonance 
frequency of the system as 


Ry _ (MIL2)"R2_ _Ro_ 


Cr Oly ek Ly) Gols cae 


Fig. 3-26 Single-tuned transformer circuit. 
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Fig. 3-27 Succession of equivalent circuits used to derive Fig. 3-28. 


Ll, —M 


(a) (b) 


(c) (d) 


(e) 


Use of the exact conversion formulas yields 


K, as (M/L,)’R> 


frees = Ova dT eOner im (3-49) 
and 
kE0, 
Lye = Oz+1 (3-50) 


If L,. is combined with the inductance (1—k’*)L, of Fig. 3-27d, the total 
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inductance becomes 


ome oy 


as shown in the final equivalent circuit of Fig. 3-27e. Thus the circuit of Fig. 
3-26 has been converted to that shown in Fig. 3-28 to which the approximate 
formulas in Table 3-3.1 apply if Q,=10. From specified values of R,, Ro, fo, 
and B, the values of Q, ~ f,/B, C = 1/(277BR;), and L, ~ 1/w,’C can be found as 
in previous examples. However, from (3-47), (3-48), and (3=49), 


Meira ed (3-52) 
tS 
LO! (3-53) 
and 
is Q,+1 
i= L (ory=R) me 


None of these quantities can be calculated without making an arbitrary choice 
of either Q, or k. 

Through some manipulation of the foregoing equations it can be shown 
that 


yey meno wate (3-55) 
Gu ls k SS Ot (3-56) 

and 
Glt® a= 0,[F+ (E+) ) (3-57) 


Fig. 3-28 An equivalent circuit for the single-tuned transformer. 


Ly 


Single-Tuned Transformer | 65 


The last equation shows that if k becomes small enough, the value of Q, becomes 
complex. Thus there is a lower limit on the realizable value of k with a specified 
value of Q,. By taking derivatives, the allowable minimum values of k and the 
corresponding Q, are found to be 


O, (Kin) = a ((Q2 + 1)!2=1] (3-58) 
and 
Kinin = 2 [(Q? + 1)? — 1)!” (3-59) 


Values of k,,i, and Q,(Kmin) are plotted versus Q, in Fig. 3-29. 


Fig. 3-29 Plots of Q, and (kj, ) versus Q, for the single-tuned transformer of Fig. 
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Fig. 3-30 Corresponding values of k and Q, for fixed values of Q, as derived 
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from (3-56). 
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The circuit designer can make an arbitrary choice’ of Q,, but he is then 
required to use the value of k that results from (3-56). In RF transformers it is 
not always possible: to obtain large coupling coefficients; hence the in- 
formation in Fig. 3-29 is useful in that it gives a lower limit on the value of k 
that can be used with a specified Q,. Figure 3-30 shows corresponding values 
of Q, and k for various values of Q, from (3-56). The design constraints that 
are imposed by this method are that (1) Q, be >10 so that the approximate 
relationships of Table 3-3.1 apply, (2) Q, be chosen so that 0 <Q, <Q, 
and (3) kmin<k<1. The following example will illustrate the design pro- 
cedure. A simplified design process will then be given for Q, = 10. 


Example 3-8.1. The tuned transformer is to be designed to satisfy R, = 
2000 ohms, R= 50 ohms, f, = 3.18 MHz, and B= 159kHz. As in previous 
examples, 
Nee AN N= 6.325 
50 

OQ, = wo/27B = 20 

C = 1/27BR, = 500 pF 

= 1foZC = 54H = L, in Fig. 3-28. 


5Note from (3-57) that Q, will always be less than Q, unless k = 1. 
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From Fig. 3-29, Q, min 0.95 and Kmin ~ 0.31. With the assumption that a larger 
value of k can be achieved, Q, is chosen to be 3. Then: 
k = 0.405 from (3-56) or Fig. 3-30 
L,= 0.833 wH from (3-53) 
L,=5.02 pwH from (3-54) 


and 


M = 0.828 wH from (3-52) 


Simplified Design for Q,=10. If the higher values of k that result are 
acceptable, the design equations can be simplified by the assumption that 
, 2 10. The relations become 


_ (@.My 3 
Re (3-60) 
pene (3-61) 
jee (3-62) 
pe 3-63 

O, ( ) 
¥ ke, 2 
Rea (32) (3-64) 
ahi peli ; 
N~=t or M~= (3-65) 
ey 
la= 6 (3-66) 


Example 3-8.2._ Using the data from Example 3-8.1, we let Q,=10. The 
previous example gave Q, = 20, C=500 pF, L= L,=5wH, and N = 6.325. 
From (3-63) or Figure 3-30, k = 0.707. Then 


ORT YS egg eh ee 
a ERO SERUISAU ae Ore 
L,=L,=5 pH 
SLs 
a Ni Gals 


Design equations for the single-tuned transformer are summarized in 
Table 3-8 at the end of the chapter. 
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3-9 .Double-Tuned Transformers 


Transformers that are both primary- and secondary-tuned, as shown in Fig. 
3-31, have been used extensively in receiver IF stages because they permit 
more flexibility in adjustment of the shape of the selectivity curve. Although 
they are now being supplanted by ceramic, crystal, and surface-acoustic-wave 
filters (see Chapter 9), double-tuned transformers are still used where widely | 
different impedance levels must be matched, and in FM discriminators. Hence 
a brief description of their transfer characteristics will be given. The inter- 
ested reader should consult Ryder [2] for further design details. 

In Fig. 3-31 the driving transistor or FET is represented by a current 
source in parallel with resistance Rs; which also includes the effect of loss in 
L,. Similarly, R, includes the input resistance to the next stage and loss 
resistance in L,. For a greatly simplified analysis the assumptions will be 
made that (1) the primary and secondary circuits are identical so that 
Rs = R= R, C, =C, =C, and L,=L,=L; (2) the Q of these circuits is 
greater than 10 so that high-Q approximations apply; and (3) the total 
frequency band of interest is small compared with the resonance frequency f, so 
that the Thévenin equivalent voltage source of Fig. 3-32 can be considered 
constant and the voltage across the secondary load can be considered pro- 
portional to the current in the secondary. 

With these assumptions, the equivalent circuit of Fig. 3-32 can be derived 


Fig. 3-31 A double-tuned transformer circuit. 
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from that of Fig. 3-31. The mutual inductance M is given by 


Mak) (3-67) 
in which k is the coefficient of coupling. The mesh equations for the circuit 
are 

V)_[R+i(XL— Xo) +joM | [| : 
LOT L sium Ra joe xal Ue Oe 
/ 
and the solutions for J, and J, are 
+jaMV 
b= OSS 3-69 
>= TR+ ICKL - XoF+ (eM) Gate) 


vik Oe xe) 
N= TR+ j(XL— Xo + (@M) Sa 


The input impedance seen by the voltage source is 


si Vas Che ee (wMYR_—_ (Xi, — Xc)(@MY 
Pu oy, ENOL NO) + = Xe) | RO | 


At resonance, X; = w,L = Xc = 1/w,C, and 


Zi(cag) = R + WM (3-72) 
For maximum power transfer at resonance, R = (w,M)’/R, or 
wo,.M=R (3-73) 
The circuit Q at resonance is defined by 
oL 
Q= (3-74) 


and by the use of (3-67) and (3-73) it may be shown that the coefficient of 
coupling for the maximum-power-transfer condition (called ‘‘critical coup- 
ling”’) is 
k. O (3-75) 
For k <k, the curve of I, versus frequency has a single peak at the resonance 
frequency, with maximum amplitude for k = k,; for k > k, the response curve 
has two peaks. This performance is illustrated in Fig. 3-33, in which the 
voltage gain is assumed proportional to J). 
For the ‘“‘overcoupled”’ case (k >k,) the ratio of poe gain to that at the 
“valley” at f, is given approximately by 


oe 0.5 (ke x we (3-76) 
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Fig. 3-33 Frequency response of the double-tuned transformer for three values 
of k. 


and it is controlled by the choice of k and Q. The bandwidth of the circuit is 
often defined by B = f,—f,, where f; and f, are the frequencies at which the 
gain is down to A,, as shown in the figure. Other frequencies of interest are 
those at which the gain peaks occur, f, and f,. It can be shown [2] that 


fia fa =k O a1)'2x fs (3-77) 
and 
fo—fi= V2 (fo — fa) (3-78) 


As an alternative to the double-tuned transformer, two cascaded single- 
tuned amplifier stages can be used, tuned to frequencies f, and f,, respec- 
tively. 

It should be noted that if unequal impedances are to be matched on the 


two sides of the circuit, the primary and/or secondary coil can be tapped as in 
Fig. 3-14. 
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PROBLEMS 


3-1.1. Show that the maximum instantaneous energy stored in the circuit 
of Fig. 3-1 at resonance is L(Imax)’/2. Use this value in (3-4) to verify (3-5). 

3-1.2. For the circuit shown in Fig. 3-1, prove that Vc=QV at the 
resonance frequency. 

3-1.3. In the circuit of Fig. 3-1, let L=100 nH, C=100pF, and R= 
5 ohms. Find: 

(a) The resonance frequency f,. 

(b) The circuit Q at resonance. 

(c) The voltage Vc at resonance if V = 10 nV. 

3-1.4. For the circuit values given in Problem 3-1.3, determine the values 
of the complex zeros (y=a+jfB) of input impedance Z(s). Sketch the 
zero-pole diagram and show by a graphical method that the radian-frequency 
interval w)— w, between half-power points is approximately equal to 2a, and 
that B ~ w,. The value of Q is now approximated as Q ~ B/2a. Would this 
approximation hold if B = 3a? 

3-054 
(a) The circuit of Fig. 3-5 has R, = 2000 ohms, f, = 10’ Hz, and bandwidth 

B = 250 kHz. Find the values of Q,, L, and C. 

(b) If the circuit is driven with J = 2 mA(rms), what is the magnitude of J-? 
3-3.1. A tuned transistor amplifier requires a collector load resistance 

R, =.2000 ohms at f = 1.6 MHz. The output capacitance of the transistor is 

C, = 20 pF. A load R,; = 5 ohms is to be transformed to R, with the circuit 

shown in Fig. P3-3.1. 

(a) Assume that the coil resistance r, is negligible. Determine the values of L 
and C and the bandwidth B. 

(b) If the inductor in the circuit is tuned with a ferrite slug, its Q,; may be as 
low as 50. Find the corresponding value of r. for the inductance value 
used in part (a). How will this alter the value of R,? 

(c) Let Q; = 50 for the coil. Solve for new values of L and C that will 
produce R, = 2000 ohms. 

3-3.2. The circuit of Fig. P3-3.2 is to be designed to transform R,; = 5 ohms 


Fig. P3-3.1 
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Fig. P3-3.2 


LG ee L R, 


to R, =4kQ at f, = 20 MHz. Assume infinite Q, for the coil. Find the values 
of L, C, Q, and B. 
3-3.3. Use the L and C values found in Problem 3-3.2, but let the coil have a 
value of Q; = 50. Find the coil resistance r,, and the new values of R,, Q,, and B. 
3-3.4. If the circuit of Problem 3-3.2 is driven by a current source with 
internal resistance R, = 6kQ, what is the bandwidth ofthe overall circuit? 
3-3.5 Derive the exact expressions for w, and R, found in Table 3-3.2. 
3-6.1. An interstage matching network is required to transform a load 
resistance R,= 400 ohms into R,;=1kQ at f, =5 MHz with bandwidth B = 
50 kHz. Inductance coils with L~2wH are desired if feasible. Neglect the 
coil resistance. Try the circuit of Fig. P3-6.1. Find the values of L, C,, and C). 
3-6.2. The values found in Problem 3-6.1 may be unsuitable. Hence a 
double-tapped circuit as shown in Fig. P3-6.2 is indicated. The value of R; is 
transformed up to an R, sufficiently large to provide a reasonable value of L, 


Fig. P.3-6.1 
Cy 
R,——~> L 
1kQ 
G R2 
400 22 
Fig. P3-6.2 
Ly C; 
R, 
p= ED) 2 He 
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and then transformed down to the desired R;=1kQ. Assume no mutual 
coupling between L, and L). Find L;, L2, C,, and C>. 

3.7.1. Measured inductance values for the tapped coil shown in Fig. P3-7.1 
are Ly.=4wH, L3=2 wH, and L;;=9 wH. 

(a) Find the values of the mutual inductance M and the coefficient of 
coupling k between the two parts of the coil. 
(b) If V;3= 10 volts is applied across the coil, what are the values of Vj. and 

V3? 

3-7.2. Design a tapped-coil circuit like that of Fig. 3-16 to transform 
R,= 100hms to R, = 250 ohms at f, = 4 MHz. Use a coil with L = 2 wH and 
coupling coefficient k =0.25. Find the tap location and necessary tuning 
capacitance with the help of the curves in Section 3-7. 

3-7.3. Repeat Problem 3-7.2 with R,=S0ohms, R,=200o0hms, f, = 
30 MHz, L =2 wH, and k = 0.1. 

3-8.1. A single-tuned transformer (Fig. 3-26) is to be designed to transform 
R,=1kQ to R,; = 10kQ at f, = 16 MHz with bandwidth B = 160 kHz. 

(a) Determine the values for L;, L2, M, k, and C for Q, = 1. 
(b) Repeat for Q, = 

3-8.2. Solve Problem 3-6.1 by the use of a single-tuned transformer to see 
whether it offers any advantage. 

3-8.3. Figure P3-8.3a shows two transistors coupled by an interstage 
matching network that is to be designed to provide a voltage gain, |A,|= 
|V./V,|=50, from the base to the collector of QI at center frequency f, = 
5 MHz, with bandwidth B = 50 kHz. The collector load impedance for Q2 will 
be assumed identical with that for Q1 so that both stages have the same input 
impedance. Baseé-biasing resistors (not shown) are assumed to be so large that 
their effect can be ignored. For the desired operating point, Vce = 10 V and 
Ic = 1mA, the data sheet for the transistors gives h;, = 2500 ohms and h; = 
100, measured at f=1kHz. Also, for Vcee=20V, Ic =10mA, and f= 
100 MHz the data sheet gives |h;.| = 3. At Vcg =5 V the value of C.,. = 4 pF, 
which represents a high-side estimate of C, for use in the simplified hybrid-pi 
equivalent circuit of Fig. 3-8.3b. (See Fig. 4-3 for more information on the 
hybrid-pi circuit.) 


Fig. P3-7.1 
1 
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Fig P3-8.3 
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(a) In the hybrid-pi circuit, let r, = hj = 2500 ohms and C, =4pF. From the 
above data, compute the values of f; and C, at I- = 10 mA. Then estimate 
the value of C, and g,, at Ic =1mA. 

(b) From the hybrid-pi model, derive expressions for the voltage gain, A, = 
V,/V,, and input admittance, Y; = G;+ jB; = 1,/V;. Use the values from 
part (a) to determine the load resistance R, needed for A, = 50 and the 
complex value of Y; that results when this load is used. 

(c) Find the equivalent parallel resistance R, and capacitance C, represented 
by Y;. (Y; = 1/R, + joC,.) These values represent the load that the match- 
ing network sees between point d and ground in Fig. P3-8.3a. Similarly, 
R, is the load presented to the collector of Q1 at point b. 

(d) Choose a value for the inductance L. Assume that it has a value of 

D. t Q, = 200. Find the values of C, and C, to obtain the specified bandwidth. 
4 Take the coil losses into account but ignore the effect of the output 
impedance of Q1. 
{(e) Find the position of the tap (point b) on the inductor to provide the proper 
load for the transistor. 
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Appendix 3-1 | ables of 
Design 
Formulas 


TABLE 3-3.1 Design Formulas for the Resonant RL||C Circuit 


R,—> G 
R 
: Approximate Expression, 

Quantity Exact Expression Units Q, = 10 

‘: 1 jak 1/2 1 
Wo = (ra = 7 rad/s = VLC 

ewes we 
Q, ae ye aeons = 0R 

TE G2 ere 
WoL -—.( aan) ohms SiG 

Q 

R, = CR = AiG ohms —< Q?R = @LQ; 

= R(Q,?+ 1) 
B hertz : ie fo 


~ 2nCR, | Dolo, 
a se 
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TABLE 3-3.2 Design Formulas for the Resonant RC||L Circuit 


G 
R,—> ib 
R 
Quantity Exact Expression 
e -( cca cee 
x [CAG 
Mee pee Fi 
Q or CHaeael: 
L ai ( Of +4 
me WoC On 
R ee 
t — CR Wo t 
= R(Q,+ 1) 


Units 


rad/s 


ohms 


ohms 


hertz 


Approximate Expression 


Ox=10 

ere! 
SOLO. 
— ol 

R 
iS 1 

WoC 
PA ROS! 
~ Q, ‘a cas, C 
‘lee 1 
Q, 27CR, 
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TABLE 3-5.1 Parallel-Series Conversion Formulas for RC Net- 


works 
Rs 
Cp Rp 
Te 
Define: X, = : Define: Xx. 
Pk eo m4 
_ Ro 
Q, = x, Qe 
Parallel Equivalent of Series Equivalent of 
the Series Network the Parallel Network 
EXACT FORMULAS 
9 2 eeollip 
Roe = Asti OQ.) Ree = 74 Q? 
Q.7 +1 Q 
Xpe = {ee Xen = Xp ( Gea 
Qs Q,°+ 
Coe = 6. ( G94) Cue = 0, ( 2554 
APPROXIMATE FORMULAS 
If Q, = 10 If Q, = 10 
Roe = ReQe? fe Ete 
Q, 
Xper= Xe : Xs 
Cua Cs Cse ~ Cp 
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TABLE 3-5.2 Parallel-Series 
works 


Ls Rp 
Define: X,=oaL, 

_ Fo 

Q, = X, 


Parallel Equivalent of 
the Series Network 


Conversion Formulas for AL Net- 


Re 
Ls 
Define: X;=olL, 
Xs 
(O} == R 


Series Equivalent of 
the Parallel Network 


EXACT FORMULAS 


= 2 5, Rp 
Roe ae R,(1 a cay ) As a 1 ft Os 
Q.7+1 ) E ( (ape ) 
Xoo = Xe (C5 SGOT 
Q,? + 1 Q 2 
ans (S534) bse = bp ( O27 +1 ) 
APPROXIMATE FORMULAS 
If Q, = 10 If Q, = 10 
ise a R.Q,” Fisg FS t/a 
Q, 
Xpe a Xs Xse a Xp 
Loe > Ls Use = f 
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TABLE 3-6.1 Design Formulas for Tapped-Capacitor Circuit 


C; 


C2 R2 


For Q, ~ f./B = 10, 

(1) C=1/27BR, 

(2) L~1/@oC 

(3) Q, ~ f./B 

(4) N =(R,/R2)'”? 

(5) Q/N = Q,. If Q./N = 10, use this value for Q, and follow the formulas in the 
left-hand column. If Q,/N <10, follow the formulas in the right-hand column. 


Approximate Formulas 


Q, = 10 Formulas for Q, < 10 
Q, Q?+1 ie 
(6) Q, = 7 (6) a = ( =e A) 
(7) Co=NC (7) Co= 
C a+ 
(8) C=, epee” 
Cse 
Dee Cs aC 
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TABLE 3-6.2 Design Formulas for the Tapped-Inductor Circuit 


R2 


For Q, ~ f,/B = 10, 

(1) C~1/27BR, 

(2) b= t/o.°C 

(3) Q,~f./B 

(4) N =(R/R2)'”? 

(5) Q/N = Q,. If Q,/N = 10, use this value for Q, and follow the formulas in the 
left-hand column. If Q,/N <10, follow the formulas in the right-hand column. 


Approximate formulas 


GQ, =210 Formulas for Q, < 10 
Q, Qe 1/2 
ays (6) a =( Set -1) 
ft poate 
(7) Le=% Mile= =. 
(8) L,=(N-1)Lo=L-L (8) Leo = L2Qp" 
ly ae 2a 2 20 OL Et, 
(9) "f= LS 
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TABLE 3-8 Design Formulas for the Single-Tuned Transformer 


For Q, ~ f,/B = 10, 

(1) C = 1/27BR, 

(2) Shy fe 

(3) N =(R,/R2)'”? 

(4) Refer to Fig. 3-30. Choose a value of Q, that gives an acceptable value for 
coupling coefficient k. If this Q, is =10, follow the formulas in the left-hand 
column. If Q, = 10, follow the formulas in the right-hand column. 


Approximate Formulas 


Q, = 10 Formulas for Q, < 10 
@) k= (2) DA Cacen)) 
(6) Lo= a (6) Le= ot 
(7) L1~ L; (from step 2) (7) Li= Lr ( Qf) 
(8) M= > (8) M = k(LiL2)"? 
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his Small-Signal 


High-Frequency 
Amplifiers 


A typical radio receiver requires several groups of amplifiers separated by 
frequency-changing circuits (called mixers, converters, and detectors) to 
extract the information carried by the weak signal voltage that appears at the 
antenna terminals. This chapter is concerned with these amplifiers, their 
characteristics, and the way in which they are designed, with particular 
emphasis on achieving high gain without unwanted oscillations. The material 
is applicable to all equipment that uses small-signal amplifiers. Large-signal 
amplifiers are discussed in Chapters 12 through 14. 

The design approach in this chapter is based upon the use of small-signal y 
parameters of the active device because, at this writing, these parameters are 
available or can be estimated from data-sheet information for HF-VHF 
transistors. The reader is referred to a book by Carson [1] for an alternate 
approach using scattering parameters. 


4-1 Definition of a Small-Signal Amplifier 


In this chapter the term small-signal amplifier implies two conditions: (1) The 
signal amplitudes are small enough so that all active devices can be modeled 
by two-port y parameters or by a linear equivalent circuit such as the 
hybrid-pi circuit, and (2) the output signal voltage is linearly proportional to 
the input signal voltage. (The second condition, which is implied by the first 
one, is also satisfied in Class B “‘linear’’ amplifiers even though the transistors 
are driven into cutoff for half of each cycle.) 
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For further elaboration of the small-signal aspect, consider the simplified 
amplifier circuit of Fig. 4-1. With the assumptions that (1) the internal 
transistor capacitances have negligible effect, (2) Ce and Cc have zero 
reactance, and (3) V; is sufficiently small that the transistor is operating in the 
linear region, the voltage gain A, is given by 

Ac = y= — &nRi | (4-1) 
in which g,, is the small-signal transconductance and R;, is the resonant 
impedance of the tuned collector circuit. If the amplitude of V; is increased 
sufficiently, the transistor is driven into nonlinear operation, causing both 
harmonic generation and a shift in the average value of collector current (Q 
point shift). The presence of harmonics in the collector current is not bad, per 
se, because the high-Q tuned circuit will select the fundamental frequency 
component and present a low impedance to the harmonics. However, the 
Q-point shift and the harmonics will change the effective value of g,, so that 
the amplitude of V, is not a linear function of Vj. 

In bipolar junction transistors (BJTs) the collector current is an exponen- 
tial function of base-emitter voltage. 


Fig. 4-1 A tuned amplifier circuit. 


Voc 
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ic == algse *BEUKT (4-2) 
in which [gs is the emitter saturation current. By letting 
OBE = Ver = V; cos wt 


and x = Viq/kT = V;(millivolts)/26 at room temperature, the relationship be- 
tween ic and x has been shown [2] to be 


ic=- ale| lo(x) +2 >) I,(x) cos not | (4-3) 


in which I, is the quiescent value of emitter current, and I,,(x) is the modified 
Bessel function of the first kind. If the biasing circuit maintains the dc 
component of ic constant at the value Ic, then I¢ = — alglo(x) and (4-3) can be 
put into the form 
ic = Tel I 2, s I(x) cos not | (4-4) 
nai I(x) 
Plots of 21,(x)/Ip(x) and 21,(x)/In(x) are shown in Fig. 4-2. 

For an untuned (wideband) amplifier, the curves show that even at x = 0.5 
(V;=13mV) the second-harmonic distortion would be greater than 12 
percent. However, with a tuned (narrow-band) amplifier only the fundamental 
frequency component of ic produces appreciable output voltage; the im- 
portant consideration for small-signal operation is that the fundamental 


Fig. 4-2 Fundamental and second-harmonic currents versus signal amplitude. 
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frequency current be proportional to V;. Figure 4-2 shows that the departure 
from linearity is about 11 percent for x = 1 (V; = 26 mV). If this degree of gain 
reduction (approximately 1dB) is acceptable, V; <26mV might be used to 
define the limit of small-signal operation for the transistor. 

With field-effect transistors (FETs) a square-law relationship exists be- 
tween drain current ip and input signal voltage vgs. For junction FETs and 
depletion-mode MOSFETs, 


2 
in = Inss(1~- 425) (4-5) 


in which Ipss is the drain current for Ves = 0 and Vps = — V,, and V, is the 
pinchoff voltage. For enhancement-mode MOSFETs, 


2 


in which V7 is the turn-on voltage and [po is the saturated value of drain 
current for Vps = Vcgs — Vr. 

Analysis of the FET with an input signal V; cos wt indicates a linear 
relationship between the fundamental frequency component of drain current 
and input voltage if the Q point is held constant. An actual device may not 
have the ideal square-law relationship of (4-5) or (4-6). Consequently, the 
input voltage must be limited to a maximum of approximately 400 mV for a 
linear input-output characteristic. 


4-2 Models for the Active Device 


In small-signal amplifier design or analysis, the active devices (BJTs, FETs, or 
ICs) are generally replaced with suitable models based upon the assumption 
of linear (nondistorting) operation. Two popular models are the two-port 
network (using y parameters) and the equivalent circuit. The two-port 
parameters are convenient for generalized gain and stability analysis but have 
the disadvantage that they are complex numbers that must be found by 
measurement at each frequency of interest. The equivalent-circuit models are 
applicable over a fairly wide range of frequencies, have fixed parameter 
values that are related to the device physics, and are readily adaptable to 
computer analysis programs. 


Equivalent Circuits 


For the BJT, the hybrid-pi model shown in Fig. 4-3 is useful to about f7/5, 
where fr is the transition frequency. Some alternate symbols and relations 
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a 


Fig. 4-3 Hybrid-pi model of the transistor and relationships between 
parameters. " 
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Bo = hye at low frequency 


between parameters are shown in the figure. At radio frequencies the resis- 
tances r,, r,, and r,. can often be omitted to simplify the circuit. Figure 4-4 
shows a common-source equivalent circuit for the FET. 

Although these equivalent circuits are attractive for computer analysis, 
their use in RF amplifier design is limited because they are not accurate in the 


Fig. 4-4 Equivalent circuit for an FET. 
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VHF range and are not useful for stability analysis. High-frequency devices 
are usually characterized by frequency plots of complex admittance (y) or 
scattering (s) parameters. The analysis to follow is based upon the use of y 
parameters. Appendix 4-1 gives conversion formulas to y parameters from 
other two-port parameter sets. 

The data sheets for many devices do not include y parameters. Appendix 
4-2 gives formulas for calculation of the y parameters in terms of the 
hybrid-pi circuit values. The latter can be estimated from data-sheet in- 
formation by the use of the relations given with Fig. 4-3. 


Two-Port Admittance Parameters 


For small-signal linear operation the active device can be characterized by a 
two-port network as shown in Fig. 4-5, with the defining equations: 


I, = Viy; + Voy, = — ViYs (4-7) 
T, = Viys + Voyo = — V2 Yr (4-8) 


in which yj, y,, y, and y, are the short-circuit admittance parameters of the 
device, and Ys and Y;, are the source and load admittances, respectively. 

A number of useful relationships can be derived from these equations. 
From (4-8), the voltage gain is found to be 


i VERRY; k 
ee V; Mr) Ge G 2 


By taking the ratio of (4-8) to (4-7), dividing the numerator and denominator 
by V,, and making use of (4-9), the current gain is found to be 


glo Baagny Gn ; 
a eT MING peg 
In this expression, Ay is the “‘y determinant” given by 
AY = YiYo — YY, (4-11) 


To find the input admittance Y, of the network at port 1, (4-7) is divided by V, 


Fig. 4-5 Generalized two-port network. 
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and (4-9) is substituted into the resulting expression to obtain 


sf Yfy 
ark ype Drs 4-12 
Y; V; y yo + Ye ( ) 


The admittance looking back into the output port can be found by a similar 
procedure. From (4-7) the reverse voltage transfer is 


Var yr 


V. yt Ys 


If (4-8) is divided by V>, and (4-13) is substituted into the resulting expression, 
the output admittance is found to be 


(4-13) 


I, yyy 
Y,=— = y, -—-— 4-14 
5 y, y y; re Y¢ ( ) 
Similar relationships can be derived in terms of the other two-port parameter 
sets (z, h, and g), and these are summarized in Appendix 4-3. 


4-3. Amplifier Stability 


A stable amplifier is one that is free of unwanted oscillations. Since any 
amplifier circuit can become unstable if enough of its output energy is fed 
back to the input port in the proper phase, the danger of undesired or 
“parasitic” oscillation is always present. Coupling from output to input occurs 
through capacitance within the active device and through external circuit 
elements. Because the reactance of the “feedback”’ capacitance (such as C,, in 
Fig. 4-3) decreases with increasing frequency, the likelihood of unwanted 
oscillations is greater in RF amplifiers than in audio amplifiers. 

A major goal of RF amplifier design is the attainment of maximum power 
gain with a predictable degree of stability. The remainder of this chapter is 
devoted to amplifier gain and stability analysis, based upon known values of 
‘the y parameters of the active device. This analysis also applies to mixer 
circuits that provide power gain from input to output. A complete set of data for 
an RF transistor (2N4957) is given in Appendix 4-4. In addition to the y 
parameters, which will be used in examples and problems, many other useful 
design parameters are given. 


Device Stability—Linvill Stability Factor C 


The potential stability of the active device is a major factor in the overall 
amplifier design and in the choice of a suitable device. The Linvill stability 
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factor [3] is a measure of the device stability under hypothetical worst-case 
conditions; that is, with both input and output ports open-circuited. The 
Linvill factor C is given by the following expression in which g; and g, are the 


real parts of y; and y,, respectively, and in which the symbol Re( ) denotes 
“the real part of ( )’’. 


C= lyr 4-15 

22:8 — Re(y;y,) bape 

If C is less than 1, the device is unconditionally stable. If C is greater than 1, 

the device is potentially unstable and certain source and load combinations 

will produce oscillations. Many RF transistors and FETs are potentially 

unstable over some frequency range because of internal feedback capaci- 
tance. 


Example 4-3.1. The approximate common-emitter y parameters of a 2N4957 
transistor at f = 200 MHz, Vce = 10 V, Ic =2 mA, are found from the data in 
Appendix 4-4 as follows: 

y; = 2.7+ j6.8 mU 

yy = 53 —j22mU ly;| = 57.4 mU 

y, = 0-—j0.5 mO ly,| = 0.5 mU 

yo = 0.1+j1.5mU 


By the use of (4-15) the Linvill stability factor is found to be 


Hy As RE: Pies oa as 
Ge sd (-11) mali 
This result indicates that the transistor is potentially unstable if used with 
very large source and load impedances. (Note that the value of C is confirmed 
by Fig. 14 in Appendix 4-4.) 


Circuit Stability—Stern Stability Factor K 


The addition of finite source and load impedances to the active device tends 
to improve amplifier stability. Stern [4] has developed a useful stability 
criterion that takes the source (Ys) and load (Y,) admittances into account 
along with the device parameters. The Stern factor K is given by 


Ka eit GsN(eo + Gi) 
lysy,| — Re(yry,) 


in which Gs and G;, are the real (conductance) parts of Ys and Y,, respec- 
tively. If K is greater than 1, the circuit is stable. If K is less than 1, the circuit 
is potentially unstable. 


(4-16) 
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Example 4-3.2. If the transistor of Example 4-3.1 is terminated in Rs = 
50ohms (Gs =20mU) and R, = 10000ohms (G,=1m0U), the Stern factor 
calculated by (4-16) is 


hele ele bee 


i 28.7+(-11) _ 


2.82 

Thus the circuit with these arbitrarily chosen terminations is potentially stable 
unless stray circuit capacitances not accounted for here contribute to the 
feedback. As Gs and G, are increased, the stability factor increases but the 
transducer gain decreases. (See Fig. 7 of Appendix 4-4.) 

If an external feedback path is connected around the active network as 
shown in Fig. 4-6, the Linvill and Stern criteria can still be applied, but the y 
parameters used must then be the composite y parameters of the two 
paralleled networks.’ If the subscript ‘‘t” is attached to the device parameters, 
and the subscript ‘‘f’’ to the feedback network parameters, the composite (y,) 


Fig. 4-6 Two-port representation of an active device with feedback. 
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'The composite parameters for paralleled networks and restrictions on their use are derived in 
any advanced treatment of two-port network analysis. See [5] for an example. 
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Fig. 4-7 A simple feedback network in which yi = Yor = yx ANd Yr = Yar =— yy. 


parameters can be written as: 


Yic = Yit ct Vif, Yoc = Yot 25 Yof 
fc = Yat + Ves Yre = Yn + Yof 
If the feedback network consists of a single admittance y, connected ~ 


between terminals 1 and 2 as shown in Fig. 4-7, the y parameters of this 
network are 


(4-17) 


Yig = Yor = Yx 
and (4-18) 
Vf aa) foes ee 
A capacitance C, connected from output to input thus has y, = jwCy and 
Vif 3jaG, 


Example 4-3.3. Suppose that the external capacitance C, = 3.25 pF is intro- 
duced as a feedback element between terminals 1 and 2 in Fig. 4-6. The 
admittance of the capacitor at f = 200 MHz is y, = j4 mU. By the use of the 
transistor parameters of Example 4-3.1, the composite y parameters given by 
(4-17) now become 


Yic = 2.7+ 510.8 mMO Yor = 0.14+ j5.5 mU 
Vre = 53 —j26 MU Yre = 0-—j4.5mU 
The Linvill stability factor for this circuit is 


59.03 xd Sean 


Ce 054-7) 


which is somewhat less than that in Example 4-3.1. However, if the G; and G; 
of Example 4-3.2 are used, the Stern factor becomes 


PS OPAT ES ANS bs 
ATT NGSG SILT ea 


Thus the addition of the capacitor causes the circuit with the specified loading 
to become unstable, even though it was stable in the previous example. 
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4-4 -Achieving Stability 


Amplifier instability is generally caused by the feedback path through y,, of 
the active device or y,. of the composite network. Examination of (4-15) and 
(4-16) reveals several ways in which stability can be assured. 


1. If the feedback network can be chosen to make y, =—y,, the com- 
posite y,. is equal to zero and the amplifier is unconditionally stable because 
there is no reverse transmission. The amplifier is then said to be uni- 
lateralized. If y, is complex, the production of a feedback network that 
produces y,,=—y, may be difficult. 

2. In most BJTs and FETs the reverse transfer admittance is complex, 
Yt =8nt+Jbn, and g, is generally negligible compared with b, at radio 
frequencies. If the external feedback network has y,; = jb, = —jb,, the feed- 
back through b,, is canceled and the composite y,,. = g, is often small enough 
to ensure stable operation. The amplifier is then said to be neutralized. Figure 
4-8 shows two simplified schematics for neutralized amplifiers. In Fig. 4-8a, 
the series combination of L, and C, can be tuned to produce a net inductive 
(negative) susceptance from collector to base so that b, is positive. In Fig. 


Fig. 4-8 Two types of neutralizing circuits. 


Voc 


(a) 
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4-8b, the neutralizing capacitor is connected to point b, which has opposite 
phase from that at point a with respect to the (RF) grounded center-tap on the 
coil. Capacitance C, is therefore equivalent to a negative capacitance con- 
nected from the collector to the base. Figure 1 on the 2N4957 data sheet 
(Appendix 4-4) shows another neutralizing circuit that uses transformer 
coupling. 

3. At the expense of a reduction in gain, the use of neutralizing circuits 
can be avoided entirely if Gs; and G, are chosen large enough to make the 
Stern factor greater than 1. (As a practical matter, conservative designers 
prefer Stern factors in the range 4 to 10 to provide an adequate safety factor.) 
These alternatives will be explored in the sections that follow, but some 
definitions of various power gains must be introduced first. 


Example 4-4.1. The transistor used in Example 4-3.1 is to be neutralized by 
the addition of a feedback inductor as in Fig. 4-8a. From the transistor data, 
b, =—0.5mU. Hence, for neutralization, y,=—jb,;=+j0.5mU and the 
series combination of L, and C, in Fig. 4-8a must have admittance y, = 
—j0.5 mU (inductive). 


4-5 Amplifier Power Gain 


The “power gain” of a stable amplifier represented by Fig. 4-9 can be defined 
in several ways, depending upon assumptions made about impedance match- 
ing at the input and output ports. The commonly used definitions follow. 


Operating Power Gain 


Operating power gain, G,, is the gain from the input to the active device to the 
load admittance Y,. 


power delivered to the load _ |V2)’Gr (4-19) 


BP ; 
cee Pp: i lV, G, 


F power into the input port 


Fig. 4-9 This figure defines the input and output admittances and the various 
power terms for a two-port network. 


Amplifier 


s é (Ye) 
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In terms of the network parameters (y, or y,) and by use of (4-9), 
2x G 
a ly¢l L 7 
CF (Yi yal x G; ee) 


Available Gain 


Available gain, G4, assumes a conjugate impedance match (Y;= Y; and 
Y, =-Y>) at the input and output ports. It represents the maximum gain 
obtainable from the amplifier. 

Pao _ available power at the output port 


Cae jaee ~ “available power from the source 


(4-21) 


The term available power was defined in Section 2- 4, equations (2-32) and 
(2-33). In terms of the network parameters, 


lys|? x Gs 


Ga= 4-22 
4* Rel(vive — yp + Yo¥s)X On + Yo") ee, 
Transducer Gain 
Transducer gain, Gr, is defined by 
pee P, _ _ power delivered to the load (4-23) 


P,; power available from the source 


This value of gain is actually realized only if the source is conjugate-matched 
at the input port. Typically, however, Re(Y,) = G, ¥ Gs. The output power P, 
can still be calculated by the use of Gr if the voltage or current of the source 
is known so that its available power P,, can be computed. In terms of the 
network parameters, 

4GsGily,|? 


Gr = OOOO 
ae Cy: i Ys)(Yo te Y,) Bc. yfyr| 


(4-24) 


Maximum Available Gain 


Maximum Available Gain, MAG, is often used as a transistor or FET figure of 
merit. The MAG is the theoretical power gain of a device with its reverse 
transfer admittance y, set equal to zero, and with the source and load 
admittances conjugately matched to y; and y,, respectively. [Note from (4-12) 
and (4-14) that if y,=0, Y,=y,; and Y= y,.] If these conditions are sub- 
stituted into either (4-22) or (4-24), the MAG is found to be 


2 
MAG = (4-25) 
42:2, 
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and it represents a theoretical upper limit on the gain that can be achieved 
with the given device. 

Note that the foregoing power gains relate to the powers at the input and 
output ports of the active device. If the impedance-matching networks that 
provide the desired Ys and Y, values are lossy, the overall power gain 
between the source and the load will be decreased accordingly. 

For the general case of a device that is not potentially unstable, and for 
which y,# 0, it is evident from the definitions of Gr; and G, that Gr will be 
less than G4. However, if the output port is conjugately matched (Y; = Y>), 
then G; has its maximum value Gr max = Ga. This leads to the expected 
conclusion that the transducer gain of an amplifier is maximized if the source 
and load are conjugately matched to the active device. Solutions for the 
proper values of Ys and Y, are interdependent, and hence tedious (see 
Section 4-7). 


Design Choices 


The designer must maximize the operating power gain Gp or transducer gain 
Gr within the restrictions imposed by noise or stability considerations. A 
matched source at the input may not yield the lowest noise figure. To achieve 
the desired stability, both the source and load may have to be mismatched; 
hence the “optimum” design depends upon the characteristics of the active 
device. The several cases that will be explored are as follows: 


1. The active device is unconditionally stable. Values of Ys and Y, that 
yield the maximum transducer gain, Grmax, are to be found. 

2. The active device is potentially unstable. Stability is achieved by means 
of feedback to unilateralize or neutralize the amplifier. The composite (y-) 
parameters are used to solve for the Ys and Y, that give Grmax. 

3. The active device is potentially unstable. Stability is achieved by a 
suitable choice of Gs and G, to give the desired K factor. Procedures given 
by Stern [4] and Hejhall [6] yield a solution that maximizes the transducer 
gain. 


4-6 Design with Unconditionally Stable Device 


If the Linvill C factor indicates that the active device is unconditionally 
stable, the designer is free to choose Ys and Y, to optimize performance 
requirements such as the gain and the noise figure. Neutralization may be 
desirable to minimize the interaction between input- and output-circuit tuning, 
and to isolate the local oscillator signal from the antenna. Since the uni- 


96 / Small-Signal High-Frequency Amplifiers 


lateralized amplifier yields the simplest design equations, this type of amplifier 
will be considered first. 


Unilateralized Amplifier 


As shown in Fig. 4-6, a feedback network can be connected around the active 
device in order to make y,, = 0. Although not always physically realizable, the 
concept is illustrated by the network shown in Fig. 4-7, for which 


Vxaam art 
and (4-26) 


raat 


Substitution of these values into (4-17) yields the composite (y,) parameters in 
terms of active device and feedback parameters as follows: 


Vie = Vit + Yn, Yre = 0 


(4-27) 
Yfce = Yft — Yrs Yoc = Yot + Yn 


Use of the y, parameters in expressions (4-12) and (4-14) yields for the input 
and output admittance of the unilaterized amplifier: 


iui pinky rt (4-28) 
and 
You ae) of a Yrt (4-29) 


The latter equations show that Y,, and Y>, of the unilateralized amplifier 
are completely independent of Y,; and Ys, respectively. In a practical sense, 
this means that in a single- or multistage amplifier that uses unilateralized 
stages, tuning of any one network will not affect the tuning in other parts of 
the circuit. Thus the troublesome task of having to re-peak the entire amplifier 
following a change in tuning at a single point can be eliminated. 

The transducer gain of the unilateralized amplifier is given by 


in mare 4GsG_|y fim ee 
a (vit +. Ve Ys) Vor tn + Y,)| 


If a conjugate match is required at the ports, the source and load admittances 
become 


G (4-30) 


Vs (Yr yn), YEH Wort Yn)” 
Gs = 81+ 8n, GL= Lor t 8n 


Substitution of these values into (4-30) yields the maximum available trans- 
ducer gain, 

byl eeeivanatins | yer) sual 
4BiBoc Ait + Bn)(Bor + Bn) 


Gan nox rr 


(4-31) 
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Amplifier Without Feedback 


This is a logical choice for an unconditionally stable active device, since it 
may offer the advantages of fewer components and a simple tuning pro- 
cedure. The source and load admittances are selected to satisfy gain and noise 
requirements. Input and output admittances are then computed from (4-12) 
and (4-14). 

If the transducer gain is to be maximized, Ys; and Y,; should be the 
conjugates of Y, and Y>, respectively. The solution for Ys; and Yj, is 
approached through the expression for transducer gain 


aA 4GsG_ly E 
"loi + Ys)vo + Yu) — yeyrl? 


in which the device (y,) parameters are used for the amplifier without 
feedback, or the composite (y,) parameters can be used if feedback is 
included. If the partial derivatives of G; with respect to Gs, Bs, G,, and By, 
are set equal to zero, the values of these quantities that yield Gr», are found 
to be 


G (4-24) 


lo 2 271/2 
G, = sie Mee Lye] (4-32) 


peer eee yr) (4-33) 
pak ea 271/2 
G,, = [2aigo = Re(yy)I = ly _ Ge (4-34) 
28) 8i 
and 


Bah ae ee (4-35) 
When these values are substituted into (4-24), the maximum transducer gain 
becomes 
ie 


,max — LN Re el aba le a - 
Ce 2gigo — Re(y,y-) + [[2gi8. — Re(ysy,) — lyyelT’ Rg 
Example 4-6.1. A transistor has the following y parameters: yj = 
8+ j6.8 mV, yo =0.44+ 71.5 mV, ys, = 53 —j22 mU, and y, =0—j0.1 mU. From 
(4-15), the Linvill factor C = 0.667, and hence the transistor is unconditionally 
stable. The maximum available gain, calculated from (4-25), is MAG = 257. 

If the amplifier is to be unilateralized, a feedback element must be added 
such that y,=—y, =0+j0.1mU. (Note that, since g, =0, the terms uni- 
lateralized and neutralized are synonymous in this example.) By the use of 
the relations (4-27), the composite parameters of the amplifier are computed 
as yi=8+j6.7mU, y,.=0.4+j1.4mU, y,, =53-—j21.9mU, and y,,=0. 
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Equations (4-28) and (4-29) then give Yj, = ye =8+j6.7 mU, and You = Yoo = 
0.4+ j1.4mU. Any desired source and load admittances can be used with this 
amplifier, with the stability assured. However, if a maximum transducer gain 
is desired, a conjugate impedance match should be provided at both the input 
and output ports, that is, Ys = Yj, and Y, = Y*,. The maximum available 
transducer gain, calculated from (4-31), then becomes Grumax = |Yel"/48icBoc = 
257, which agrees with the MAG computed from (4-25). 


Example 4-6.2. The transistor of Example 4-6.1 is to be used in an amplifier 
without feedback, since stability is assured without neutralization. The max- 
imum transducer gain is obtained with the source and load admittances given 
by (4-32) through (4-35), using the y, values from Example 4-6.1 in these 
equations. The values that result are Ys; =8.0—j13.42mU, and Y,= 
0.4—j1.83 mU. From (4-36), the maximum transducer gain is Grmax = 219. 
Note that this value is smaller than the maximum available transducer gain 
found in Example 4-6.1. Source and load terminations other than these 
optimum values may be required to minimize the noise figure, and so forth. In 
that case, the transducer gain will always be less than the value found above. 


4-7 Design with Potentially Unstable Device 


The active device is potentially unstable if its Linvill factor C is greater than 
1. With the use of proper feedback, y,. can be reduced so that C is less than 1 
for the composite device, and unconditional stability is assured. If the 
amplifier is unilateralized (y,,= 0), the procedure given in the first part of 
Section 4-6 applies. If the amplifier is neutralized (but g,.~0), the Linvill 
factor of the composite network should be computed to determine whether C 
is less than 1. (Some examples have been encountered in which the value of C 
is increased with neutralization.) If C is less than 1, (4-32) through (4-36) 
apply, but if C is still greater than 1, the procedure that follows must be used. 


Stability Without Feedback 


The introduction of feedback in the proper phase and amount to neutralize an 
amplifier increases circuit complexity. Furthermore, a tuned feedback net- 
work such as that shown in Fig. 4-8a provides the correct feedback reactance 
at the operating frequency but may produce composite parameters (y,) that 
permit parasitic oscillation at some other frequency. 

The Stern stability criterion (4-16) indicates that amplifier stability can be 
achieved without feedback if the values of Gs; and G, are large enough. In RF 
amplifiers, the value of Gs is often dictated by noise considerations. If the 
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value of Gz is fixed, and if the Stern factor K is chosen to give an adequate 
margin of stability (e.g., 4< K <10), the corresponding value of G,; can be 
found from (4-16). 

Next, the values of B; and B, that tune the input and output circuits to 
resonance must be found; that is, Bs = — B,; and B,; = —B>, where B, and B, 
are the amplifier input and output susceptances with the desired termination 
at the opposite port. Since the amplifier is not unilateralized, the input 
admittance is affected by the output termination, and vice versa; and a 
closed-form solution for Bs; and B,; as developed by Stern [4] becomes very 
tedious. As an alternative approach, the following successive approximation 
method converges fairly rapidly and can be implemented easily in a computer 
solution. With the assumption that Gs and G, have been chosen, the steps in 
the solution are as follows: 


1. Assume an initial value for B,, that is, Bi, = —b,,. (This value would be 
correct if y, =0 so that Y2= yo.) 

2. With Y; = G,+jBt, calculate Y; = G;+JjB{ by the use of (4-12). 

3. Set BS =— Bi. With YS =G,;+jB%, calculate Y;= G;+ jB3 by the use 
of (4-14). The value —.B3 is now a corrected value for B{. 

4. With the new value for B{, go back to step (2) to find a new value for 
Y{, and so forth. 

5. Continue the process until the values of B; and B,; converge. (A variety 
of computer solutions indicates that the second or third trial generally 
produces a satisfactory answer.) 

6. Use (4-24) to determine the transducer gain, Gr. 


Since these calculations are being made for an inherently unstable device, 
it should not be surprising to find that the output conductance G», for 
example, may have a negative value. As long as the parallel load conductance 
G, is positive and greater in magnitude than the negative G2, the system will 
be stable. (See Section 5-2 for further discussion of this point). The reader 
who works out the iteration of Example 4-8.1 will find negative values of Gj, 
for example. 


Example 4-7.1. The 2N4957 transistor with the y parameters given in 
Example 4-3.1 will be used. Values from that example are y; = 2.7+ j6.8 mU, 
yo =0.1+j1.5m0, y,=53—j22mU0, y,=0-j0.5mU, and C =2.49. From 
Fig. 2-17d the best (lowest) noise figure for I-=2mA is obtained with 
Rs = 200 ohms, or Gs = 5 mU. Choosing this value for G; and a Stern factor 
K = 4, we can find the corresponding value of G, by the use of (4-16). 


| Klysyr| + Re(yy,)] 
= f 
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Then, by the use of the iterative procedure given in the foregoing dis- 
cussion, the values of Bs; and B, are found to be 


Bs =—-11.91 m0 and B, = —4.55 mU 
Finally, the transducer gain computed by use of (4-24) is 
Gr = 216.5 or 23.35 dB 


4-8 Maximum Transducer Gain with Specified Stability 


For designs in which the values of Gs and/or G, are not prescribed and in 
which the gain is to be maximized for a specified stability factor K, Stern [4] 
has derived equations for computing values of Gs, Bs, G,, and B,. The 
expressions for the conductance values are 


1/2 
Gas {x i Rebate) Bi (4-37) 


Ga { Kise + Re(yjy/)180 Mi Ly (4-38) 
283 

The corresponding expressions for Bs; and B, are cumbersome and require a 
great deal of calculation for their evaluation. Hence it is recommended that 
B‘. be chosen equal to — b,, and that the iterative method given in Section 4-7 
be used to obtain the final values of Bs and B,. 

Hejhall [6] has shown that the ratios G,/g, and G./g; obtained from (4-37) 
and (4-38) are equal. If this ratio is designated as 


Git Gs 


R= 4-39 
80 8i ( ) 
the use of (4-39) in (4-16) yields a relationship between R and K: 
r| + Re(yy,) 
1+)? = k {bods an 
( ) be ( ) 


Thus, with a value specified for K, the value of R is readily obtained from 
(4-40); the values of Gs; and G, for maximum transducer gain can then be 
found by the use of (4-39). The values of Bs and B, are found as before. 

If the values of Gs, G,, and Gr are to be investigated for several different 
values of stability factor K, it is useful to note from (4-40) that 


(1+ R)’ _ Ki 


(TeRs) eK a) 


Example 4-8.1. The 2N4957 transistor data of Example 4-7.1 is to be used 
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with a stability factor K = 4. A design that maximizes transducer gain is to be 
found. Substitution into (4-37) and (4-38) yields Gs = 28.21 mU, and G, = 
1.045 mU. By the iterative procedure of Section 4-7, the values of Bs and B,; 
are found to be Bs = —27.3 mU, and B,; = —2.26mU. Then, from (4-24), the 
maximum transducer gain is Grmax = 283.9 or 24.53 dB. 

It is interesting to compare the noise figures obtained with the source and 
load admittances of Examples 4-7.1 and 4-8.1, using Fig. 6 of the 2N4957 data. 
From Example 4-7.1, Rs =200ohms, and NF~1.8dB, with G;=216 or 
23.3 dB. From Example 4-8.1, Rs; = 35.4 ohms, NF is greater than 3.5 dB, and 
Grmax = 284 or 24.5 dB. Thus an increase in gain has been ‘‘traded’’ for an 
increased noise figure. 

It is worth noting that a number of the examples in this chapter were 
based upon common-emitter y-parameter data for the 2N4957 transistor, 
operating at f = 200 MHz, Vcr = 10 V, and I; =2mA. The curves shown in 
Figs. 9 through 12 in Appendix 4-4 are of particular interest because they 
represent values of Gs and G, determined from (4-37) and (4-38) and the 
corresponding Bs; and B, values that provide maximum transducer gain for 
various values of K. The values calculated in Example 4-8.1 should fall upon 
the appropriate curves. If such a complete set of information were available 
for all RF transistors and FETs, the design process would be greatly 
simplified. 


4-9 Alignability 


In all but the unilateralized amplifier, the input admittance Y, is a function of 
the load admittance. Thus Y, changes with output tuning, which in turn 
mistunes the input circuit and makes overall amplifier alignment difficult. 
Consequently, the ratio of the fractional change in Y, due to a fractional 
change in Y, is used as a measure of the alignability of the amplifier. The 
alignability factor [7] is given by 


dY,/lY, [Yz| x ly y,| 
5= py oases DEL CYiy rl ame 4-42 
adY_/Y. ly, + Y11 X lyi(yo + Y1) — yy, : 


For ease of tuning, especially in multistage amplifiers, the alignability factor 6 
of each stage should be <0.3. 


4-10 Overall Design of the Tuned Amplifier Stage 
Preceding sections have shown how to select the proper source and load 


admittances for the transistor in order to achieve a desired degree of stability 
and gain. For a complete design, the source and load admittances Ys and Y;, 
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Fig. 4-10 Block diagram of a tuned amplifier stage. 


re) 
Vg (~) matching 
network 


presented to the transistor must be transformed to the ultimate source and 
load on either side of it, as indicated by the block diagram of Fig. 4-10. The 
source and load in that figure might each have 50-ohm impedances as 
commonly used in amplifier test circuits, or they may be the impedances 
presented by preceding and following amplifier stages. In either case the 
matching networks must provide a prescribed impedance transformation and 
bandwidth, taking the loading caused by G, and G; of the active device into 
account and incorporating B, and B, as part of the network. In addition, the 
transistor must be biased to the proper Q point with base- and emitter-circuit 
resistors chosen to provide the desired degree of dc stability. 

Figure 4-11 shows a possible schematic diagram for such a stage using 
tapped-capacitor networks. In this circuit, 


Active 
device 


Output 
matching 
network 


C,—C,—L, transforms R, into Rs (=1/Gs), compensates for the input 
susceptance of the transistor, and provides the desired bandwidth. 


Fig. 4-11. Schematic diagram of a tuned amplifier stage with tapped-capacitor 
matching networks. 


? Voc 
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L,—C3;—C, transforms R, into R; (= 1/G,) with the desired bandwidth 
and compensates for output susceptance of the transistor. 

Cz is a de blocking capacitor. 

Cr and Cz are bypass capacitors. 

R,, Ry, and Rx establish the Q point. Although more elegant bias designs 
are available [8], a useful rule of thumb is that the dc voltage drop across Rr 
should be about 3 volts and that Rg = R|||R, = 10Rp. 

The RF chokes (RFC) prevent the loss of signal power in R, and R>. If R; and 
R, are large enough, the chokes are unnecessary. 


The RF chokes and capacitors must be chosen carefully to make sure that 
their self-resonance frequencies are equal to or greater than the operating 
frequency. (See Appendix 4-5.) The choice of Cg is especially critical in this 
respect, since any impedance between the emitter and ground at the operating 
frequency introduces a feedback voltage that reduces the amplifier gain. For 
single-frequency operation it is often desirable to “tune” C, to series 
resonance by adjustment of its lead lengths and then to add a larger capaci- 
tance in parallel to provide bypassing at low frequencies at which the 
transistor gain is higher and might produce unwanted oscillations. 

A grounded shield between base and collector leads on the underside of 
the transistor socket is recommended to reduce stray capacitance feedback. If 
neutralization is necessary, a circuit like that in Fig. 1 of Appendix 4-4 can be 
used. 


Design Procedure 


Steps in the design procedure are as follows: 


1. Choose a BJT, JFET, or MOSFET suitable to the operating frequency, 
and with acceptable values of gain and noise figure. If wide dynamic range of 
input signals is expected, a dual-gate MOSFET may be preferred. 

2. Determine the y (or other) parameters of the device and its potential 
stability. If C is greater than 1, decide whether to achieve stability by 
neutralization or by loading. (Ease of alignment may be a factor in this 
choice.) 

3. Calculate the required values of Gs, Bs, G,, and B,. Note that the value 
of Gs may be dictated by the noise figure rather than the optimum gain. 

4. Determine the impedances (admittances) of the signal source and of the 
load to which the output is ultimately delivered. For test purposes, 50-ohm 
signal sources and loads are generally used. In a receiver circuit, however, the 
impedances of the preceding and following stages are used. The interstage 
networks must provide the necessary impedance transformation and band- 
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width, and may have to be tunable over a range of frequencies. Susceptances 
of the signal source and load must be tuned out. 

5. Network design for a specified bandwidth is complicated by the loading 
due to input and output conductances (G, and G») of the active device. As 
indicated in Tables 3-3.1 and 3-3.2 (which can be applied to the tapped- 
inductor and tapped-capacitor circuits, respectively), the bandwidth (if Q, > 
10) is given by 


SEER SORTA 


(4-43) 
in which C;, is the total (circuit plus device) capacitance and R, must here be 
interpreted as the parallel combination of the resonant resistance of the tuned 
circuit and the resistance presented by the transistor. Let 


1 


ae 


where G, = Gs + G, or G, + Gp (4-44) 


The use of this value of R, in (4-43) will yield the correct C, for a specified 
bandwidth. 

If the active device is unconditionally stable (with or without neutraliza- 
tion), G, and G, will always be positive. Furthermore, if a conjugate-matched 
termination is used, G; = Gs or G, = G, and the presence of G; or G, reduces 
the bandwidth to one-half the value that the matching network alone would 
have. 

For an unstable device that achieves stability by loading, a conjugate 
match at either port is unlikely, and it is possible for either G,; or G> to be 
negative. In this case the equivalent parallel R,; may be larger than Rs or R; 
so that the presence of the active device tends to reduce the bandwidth or 
increase Q,. 

In practice it may be desirable to design the two circuits for different 
bandwidths so that the one with the smaller bandwidth determines the 
frequency response of the stage. If both circuits have the same bandwidth B, 
the overall bandwidth will be only 0.64B [9]. In general, for a cascade of n 
tuned stages with identical bandwidth B, the overall bandwidth B, will be 


B, = B(2"" —1)'” (4-45) 


6. To design the matching networks for a specified bandwidth, the input 
and output susceptances of the active device must be included. Consider, for 
example, the input network of Fig. 4-11. Assume that the generator resistance 
R, is to be transformed to Rs = 1/Gs, that a bandwidth B has been specified, 
and that the transistor input admittance is Y,=G,+jB,. The total shunt 
conductance of the input circuit is G,; = Gs + G;. To obtain bandwidth B, the 
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total circuit capacitance must be 


_ Gi 
Ci = 7B (4-46) 
The corresponding inductance is 
1E* = @cC} (4-47) 
The overall circuit Q; is dictated by the bandwidth and is given by 
Q; = fo = Cri (4-48). 


Bee iGs 


and this is not the same as the Q, of the matching network that transforms R, 
to Rs. The effective capacitance of the network is 


CG) 


PSP eranig! 


=Cu-C, (4-49) 


where C;= B,/@, is the input capacitance of the transistor. The design 
formulas in Table 3-6.1 can be used by recognizing that 


Q, = 3 | (4-50) 
ape ft ARS ed 1 \!? ; 
w= (B=) as 


If the active device has an inductive input susceptance, as is sometimes 
true for transistors, the inductive susceptance of the matching network must 
be adjusted accordingly. 


Example 4-10.1._ The amplifier stage of Fig. 4-11 is to be designed to operate 
between R,=50ohms and R, =S0ohms, with f, =5 MHz and input- and 
output-circuit bandwidths of 0.25 MHz. The transistor Q point is at Vcg = 
10 V, Ic = 1 mA, and its y parameters in millimhos are 


Vie = 3.6 + j18, Yor = 0.0029 + j0.6, yr = 29 — j10, 
Yre = —0.04 — j0.6 


The Linvill factor calculated in Problem 4-3.1 is >1; hence the amplifier 
stability will be attained by proper loading to secure a Stern factor K = 4. Let 
Gs = 2.5 mU (Rs = 400 ohms). 

By the use of (4-16), G, = 3.6975 mU. Then a computer solution by the 
iterative process yields Bs=-—22.07mU, B,=-—3.07mU, Y,= 
2.82 + j22.07 mU, and Y,= —0.4714 + j3.07 mU, and the transducer gain Gr is 
62.17 or 17.94 dB. 


106 / Small-Signal High-Frequency Amplifiers 


Input Network Design 


We use (4-44) to find the total input conductance, G, = Gs + G; = 5.32 mU, or 
R, = 1/G,; = 188 ohms. From (4-43) the total input capacitance to yield the 
desired B is C,; = 3387 pF; the overall Q of the input circuit is Q; = f,/B = 
5/0.25 = 20; and the inductance L, = 1/,’C,; = 0.3 wH. 

Since B,= 22.07 mU, the equivalent parallel input capacitance of the 
transistor is C; = B,/w, = 702.5 pF. The capacitance that must be provided by 
the matching network is C = C, — C; = 3387 — 702.5 = 2684.5 pF. This is the 
equivalent shunt capacitance due to C, in series with C,||R,, and thus is the 
value to be used in Table 3-6.1. [See (4-49).] 

Now Q, is found from (4-50) as Q, = 33.74, and from (4-51) N? = Rs/R, = 
8, N =2.828. The use of Q,~ Q/N =11.93 shows that the approximate 
formulas for Q,>10 are valid. Hence C,=NC=7592pF and C,= 
C,/(N — 1) = 4153 pF. 

The design of the output network proceeds in the same manner, except 
that the value of Q, is <10 and the exact formulas should be used. This is left 
as an exercise (see Problem 4-10.3). 
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PROBLEMS 


4-2.1. For a 2N918 transistor operating at I. =4mA, Vcr = 10 V, the data 
sheet gives h;, = 660 ohms, h,. = 100, |h;.| = 4 at f = 250 MHz, C,, = 2 pF. 

(a) Calculate the parameters for the hybrid-pi model of Fig. 4-3. Assume that 
r, is infinite. 

(b) Determine the y, parameters at f = 10 MHz. See Appendix 4-2. 

4-3.1. A 2N3743 transistor operating at f=5 MHz, I-=1mA, has the 
following common-emitter /y parameters, expressed in millimhos: y; = 
3.6+j18, y, = 0.0029 + j0.6, yy = 29—j10, and y, = — 0.04 — j0.6. Calculate the 
Linvill C factor. 

4-3.2. The transistor of Pfoblem 4-3.1 is driven by a source with Gs = 
10 mU, and a Stern factor K\= 4 is desired for the amplifier. Determine the 
required value for G,; by the use of (4-16). 

4-3.3. Use the transistor Nae of Problem 4-3.1. Let G;=1m0U, and 
G,=5m0. r 
(a) Compute the Stern factor K. 

(b) Repeat the calculation with G; = 1 mU. 

4-4.1. Use the transistor common-emitter y parameters given in Example 
4-3.1. : 

(a) Assume that the transistor is neutralized with a feedback inductor as in 
Example 4-4.1 such that y,=+j0.5mU. Calculate the composite y 
parameters, the Linvill factor C, and the Stern factor K using G; = 20 mUO 
and G,; = 1 mU as in Example 4-3.2. 

(b) Repeat part (a), using y,;=+j1.0 m0. 

4-5.1. Compute the maximum available gain (MAG) for the transistor 

of Problem 4-3.1. 

4-5.2. The 2N3743 transistor of Problem 4-3.1 is terminated with Ys, = 
10—j27 mU, Y; = 1.66 — j1.71 mU. Determine the transducer gain, G7, and the 
operating power gain, Gp. 

4-7.1. The 2N3743 transistor of Problem 4-3.1 is neutralized by the ad- 
dition of a susceptance y, = jb; = —j0.6 mU (see Figs. 4-6 and 4-7). 

(a) Determine the composite y parameters of the neutralized amplifier. 

(b) Find values of the following: the Linvill C factor, MAG, and G, value 
required to make K = 5 if G; =5 mU. 

4-7.2. Use the composite y parameters found in Problem 4-7.1. Use (4-37) 
and (4-38) to find the values of Gs; and G, for the maximum transducer gain 
Gr with a stability factor K = 5. Also find the values of Bs, B,, and Gr. 

4-7.3. Use the 2N3743 y parameters from Problem 4-3.1 (not neutralized). 
With G, = 10 mU and G, = 1.66 mU, find: 

(a) Stern factor K. 

(b) Values of Bs; and B;. 
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(c) Transducer gain Gy. 

4-10.1. In Fig. P4-10.1, the silicon npn transistor operates at the Q point 
Vce = 10 V, Ic = 1 mA. The operating frequency is fp = 5 MHz. Assume that the 
transistor y parameters of Problem 4-3.1 apply except that y,, = 0—j0.6 m0. 


Fig. P4-10.1 


(a) Find suitable values for R;, R, C,, C2, and Cg. The capacitors should have 
low impedances. 

(b) Find the proper y, = y, to unilateralize the amplifier. Show the proper 
components for unilateralization on the circuit. Find the composite (y,) 
parameters that result. 

(c) The input and output circuits are to be tuned to f,. Determine the shunt 
susceptances required and add components as needed for tuning. Show 
the values. 

(d) Find the Q and bandwidth of the input and output circuits. Which one 
establishes the amplifier bandwidth? 

(e) Find V,/V;, Vi/V;, and V,/V, at frequency f,. 

(f) Find the unilateralized transducer gain, Gr,,. 

(g) For V, = 1 mV (rms) find the output power through the results of parts (e) 
and (f). (They should yield the same answer.) 

4-10.2. Use the unilateralized transistor of Problem 4-10.1 in the circuit of 
Fig. 4-11. Let R, = R, = 50 ohms, and f, = 5 MHz. Design the input and output 
matching networks to present Rs = 200 ohms and R; = 2k ohms to the trans- 
istor. Design for a bandwidth of 250 kHz at both the input and output. 

4-10.3. Complete Example 4-10.1; that is, design the output network. 
Determine the values of L>, C3, and C,4. 
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Appendix 4-1 Relations Between | 
Two-Port Parameters 


In the expressions that follow, 


AY Vas YfYr AZ ='ZjZo — ZjZp 
Ah=hih,—hyh, — Ag = 880 — 88r 
and 


AS = SiSo — SfSy 


Conversions between y, z, h, and g parameters are listed in Table 4-1. 


TABLE 4-1 

y from h iz g 

Vi 1/h; ZalAZ Ag/go 
yr =f fi; = Ze ie G-/Qo 
Vi hh; ZN Zs =O de 
Yo Ah/h; z;/AZ 1/go 
h from y Zz g 

hj 1/y; Az/Z_ g./Ag 
h, —y ly; ZZ —g-/Ag 
hy Vi 7h rds —g;/Ag 
he Ay/y; WZo gi/Ag 
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TABLE 4-1 (cont) 


zi from y h g 
eee seen ae a oes ae Te Fee a I ee Bet 
Z; yo/Ay Ah/ho, 1/g; 

Zz, —y//Ay Rens —9g,/9; 

Zr —yi/ Ay —hho 919i 

Zo yi/Ay 1/f, Ag/9i 

g from y h Z 

ere rents no nee es ee EN Ee ese ee 

(oF Ay/Yo h,/Ah 1/z; 

9, YSYo hwrah —2,/ 2; 

Or —V1IYo —h,/Ah Z;/Z; 

Yo 1/Vo h/Ah Az/z; 


SSS SSS SSS Ee a eee eee 


Conversions between common-emitter, common-base, and common-collector 
y and h parameters are shown in Table 4-2. 


TABLE 4-2 
Sa ae ae ee 
Ve from Yo Ve 
SS a ee a a ee ee ee 
Vie Vib + Vrb + Veto + Yow Vic 
Vre (Vin =f Yoo) =(Vie at Vre) 
Vte —(Viv a Veo) (Vic tg Vie) 
VYoe Yob Vic ate Vre LE Vic ote Yoc 
Yo from Ve Ve 
SSS See ee eee ae ee eee eee 
Vib fie at Vre a Vite ate Yoe Yoc 
Vrb (Vie ar Yoo) —(Vre ap Yoo) 
Vrb —(Vie a1 Ve) Vee = Vea} 
Yoo Yoe Vic ar Vre aF Vre ar Yoe 
Ve from Va Yo 
———— ea a ee ee eee 
Vic Vie Vib + Vrb + Vo + Yoo 
Yre (Viet Vra) (Vin Vin) 
Vic —(Vie + re) —(Viv + Yro) 
Yoc Vie I Vre aE Vte a Yoe Vio 


oo SSE SS ee ee ee eee ee eee eee eee 
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TABLE 4-2 (cont.) 


As from hp he 
volt iy a ee ee ee 
hiv 
Nie 1+ m= het Ane Nic 
Ahp We hr 
1—Are 
Are 1+ hp —hw + Ahp 
= (Are + Ae) ae 
Ate 1 ane be Ts Aes + Ah, ( hrc) 
hop 
Noe 1+ hw — A + Ah Noe 
ie from he i he 
hie Hie, 
hip lao pers Ahe Ahe 
Ahe — Are Ahe + hte 
Arp iehe SReMoah: Ane 
rs —(hte + Ahe) h,. — Ahe 
£2 1 + he — Are + Ah. Ahe 
Roe Foc 
Now 1k Ach eA ns Ahe 
he. from hb he 
hio 
Mie 1+ Aw — hr» + Ah ie 
Mre Ey ey eee Ute: 
hs 
poe ee EE Ee p= + 
Mic 1th hin tone (tie) 
lahexe Now Nee 


1 i hip a Arp + Ah, 


oo ee eee 


Conversions between y and s (scattering) parameters are as follows: 


Ls Sota Si BS il 2) be 2 Say Be 
2 S,+s,+As Z, ay Sots:+As Zo 

se —25} teh. Siz So AS 1 
YF So+s,+As Zo Me Sots;t+tAs Zp 
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Here Z, = the characteristic impedance of the transmission lines used in the 
scattering parameter system, usually 50 ohms. 

To convert from y to s parameters, the y parameters must first be 
multiplied by Z,; Y; = y,Z,, and so forth. Then, 


_Y.-Y¥i-AY 
eee AY 
Coa 
ery Ya AY 


Ske? Ye 
Boe Y as Vere A We 
MEY YoY” 

een aA Y) 
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Appendix 4-2 The y Parameters of the 
Hybrid-Pi Circuit 


For a BJT, the typical data sheet information might consist of values for Ic, 
hie, Nfer Roe, Con, and |h;.| at a specified high frequency f,, chosen so that 
lhyelfx =fr. An estimate of 50 to 100k is reasonable for the r,. of a 
small-signal transistor, and r,=25 to 50ohms is typical. Other hybrid-pi 
parameters can be found by the use of the relations given in Fig. 4-3. Analysis 
of the circuit then yields the y parameters as follows: Let 


Vise 2. 4ja(Ga Car eee 
dle 
) =s &x(8, + JoLml wr) 
i € Yee aa Si hoe eee 
_ ~8xJoC,) 
re Y 


saa 8x (2m an jaC ) 
Yfe sy 


ve 
+ Jol, )(JoC,) 


mt &n + &x 
eg oy or eee: OG, UOC”) 


Appendix 4-3 Corresponding Quantities 
in Various Parameter 
Systems’ 


Two-port 


Ts network 


TABLE 4-3.1 
General 

Quantity y Zz h g Parameters 
Input driving-point parameter Vi Z; hi gi k; 
Output driving-point parameter Yo Ze Ns Jo ko 
Forward transfer parameter Vt Zr hy Or k; 
Reverse transfer parameter yr ree h, g- k, 
Source variable Is Vs Vs Is Us 
Output variable I> Vo I> Vo Uz 
Source immittance Ys Zs Zs Ys Ms 
Load immittance Ye Lh Y Ze. M. 
Input immittance Y; a Zi Me M, 
Output immittance Yo Zo Yo Zo M2 
Input variable l, V; V; iF U, 
Independent input variable V; iF iF V; Ui 
Dependent input variable h, V; V; IF Via 
Independent output variable Vo I> V2 Io Uo: 
Dependent output variable I> V2 I> V2 Uoa 
Sr Ene Eerrnreeneene ee 
Defining equations: Uj, = U,;k; + U,jk, Ak = kjk, — kjk, 


Ugg = Ujiky + Ugjk, D = (k; + Mg)(k, + M_) — kk, 


?Appendix 4-3 is adapted from Chapter 10 of Transistors and Active Circuits by J. G. Linvill 
and J. F. Gibbons. Copyright © 1961 by the McGraw-Hill Book Company. Used with 
permission of McGraw-Hill Book Company. 
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TABLE 4-3.2 


a 


Useful Relationships 


ee cErErED I iEEnUSuEIDD UnEDEDEEEDUEEIENEESUEEDEUENENEEEENIEENEENIRIEIEey an 


Input immittance: Output immittance: 
fae is k;k, “au it k;k, 
Mace Ks ko + M. Mae ne ki + Ms 
Power gain: Transducer gain: 
Re(M.)|kr|* _ 4lk,|/? Re(ML) Re(Ms) 
Gp Gr = — 


~ Re(M,)|ko + MI |D|? 


a ee EE ——— a 


Amplification or Transfer Ratios 


es a 
The general expression in the left-hand column yields the specific ratio in the 
right-hand column for a given parameter set. 


y Zz h g 
Peay ge ES AS oe es Ne RSE 2 

Uoa _ krMi he V2 AES V2 
Us D Is Vs Vs Is 
Usi Ki V2 lo Vo lo 
USS Pa ie Vs Vs 15 
Uoi ee —k; Vo Io Vo Io 
Uis Ak+kM, Be v; Vs tf 
Us cn ae Ve I Ve te 
Uo) Kae MA: V; I; I; V; 
Uoa __kyMi lo Vo iP V2 
Un. KeaM: V; ij I; V; 
Usa ~~ k;M. bb Vo Ip V2 
Uig Ak+kM, I; V; V; 1; 
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Appendix 4-4 RF Transistor Data. 
(Silicon PNP Types 
2N4957, 2N4958, 


2N4959, 


*Maximum Ratings 


2N5829) 


Rating Symbol Value Unit 
Collector-emitter voltage Voceo 30 Vdc 
Collector-base voltage Vogo 30 Vde 
Emitter-base voltage Vepo 3.0 Vdc 
Collector current—continuous Io 30 mAdc 
Total power dissipation @ T, = 25°C Pp 200 mW 

Derate above 25°C 1.14 mW/°C 

Operating and storage junction LEME —65 to +200 °C 
Temperature range 

*Electrical Characteristics (T, = 25°C unless otherwise noted.) 

Characteristic Symbol Min Typ Max Unit 

Off Characteristics 

Collector-emitter breakdown voltage BVceo 30 — — Vde 
(lc = 1.0 mAdc, Ig = 0) 

Collector-base breakdown voltage BV ego 30 = —_— Vdc 
(lc = 100 nAdc, /e = 0) 

Emitter-base breakdown voltage BV ego 3.0 — —— Vdc 
(le = 100 np Adc, Ic = 0) 

Collector cutoff current Icgo pAdc 
(Vcp = 10 Vde, ie = 0) =< — 0.1 
(Veg = 10 Vde, le = 0, T, = 150°C) = Po 100 

On Characteristics 

DC current gain Are 20 40 150 _ 


(Ic = 2.0 mAdc, Vee = 10 Vdc) 


°Source: Motorola Semiconductor Products, Inc. 
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Characteristic Symbol Min Typ Max Unit 


Off Characteristics j 


Dynamic Characteristics 


Current-gain—bandwidth product (1) fr MHz 
(Ie = 2.0 mAdc, Vce = 10 Vdc, f = 100 MHz) | 
2N4957, 2N5829 1200 1600 2500 | 
2N4958, 2N4959 1000 1500 2500 | 
Collector-base capacitance Cop — 0.4 0.8 pF 
(Veg = 10 Vde, /e = 0, f = 1.0 MHz) 
Small-signal current gain hie 20 -- 200 = 
(lc = 2.0 mAdc, Vee = 10 Vde, f = 1.0 kHz) 
Collector-base time constant rbCe 1.0 — 8.0 ps | 
(le = 2.0 mAdc, Veg = 10 Vdc, f = 63.6 MHz) | 
Noise figure NF dB 
(lc = 2.0 mAdc, Vce = 10 Vdc, f = 450 MHz) 
2N5829 — 2} 2.5 
2N4957 — 2.6 3.0 
2N4958 —_ 2.9 he 
2N4959 = 3.2 3.8 
Functional Tests 
Common-emitter amplifier power gain Goe dB 
(Vce = 10 Vde, Ic = 2.0 mAdc, f = 450 MHz) 
2N4957, 2N5829 1 — 25 
2N4958 16 ee ee BS) 
2N4959 15 = 25 


*Indicates JEDEC Registered Data. 
(f; is defined as the frequency at which |h;,.| extrapolates to unity. 
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Note that the figure numbers correspond to Motorola Data Sheet DS 5227 
R2. Figures 3 to 6 appear in Chapter 2 as Fig. 2-17. Some other figures have 
been intentionally omitted. 


FIGURE 1 — NOISE FIGURE AND POWER GAIN 
| TEST CIRCUIT 


Vout 

Ri = 50 Ohms 
Vin 

Rg = 50 Ohms C1 


C1,C2,C3,C4,C5 1.0-10 pF Variable Air Dielectric 
Piston: Type Capacitor 
L1 Silver-Plated Brass Bar Stock 1.0 in 
Long, 1/4” Diameter 
L2 > Silver-Plated Brass Bar Stock 1.625 in. 
Long, 1/4" Diameter, Tapped 1/4” 
from Hot End 


L3 0.5" Loop of #16 AWG Wire 0.375 in. i 
from and Parallel to L2 aL ly v Vv 
+. — 1 Common 


FIGURE 2 — UNILATERALIZED POWER GAIN 
versus FREQUENCY 


40 


Gy, UNILATERALIZED POWER GAIN (dB) 
NR 
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10 20 = 30 50 70 100 200 300 500 700 1000 1500 
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COMMON EMITTER CIRCUIT DESIGN DATA 
(VCE = 10 Vdc, Ic = 2.0 mAdc) 


FIGURE 7 — TRANSDUCER GAIN 
versus FREQUENCY 


(NOTE 1) 
— 
k=12 


GT, TRANSDUCER GAIN (dB) 


45 70 100 200 300 
f, FREQUENCY (MHz) 


500 600 


FIGURE 9 — LOAD ADMITTANCE 
versus FREQUENCY (REAL) 
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T T 
(NOTE 1) 


Gi, REAL PART OF LOAD ADMITTANCE (mmhos) 


0 
45 70 100 200 300 
f, FREQUENCY (MHz) 
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FIGURE 11 — SOURCE ADMITTANCE 
versus FREQUENCY (REAL) 


T 
(NOTE 1) 
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—B., IMAGINARY PART OF LOAD ADMITTANCE (mmhos) “C" FACTOR 


—Bs IMAGINARY PART OF SOURCE ADMITTANCE (mmhos) 


FIGURE 8 — LINVILL STABILITY FACTOR 
versus FREQUENCY 
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FIGURE 10 — LOAD ADMITTANCE 
versus FREQUENCY (IMAGINARY) 
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FIGURE 12 — SOURCE ADMITTANCE 
versus FREQUENCY (IMAGINARY) 
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COMMON BASE CIRCUIT DESIGN DATA 
(VcB = 10 Vdc, Ic = 2.0 mAdc) 


FIGURE 13 — TRANSDUCER GAIN 
versus FREQUENCY 
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FIGURE 15 — LOAD ADMITTANCE 
versus FREQUENCY (REAL) 


FIGURE 14 — LINVILL STABILITY FACTOR 
versus FREQUENCY 
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FIGURE 17 — SOURCE ADMITTANCE 
versus FREQUENCY (REAL) 
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FIGURE 18 — SOURCE ADMITTANCE 
versus FREQUENCY (IMAGINARY) 
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FIGURE 19 — SMALL-SIGNAL CURRENT GAIN 
versus FREQUENCY 
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FIGURE 21 — fy versus COLLECTOR CURRENT 
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Apply reverse bias between collector 
and base and measure capacitance 
between these terminals. Emitter is 
open. ’ 


Apply reverse bias between emitter 
and base and measure capacitance 
between these terminals. Collector is 
open. 


Apply reverse bias between collector 
and base and measure capacitance 
between these terminals. Emitter is 
guarded. 


—— 
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FIGURE 25 — INPUT ADMITTANCE 
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FIGURE 29 — OUTPUT ADMITTANCE 
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FIGURE 26 — INPUT ADMITTANCE 
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COMMON BASE Y PARAMETER VARIATIONS COMMON EMITTER y PARAMETER VARIATIONS 


(Vcg = 10 Vdc, Ic = 2.0 mAdc) (VcE = 10 Vdc, I¢ = 2.0 mAdc) 
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FIGURE 35 — yfp FORWARD TRANSFER ADMITTANCE 


FIGURE 43 — yfe FORWARD TRANSFER ADMITTANCE 
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Appendix 4-5 Self-Resonance 
Frequencies 
for 
several Capacitors 
and RF Chokes 


Capacitors 


Every capacitor behaves like a series LC circuit because of its internal and 
lead inductance. The following charts show self-resonance frequencies versus 
lead length for several types of capacitor to be a guide in the choice of 
capacitors for specific applications.‘ 


Disc Standoff 

Ceramic Ceramic 
g ie 
© © 
2 2 
2 & 
ae) ne] 
§ u 

0) - = 
0) 40 80 120 160 200 
Self-resonant frequency, f, (MHz) Self-resonant frequency, f, (MHz) 


“The charts are reprinted from Electronics, September 25, 1972; Copyright © McGraw-Hill 
Book Company, New York, 1972. 
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Dry Mylar Metallized Mylar, 


Metallized Polycarbonate 


€ a 
c < 
& S 
(cx = 
& EO 
mo} ne} 
i 8 
= — 

10° 10° 10’ 108 

Paper 
Tubular 

2 cc 
s s 
2 2 
2 2 
ne} TD 
§ a 

10° tes gael 10’ 10° 

Self-resonant frequency, f, (Hz) Self-resonant frequency, f, (Hz) 


RF Chokes 


Because of distributed capacitance between turns, every RF coil behaves like 
a parallel LC circuit and exhibits a self-resonance frequency above which its 
impedance is capacitive. Since RF chokes are used to provide high im- 
pedances, it is important that the operating frequency be less than the 
resonance frequency. They are made in a variety of forms on phenolic, iron, 
and ferrite cores, and their resonance frequencies and Q values vary widely. 
The shaded area in the following chart is a rough guide to the range of 
resonance frequencies that can be expected for a given inductance value. 
Because of the wide variation, manufacturer’s catalogs should be consulted 
for data on specific units. 
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5 Sinewave 


Oscillators 


In radio systems, sinewave oscillators establish transmitter carrier frequen- 
cies and drive the mixer stages that convert signals from one frequency to 
another. To a small but growing extent, these roles are also filled by square- 
wave oscillators and synthesizers (Chapter 6), but for most applications 
sinewave oscillators remain the most economical source of sinusoidal wave- 
forms. 

Basically, a sinewave oscillator is a circuit that, through amplification and 
feedback, generates a sinusoidal output. Its active element is normally a single 
transistor or FET and the frequency of operation is determined by a tuned 
circuit (or a piezoelectric crystal) in the feedback path. Many types of 
oscillator circuits exist; some of the factors that enter into the choice of a 
circuit for a particular application include (1) the operating frequency, (2) the 
output amplitude, (3) the frequency stability, (4) the amplitude stability, (5) 
the purity of the output waveform, and (6) the likelihood that unwanted 
modes of oscillation will occur. 


5-1 The Criteria for Oscillation 


What makes a circuit oscillate? The criteria for oscillation may be stated in 
several rigorous and equivalent ways. First, an oscillator containing a two- 
port active device must provide a feedback path whereby part of the output is 
fed back to the input. If the fed-back signal is larger than, and in phase with, 
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the input, oscillations begin and grow in amplitude until saturation reduces the 
gain around the feedback loop to unity. Therefore, criterion one is that a 
circuit will oscillate when a feedback path is present providing at least unity 
loop gain with zero phase shift. 

Conceptually, a circuit containing such a feedback path is an amplifier that 
can generate its own input. This is the unstable amplifier that the design 
procedure of Chapter 4 tried to avoid. Hence a second criterion for oscillation 
is that the Stern factor of an oscillator circuit must be less than 1. 

When a circuit meets either of the first two oscillation criteria, the 
determinant of its node voltage or mesh current equations goes to zero. This 
is a third criterion for oscillation, and it provides a convenient mathematical 
route to the frequency of oscillation if the necessary algebraic equations can 
be solved. 

Finally, if any potential oscillator circuit is artificially separated into an 
active portion and a load, the output impedance of the active part will have a 
negative real part when the conditions for oscillation are met. This is a 
necessary condition for oscillation but not a sufficient one; several of the 
amplifier examples in the previous chapter had output admittances with 
negative real parts, but a proper choice of load admittance prevented oscil- 
lation. Although the negative resistance criterion is particularly useful in 
explaining microwave oscillators that use negative resistance diodes (tunnel, 
Gunn, IMPATT, and TRAPATT diodes), it can also be applied to oscillators 
with two-port active devices. The theory of one-port or ““negative-resistance 
oscillators” is discussed in the next section. 

While any oscillating circuit meets all of these criteria, one of them may be 
easier to apply to a particular oscillator than the others. For example, a 
feedback path exists in a Gunn diode oscillator, but finding it requires a 
traveling-wave analysis instead of conventional circuit theory. Similarly, 
negative resistance is present in a feedback oscillator, but explaining such a 
circuit in terms of negative resistance may be artificial and difficult. 


5-2 Negative Resistance Oscillators 


A device that converts electrical energy to heat or mechanical energy can be 
represented in a circuit by an equivalent positive resistance. On the other 
hand, a device that turns other forms into electrical energy can be represented 
as a negative resistance. In a simple dc circuit containing a battery and a load 
resistor, for example, the resistance that would be calculated if Ohm’s law 
were applied to the voltage and current at the battery terminals (with proper 
regard to sign conventions) is negative. This means that the battery is a source 
of electricai energy rather than a sink. 
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Tunnel diodes, Gunn diodes, unijunction transistors, and certain com- 
binations of two or more transistors [1] are capable of absorbing power at 
direct current and converting part of the absorbed power to sinusoidal output 
at higher frequencies. These devices thus display a negative resistance over 
some finite bandwidth. 

Figure 5-1 presents a typical voltage-controlled (voltage-stable) negative 
resistance output characteristic for an active diode. The static resistance of 
the device is v/i and this quantity is always positive; hence the diode always 
absorbs power at direct current. On the other hand, the small-signal or 
incremental resistance r, = dv/di, is positive in regions O-a and b-c but 
negative in region a-b. If the device were biased at point Q, any ac signal 
applied to the diode would see a negative resistance and oscillations could 
develop. 

To make an oscillator, a parallel-resonant circuit with components L, C 
and R, is connected across the negative resistance as in Fig. 5-2. Thermal 
noise causes oscillations to start. The operating point will swing on either side 
of Q and the instantaneous diode incremental resistance may become positive 
over part of each cycle when the amplitude of oscillation becomes sufficiently 
large. Let the diode negative resistance averaged over one cycle be called R,. 
If the rms voltage across the diode is V, the load absorbs V’/R, and the diode 
delivers V7/|R,| watts. If the power delivered is greater than the power 
absorbed, the amplitude of the oscillations will increase. On each cycle this 


Fig. 5-1 Voltage-stable negative resistance characteristic. 


oscillator. 
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will drive the diode farther into the regions around points a and b where In| 
becomes very large. This will increase |R,,| and decrease the power delivered 
until equilibrium is established. 

Mathematically, [2], the instantaneous voltage v across the parallel ele- 
ments in Fig. 5-2 is given by 


v(t) =e “(B, cos wat + By sin wat) (5-1) 


where B, and B; are constants, 
1 


CHER G Sead. 
1 
——— 5-3 
NES Bie 
gfe 03 (5-4) 
The effective resistance of R, and R, in parallel is R, where 
R eae [Ral R (5-5) 


R,+R, —|R,|+R, 


For R, greater than |R,|, R and a are negative and the amplitude of v(t) 
increases with time. For R, less than |R,|, R and a are positive and the 
oscillations decay. When R, equals |R,,|, these equations break down, but the 
circuit maintains a steady-state sinusoidal voltage. 

Since the input resistance of the tank circuit decreases on either side of 
the resonance frequency, the circuit of Fig. 5-2 has the greatest likelihood of 
oscillation at the resonance frequency of L and C. In practice, oscillations 
may occur anywhere in a band of frequencies determined by the Q of the 
tank circuit, and for this reason the output spectrum of a negative resistance 
diode oscillator is insufficiently clean for use at radio frequencies. At 
microwave frequencies, cavity resonators can provide unloaded Q values in 
the 10,000 to 20,000 range, and these are commonly paired with negative 
resistance diodes to make very good oscillators. In the frequency range 
covered by this text, feedback oscillators are superior. 

Although the analysis presented in this section is quite simplified (e.g., 
energy storage effects cause the instantaneous operating path of the negative 
resistance device to differ from the static characteristic), the conclusions 
reached are valid for oscillator circuits in general. In a feedback oscillator the 
negative resistance will be evident only as an alternating current parameter of 
the circuit, but before oscillations can start the load resistance must be greater 
than the magnitude of the negative resistance. Under steady state conditions 
the two become equal; ideally, this can occur at only one frequency. 
Remembering these conditions will help the reader visualize the buildup of 
oscillations in the feedback circuits that follow. 
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5-3 Feedback Oscillators 


The circuits shown in Figs. 5-3 through 5-6 represent the most common 
feedback oscillators. They usually employ a junction transistor operating in 
the common-base configuration, but other transistor connections and other 
active devices (FETs or operational amplifiers) can be used. For improved 
frequency stability, quartz crystals may be substituted for one of the circuit 
reactances. 

For analysis as a feedback system, the Colpitts oscillator of Fig. 5-3 has 
been redrawn in Fig. 5-7 as a gain element, a load, and a feedback network. 
Capacitor C; is sometimes added for ease of tuning and R, minimizes the 
effects of varying transistor input admittance. A voltage V; at the transistor 
input port produces an output voltage V,. The complex voltage gain V/V; is 
determined by the transistor parameters together with the total load presented 
to the output port. The total load is the parallel combination of the “load 
block’’ admittance and the admittance looking into terminal 3 of the feedback 
network. 

For stable oscillation the feedback circuit must deliver the voltage V; back 


Fig. 5-3 Colpitts oscillator. 


Fig. 5-4 Hartley oscillator. 
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Fig. 5-5 Tuned-output oscillator. 


fain 


Fig.5-6 Tuned-input oscillator. 


Fig. 5-7 Colpitts oscillator separated into functional blocks. 


(Feedback) 


(Load) 
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to the transistor input. This requires a gain of unity and an effective phase 
shift of 0° (0, 360, and 720°, etc.) around the loop 1-2-3-4-1. The circuit will 
oscillate at the frequency (or frequencies) that produces this phase shift, 
provided that the loop gain before oscillations start is greater than 1. Ideally, 
the frequency of oscillation would be determined by L, C;, C,, and C2, but the 
input and output susceptances of thé transistor and the phase angle of its gain 
can have an appreciable effect.’ Once begun, oscillations begin to grow in 
amplitude until the transistor is in saturation and cut off during part of each 
cycle and the loop gain averaged over each cycle is one. 

Although any one of the three transistor or FET terminals can be ‘‘groun- 
ded,’ most oscillator circuits utilize common-base, common-emitter, com- 
mon-gate, or common-drain circuits, With junction transistors the common- 
base configuration is generally preferred for RF oscillators because (1) feed- 
back within the transistor is minimized, allowing better control of the overall 
feedback by external circuit elements, and (2) the current gain has little phase 
shift and is nearly constant in amplitude up to a frequency of about f,/2 = f7/2. 
In the common-emitter configuration, on the other hand, the current gain (B) 
drops off at a 6dB per octave rate in the upper RF region and its phase shift 
approaches 90°. The resulting frequency dependence of transistor gain and 
phase shift with frequency is a practical disadvantage in a tunable oscillator 
and complicates the analysis of a fixed-frequency circuit. 


5-4 Oscillator Design Techniques 


Oscillator design is more of an art than an exact science. The circuits used 
reach steady-state operation only when a transistor has been driven so far 
into nonlinear operation that its gain averaged over each output cycle drops to 
a small fraction of the nominal small-signal value. Data sheet tabulations of 
transistor parameters define only the initial conditions of an oscillator circuit; 
the transitional and final values are usually unknown. Equivalent circuits and 
most of the analytical tools of circuit analysis are based upon linearity, a 
condition that does not exist in most oscillators. This means that the steady- 
state operating conditions of an oscillator in general cannot be predicted 
accurately by simple mathematical techniques. 

In order for oscillations to start, the output of an amplifying device must 
be fed back to the input with gain greater than unity and with a phase shift of 
0° or some multiple of 360°. In an ideal oscillator circuit this can occur at only 
one frequency; this will be the frequency of oscillation. If the phase shift 


In the common-base configuration, for example, a = a,/(1 + jf/f,). 
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through the feedback network and transistor is independent of the transistor 
operating conditions, the frequency of oscillation will be the same at steady 
state as it was when oscillations began and it may be predicted accurately by 
small-signal analysis of the initial circuit. It is also possible to predict the 
minimum transistor gain that will initiate oscillation, but this and the operating 
frequency are about all that small-signal analysis can yield. 

Frequency dependence of passive component values is another com- 
plicating factor. Capacitors larger than a few hundred picofarads tend to look 
inductive above about 10 megahertz, and stray capacitance between turns 
may cause inductors to become capacitive. These effects are difficult to model 
in conventional circuit theory, and they may allow a circuit to satisfy the 
conditions for oscillation at frequencies that are not predicted by circuit 
analysis. A practical result is that a circuit which looks good on paper may 
oscillate simultaneously at the intended frequency, at a low frequency 
(“motorboating’’) and at one or more high frequencies (“parasitics’’). Usually, 
these can be cured by employing high-quality inductors [3,4,5] and by 
connecting small (100 to 300 pF) capacitors in parallel with all bypass and 
coupling capacitors. At frequencies where the larger capacitors become 
inductive, the small ones provide effective short circuits. In extreme cases, 
ferrite beads may have to be slipped over the transistor leads to kill VHF 
oscillations. 

Circuit analysis of an oscillator is thus only the beginning of the design 
process. It will yield values for perhaps all of the frequency-determining 
components in the circuit, but it can say little or nothing about such things as 
power output, efficiency, waveform purity, frequency stability, and sensitivity 
to temperature and supply voltage variations. These points are most often 
resolved by taking the small-signal computations as a starting point, and then 
building the circuit and adjusting component values until the desired per- 
formance is achieved. Many designers have a few “pet” oscillator circuits 
that they adapt to meet changing performance requirements. In the next 
section the design process will be illustrated for the common-base Colpitts 
oscillator. 


5-5 Colpitts Oscillator Analysis and Design 


The common-base Colpitts circuit was chosen for this discussion because it is 
used frequently as an RF oscillator. It offers the advantages of operating 
nearly up to the f, of the transistor (achieved by the common-base configura- 
tion) and avoiding a tapped inductor (as used in the Hartley oscillator circuit). 

In the small-signal analysis, the transistor will be modeled by the 
equivalent circuit of Fig. 5-8. This is derived [6] from the hybrid-pi model. Its 
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Fig. 5-8 Transistor equivalent circuit used for Colpitts oscillator analysis. (From 
Searle, Boothroyd, Angelo, Gray, and Pederson, Elementary Circuit 
Properties of Transistors, John Wiley & Sons, Inc., New York, Copyright 
© 1964. Reprinted by permission.) 


validity has been questioned; however, it yields answers that are in reason- 
ably close agreement with experimental results for most oscillator circuits. 

The complete oscillator circuit appears in Fig. 5-9. Here R, is the load 
resistor; C; is a tuning capacitor used for frequency adjustment; C, and C; 
determine the feedback ratio; R, stabilizes the circuit against variations in 
transistor input impedance; Rg, R, and R; establish the bias conditions (Q 
point), and L, is the tank circuit inductance. Note that L, is effectively in 
parallel with R,, C;, C., and the series combination of C; and C,. The RF 
choke in the emitter lead prevents RF power dissipation in Rg. Capacitor Cp 
shorts the base to ground at the operating frequency, and Cc is a low- 
impedance coupling capacitor that keeps direct current out of the load. The 
series resistance r,. of the coil L,; is important in circuit operation; it is best 
included by defining an equivalent parallel resistance R, = Q,r, (Q, is the coil 
Q) and representing the coil as R, in parallel with a lossless inductor with an 
inductance equal to L,;. Resistor R, should be made large enough (on the order 
of 100 ohms) to swamp out the transistor input inductance. This simplifies the, 
analysis and reduces the dependence of the operating frequency on the 
transistor parameters at the expense of some RF power loss in R,. To 
facilitate the analysis, define 


R,R 

a eA END ra 
R, RiP R: R,||R, . (5-6) 
R;=R. +r. (5-7) 


Introducing the equivalent circuit for the transistor and assuming that (1) 
the reactance of the RF choke is infinite and (2) the reactance of Cg and C, 
are zero yields the equivalent circuit of Fig. 5-10, in which the fictitious 
source I; represents the momentary noise pulse that initiates oscillation. In 
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Fig. 5-9 Practical Colpitts oscillator circuit showing all components. 


Voc 
© 


terms of admittance parameters g;=1/R; and g,=1/R,, and for complex 
frequency s, the node equations of the circuit take the form: 


al _ | gits(Ci + C,) SC} Mi (5-8) 
0 — ag; — sC gr + s(Ci+ C, +O) + Vo 
t 
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In terms of the network determinant A(s) and its cofactor Aj;(s), the 
output voltage is V, = IsAj2(s)/A(s). 

With an infinitesimal noise pulse J; at the input, finite output V, results if 
A(s)=0. Hence setting A(s)=0 provides the criterion for the onset of 
oscillation. Thus 


A(s) = gi + s(Ligigi + Ca) + s*(LigiCy + 19,C,'—L,Ciag;) 


+ S°(L,.C,C, — LC) 0 (5-9) 
where 
Coa GG | (5-10) 
and 
Cy = Ci+ Cot Cr-. (5-11) 


If the conditions for oscillation are satisfied, (5-9) will have a complex- 
conjugate pair of roots in the right half of the s plane. The limiting conditions 
for the onset of oscillation occur if the roots lie on the jw axis. Hence these 
conditions are determined by solution of (5-9) with s = jw. When this sub- 
stitution is made, the even-power terms represent a real quantity, and the 
odd-power terms an imaginary quantity. These separately must equal zero if 
A(VUjw) vanishes. Thus 


Re A(jw) = gj — w° L, (Cog; + Cag: — Ciagi) = 0 (5-12) 
and 
Im A(jw) = Ligigi + Ca — @’ L(CaC, — C1’) = 0 (5-13) 


Since (5-12) contains both a and w as unknowns whereas (5-13) contains 
only w as an unknown, the solution of (5-13) yields the oscillation frequency 
@, = 27f,. This value can then be substituted into (5-12) to obtain the minimum 
value of a required for oscillation to start. This process results in the relations: 


2_ &8i + (C,/ L;) 


SECT ER co 


or, after substitution of the values for C, and C;, 


5 1 1 
a 
L,[C, + Cy +(C1C2/C,+ C2)] RpRil(C; + C.)(Ci + Cr) + Ci C2] 
ee FS 


This term is due to the This term is due to the 
LC tank circuit. transistor and load. 


Wo 


(5-15) 


The first term in (5-15) should predominate, so that changes in loading, 
transistor Q point, and so on, will not affect the oscillation frequency f,. Note 
that high coil Q and minimum loading will increase R, and decrease the 


138 / Sinewave Oscillators 


magnitude of the second term. By rewriting the denominator of the second 
term as 


R.RAC, + C)(C; Ear pers ncabor ) 


Cie, 
it becomes apparent that if this term is to to be minimized, the condition 


L, < R:Ri(C; + C2) 


1 
Dee 
mC I (CIC G)) 


must be satisfied. Then 


(5-16) 


and the circuit oscillates at a frequency determined essentially by L, in 
parallel with the effective capacitance that results from the parallel com- 
bination of C;, C,, and C, and C; in series. 

The operating frequency is one of the two things that small-signal analysis 
can determine for an oscillator circuit. The other is the minimum gain neces- 
sary for oscillations to begin. 

The solution of (5-12) for a with w = a, yields 


C;+G, . R; GC 1 
yy pane e | fs een : 
Cabs = LE ee a eenc (5-17) 
With the assumption that w,” has the approximate value given in (5-16), Q@min 
can be written as 


a= 1 + Bl 2) =e et a) " 
Qo I CC URNG CS 1+(GJC) Ita (5-18) 


In order for oscillations to start, the a of the transistor should be greater than 
Q@min- This is not a serious restriction; with modern transistors it would be hard 
to find a device with insufficient gain so long as (1) the operating frequency is 
at or below f,/2 and (2) R, is greater than about 1000 ohms. 


Practical Design Procedure for High-Resistance Loads 


Usually, oscillator design is built around two major requirements: the 
frequency of oscillation f, and the power P, (or voltage or current) that must 
be delivered to a specified load resistance. These provide obvious guidelines 
for transistor selection, since the device must be able to amplify at the 
operating frequency and must be capable of handling the required power 
dissipation. Consider the power problem first. 

The transistor in a common-base Colpitts oscillator behaves like a current 
source in parallel with (1) the equivalent parallel resistance of the tank coil R,, 
(2) the transformed value of the effective emitter resistance R;, and (3) the 
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load resistance R,. If this combination is called R,, then 


1 


Ro = GR) + (IN?R) + CIR) 


R,||N7Ril|Rr (5-19) 


where N is the “turns ratio” of the capacitive voltage divider. (See Chapter 3 
for a discussion of capacitive voltage dividers.) 

Consider the idealized output characteristic in Fig. 5-11. Under quiescent 
conditions the transistor operates at Icg and Vcgg. The dynamic load line 
passes through the point (Vcsq, Icg) and has a slope of 1/R,. The quiescent 
point is determined by the biasing network, and it lies on both the static and 
the dynamic load lines. If the variations in ic and vcg are sinusoidal when 
oscillations occur, the operating point moves on a dynamic load line with 
slope —1/R,. During each cycle the collector current ranges between 0 and 
some peak value J, and the collector-base voltage varies between 0 and a 
maximum value V,. It can be shown by analytic geometry that 


V5 = Vcso =. IcQ@Ro 2 (5-20) 
Vcsq 
jek lyr Ip Ico + R. : (5-21) 


pee If the operating point is chosen so that Vcgd/Icg = Ro, then V, = 2Vcgq and 
I, = 2Ico. Assuming that ic varies sinusoidally between 0 and J,, the rms value 
oh of the sinusoidal component of the collector current is 0.707Ico. 


Fig. 5-11 Idealized transistor output characteristic for Colpitts oscillator 
design. 


Static load line 
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Under conditions for maximum power transfer to the load, 


Ne Adal = 2R. 
RvR: + NR, or R, = R,||N°R; (5-22) 
and R, = R, /2. Then the power delivered to the load is given by 
P inex leg (5-23) 


If the operating point does not shift during oscillation, the direct current 
power drawn by the transistor under these conditions is 


z 

Pac = Veralce = Teg’ Ro = “Rr (5-24) 
The maximum efficiency predicted by this analysis is 25 percent. Therefore, 
step 1 in Colpitts oscillator design is to choose a transistor capable of 
dissipating at least 4 times the desired output power. The transistor also 
should be capable of handling the required current and voltage swings. If the 
selected transistor also has an fr that is at least twice the intended operating 
frequency, sufficient gain to initiate oscillations is assured, provided that 
(5-18) is satisfied. 

Once a transistor has been chosen, the biasing network should be design- 
ed. It should incorporate a large Re and a relatively large bleeder current to 
minimize operating point shift. Suitable bypass capacitors should be included. 
In many practical circuits Rz is effectively bypassed by C, and an RF choke is 
unnecessary. 

The total tank capacitance C, should be chosen next. It is given by 


CoaiGere CC, (5-25) 
where 
ewe Cis 
a CC: (5-26) 
If an overall tank circuit Q of 50 is desired, then 
PSO 
C.= Inf,R, (5-27) 
This calculation also determines L,: 
1 
MO OnpyC Cee) 


Instead of winding a coil to give this value of inductance, the designer may 
wish to use a standard inductor or a coil already on hand. In that case it is 
possible to start with L, and work backward to C,. Either way, the coil to be 
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used for L, should be secured at this point in the design process and its Q 
measured. The Q determines R, which, along with R, and R;, specifies N. 
For a typical transistor, 


1 
le ~ 79 Es (5-29) 
and R; = R, + r.. For maximum power transfer to the load, 
R,R 
N= nce 5-30 
R(R, - Rp ites 


Note that Rp must be greater than R_. 

The next step in the design is to choose C;, Ci, and C>. Using an estimated 
value for C, (usually only a few picofarads), (5-25) will yield C, + Cy. It is 
convenient to choose a midrange value of an available variable capacitor for 
C;. Then 


Gi=C.— G—G; (5-31) 
The values of C, and N determine C, and C). 
. NG; 
Ci= Nau (5-32) 
C,= NC, (5-33) 


To facilitate circuit adjustment, C; is often realized with a variable capacitor. 
Equation (5-33) is an approximation that is valid if #,C,R; is greater than 10. 
See Table 3-6.1. 

The reader should note that the design procedure outlined here and in the 
following section is approximate and a circuit so designed will require some 
adjustment to optimize its performance. This is because (1) linear transistor 
operation and sinusoidal voltages and currents were assumed throughout, and 
(2) many transistor parameters were ignored. Nevertheless, this procedure 
will yield working oscillators based upon average data available to the 
designer. 


Example 5-5.1. Requirement: Design a 10-MHz Colpitts oscillator that will 
deliver 15 mW to a 5371-ohm load resistance.” 


Solution. A transistor is required that will dissipate at least 60 mW and 
that has an fr of at least 20 MHz. A type 2N3866 silicon NPN device was 
chosen from available stock. 


This happened to be the measured value of an available 5000-ohm 10 percent tolerance 
resistor at 10 MHz. 
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By (5-23), Ico = V8P/R, =4.7mA. This makes R, = R,/2 = 2686 ohms 
and Voge = IcgR, = 12.7 volts. 


For L, an existing coil was selected that had an inductance of 1.2 WH and 
an equivalent parallel resistance of 11.3 kQ. Both quantities were measured at 
10 MHz with an R-X meter and correspond to a Q. of 150. 

For an Icg of 4.7mA, equation (5-29) indicates that r. is about 5.3 ohms. 
Arbitrarily choosing R, as 44ohms makes R; = 49.3 ohms. Then by (5-30), 
N = 14.4. Since L, is already known, (5-28) requires that C, = 211.1 pF. To fall 
within the range of an available variable capacitor, C; was chosen to be 
218 pF. By (5-32), C, should be 2923 pF. These values make C, = 203 pF. To 
satisfy (5-25), a 2-20 pF variable capacitor was selected for Cy. 

In the bias network design Re was arbitrarily chosen to be 700 ohms. This 
yielded 16.9 volts for the supply voltage Vcc: 


Vec = Vso +; Vero a Tco(R. UF Re) = 16.9 volts 


If we assume a transistor dc current gain of 50 and a bleeder current of 1 mA 


Fig. 5-12 Colpitts oscillator designed in text example. 
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in R>, then R; should be 12 kM and R; should be 3.7kQ.. Bypass capacitors Cg 
and Ce were chosen as 0.0033-F ceramic discs. 

The complete design is shown in Fig. 5-12. A prototype circuit was 
constructed with C, = 2842 pF (This measured value was the closest available 
to the design value of 2923 pF). With Vcc = 17 volts, the transistor operated at 
Icg =4mA and delivered 23.2 volts peak-to-peak to a 5371-ohm load. This 
corresponded to a load power of 12.5 mW, about 0.8dB below the goal of 
15 mW. A full 15 mW was achieved by raising the supply voltage. To suppress 
VHF parasitic oscillations, it was necessary to parallel C. with a 220-pF 
ceramic disc capacitor. 


Low-Resistance Loads 


When load resistance R, of Figs. 5-9 and 5-12 is smaller than about 
1000 ohms, satisfactory operation is difficult to obtain. For better results, 
low-resistance loads should be connected in parallel with C, through a 
suitable blocking capacitor, as in Fig. 5-13. This circuit is inherently less 
efficient than the previous one because the power dissipated in the coil 
resistance is approximately twice the power delivered to the load. 

The design procedure for this type oscillator is similar to the one developed 
for the Colpitts circuit with a high-resistance load. First, Ry and the effective 
transistor input resistance R; are in parallel, and the transistor output circuit is as 
shown in Fig. 5-14. 

To insure sufficient base drive to maintain oscillations, let R; equal R;. 
Under this condition, the maximum power transfer to the load occurs when 


2 
Ree N°Rt (5-34) 
2 
and N is given by 
= 2R, | 
N= R, (5-52) 


If (5-34) is satisfied, the load receives only one-fourth of the transistor output 
power. Half goes to R, and the other fourth goes to R;. In the high-resistance 
Colpitts connection, the load received one-half the transistor output power 
and the transistor dissipated four times the load power. Therefore, a transistor 
used in the low-resistance Colpitts connection must be capable of dissipating 
8 times the load power. By the same dynamic load line argument used to 


3Obviously, this sacrifices efficiency for the sake of base drive. 
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Fig. 5-13 Colpitts oscillator for low-resistance loads. 
tVic 
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Fig. 5-14 Effective output circuit of the Colpitts oscillator for low-resistance 
loads. 
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describe the high-resistance case, the transistor operating point is given by 


Pi 
Teg = 4 R (5-36) 
iL 
Vong = *2a%e (5-37) 


Colpitts Oscillator Analysis and Design | 145 


Once the operating point is determined, a bias network can be designed. It 
should be emphasized that since R, is crucial to the whole process of 
designing this oscillator, a coil should be selected first and R, measured. 
This, of course, fixes the value of L, that will be used in later calculations. 

Values for C; and C, are determined by following the low-Q, side of Table 
3-6.1 using the coil Q for Q,. The total tank capacitance C;, is given by 


| z 
C= are (5-38) 
Wo Lt 


The value of C, is determined by the tuning capacitor C;, the transistor output 
capacitance C,, and the effective capacitance C of the capacitive voltage 
divider. After C; is chosen and C, is estimated, C can be determined. 


Gi=1C;—G, 1G; (5-39) 
Table 3-6.1 then yields C, and C), completing the design. 


Example 5-5.2. Design a 10-MHz Colpitts oscillator that will deliver 5 mW 
to a 50-ohm load. 


Solution. The 2N3866 transistor and 1.2 4H coil used in the previous 
example will be used here. 

By (5-36) and (5-37), Icg is 2.66 mA and Vcgg is 15.03 volts. The complete 
design is shown in Fig. 5-15. As designed and tested by the authors, the circuit 
delivered nearly 10 mW to the load. Seven individual transistors representing 
six greatly different silicon NPN types were tested; the resulting power 
outputs ranged from 8.1 to 29 mW. Slightly higher values of C; were required, 
indicating that the design of Fig. 5-15 underestimated the transistor output 
capacitance. In all cases it was easy to reduce the oscillator output to the 
required 5mW by lowering the supply voltage; the same effect could have 
been achieved with a dropping resistor in series with a 12.5 volt supply. These 
results indicate that the simplified design procedure outlined here is con- 
servative; it underestimates the oscillator output power. 


5-6 Other Oscillator Circuits 


Many types of transistor oscillators have been developed during the past 25 
years, and a book could be written on oscillator circuits alone. Each circuit 
type has its proponents, and the available oscillators differ in frequency 
stability, ease of tuning, frequency pulling (oscillator frequency variations 
with changing load impedances), and so forth. Sample circuits with com- 
ponent values specified frequently appear in handbooks, and companies often 
have a file of standard designs as starting points for their engineers. An 
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Fig. 5-15 Example of Colpitts oscillator circuit for low-resistance loads. 
Yoo =12.5V 


Cf 
20-200 pF 


0.018 uF 


oscillator designed for one frequency can usually be modified for operation at 
another frequency by scaling the frequency-determining components if the 
transistor frequency or power limits are not exceeded. Obviously, the smaller 
the frequency change involved, the greater the probability of success in such 
a redesign. This section presents several transistor oscillator circuits and 
discusses their more important characteristics. 

The Clapp oscillator, shown in Fig. 5-16, is a variation of the Colpitts 
circuit with the tank coil replaced by the series combination of L, and C,. 
Tuning is done with C,, which varies the net inductive reactance of the L, — C, 
branch. Since C, and C; are not varied, the feedback ratio is independent of 
tuning. Frequency stability is improved because the reactance of the lye, 
branch varies more rapidly with frequency than that of a single inductor. 
Tank circuit resonance occurs when the reactance of L, is equal to that of 
C;, C,, and C2, in series. The oscillator can be tuned electronically or 
frequency-modulated if a varactor replaces C,. The output can be taken from 
points E or C, but point E is preferred because it provides lower output 
impedance. As in the Colpitts oscillator, the capacitor Cg must be chosen 
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Fig. 5-16 Clapp oscillator circuit. 
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carefully to make sure that it provides a low-impedance bypass to ground for 
the base of the transistor, that is the capacitor should be operating at or below 
its self-resonant frequency. As a practical matter, if such an oscillator appears 
to be overdriven and has bad output waveform, a reduction in the size of Cz 
will sometimes correct the undesirable behavior. 

Figure 5-17 shows a modified Clapp oscillator that is interesting because 
no terminal of the transistor is grounded. It was designed for use around 
100 MHz, and C, actually consisted of a varactor circuit for frequency 
modulation. Capacitors C,; and C, have values on the order of 130 pF, the 
exact values being determined by the desired oscillation frequency. 

In the JFET oscillator shown in Fig. 5-18a, both the input- and output- 
tuned circuits operate below their resonance frequencies so that they have 
inductive impedances Z, and Z,. Feedback capacitor C; augments the C,q of 
the JFET. The equivalent circuit of Fig. 5-18b may be used to demonstrate 
the conditions for oscillation. If the oscillator is viewed as an active one-port 
network connected to Z,, the network terminal impedance Z, can be deter- 
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Fig. 5-17 A modified Clapp oscillator circuit. 


Fig. 5-18 Tuned-input tuned-output JFET oscillator. (a) Schematic diagram; (b) 
simplified equivalent circuit, and (c) one-port network representation. 
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mined by assuming an input voltage V,, and calculating [. Thus 


V Ss Snlla V 
ee pS Oe NS ONAL ee 
t Za + Z; eral) 


and 


Ve Za; 
Z, = = Z 
PO Te a ler g Za oe 1, 


If |Z,|>|Za|, Z; dominates the numerator and gives it a phase angle of nearly 
—90°. Since Z, is inductive, the phase angle of the denominator is between 0 
and +90°. The impedance Z,, thus lies in the third quadrant and appears as a 
negative resistance in series with a capacitive reactance. When Z, is con- 
nected to Z,, oscillations will result. At steady state, Z, and Z, will be 
complex conjugates. 

Figure 5-19 shows a transformer-coupled oscillator that uses a differential 
amplifier with constant-current bias. With L;=10wH, M =0.2 WH, and a 
coefficient of coupling k = 0.33, the frequency of oscillation is approximately 
1.6 MHz. With this degree of coupling the minimum £ of the transistors is 
specified at 100. 


Fig. 5-19 Differential-pair oscillator. 
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5-7 Maximum-Efficiency Oscillators 


Transmitters used in air-sea rescue beacons or in sending biotelemetry data 
from free-ranging animals are designed for minimum power consumption. 
They require oscillators that deliver a maximum RF output for a minimum dc 
power input. Trout [7], Houselander et al. [8], and Vehovic et al. [9] have 
developed design procedures and formulas that maximize oscillator efficiency 
and should be useful for such applications. 

The process requires that several large-signal transistor parameters be 
measured. Unfortunately, these measurements require highly sophisticated 
instruments and are difficult to make. The nonlinearities inherent in large- 
signal transistor operation produce a plethora of harmonics, intermodulation 
products, and other spurious signals that tend to defeat most test equipment. 
The interested reader should consult the references cited. 


5-8 Crystal-Controlled Oscillators 


Quartz and certain other crystalline compounds display a reciprocal relation- 
ship (called the piezoelectric effect) between mechanical deformation along 
one crystal axis and the appearance of an electric potential along another axis. 
Deforming a crystal will separate charges and produce a voltage; conversely, 
an applied voltage will deform the crystal. If the applied voltage is sinusoidal 
with a variable frequency, a crystal will go into mechanical oscillation and 
exhibit a number of resonance frequencies. Near a resonance an oscillating 
crystal has the terminal characteristics of an L-C network with an extremely 
high Q. As such it may replace part of the frequency-determining network in 
an oscillator and significantly improve the oscillator’s frequency stability. 
Crystal-controlled oscillators (usually called crystal oscillators) are used 
where required by law (e.g., in broadcast and citizens band transmitters), 
where operation on only a few frequencies is anticipated (as in amateur VHF 
transceivers), and where space is a problem and a bulky tuned circuit 
conveniently may be replaced by a more compact crystal (as in telemetry 
transmitters). 


Circuit Properties of Quartz Crystals [10] 


A crystal can vibrate in a number of mechanical modes. The mode with the 
lowest-resonance frequency is called the fundamental; higher-order modes 
are called overtones. Electrically, at each mechanical resonance, a crystal 
behaves like a series-tuned circuit with a large inductance and a high Q. The 
inductance resonates with a dynamic capacitance determined by the elasti- 
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city of the crystal. These series circuits for all of the resonances are in 
parallel with each other and with the static capacitance created by the quartz 
block itself and by the metal plates that make electrical contact with it. 

Figure 5-20 illustrates the symbol for a crystal and the equivalent circuit 
for a single mode. Branches representing the other modes may be assumed to 
be operating so far from resonance that their effects are negligible. In the 
notation of the figure, series resonance occurs at 


1 


s SS 5-42 
ji 2aV LC, aa 
and parallel resonance occurs at “5 
C, 
ee f.(1 + 7) (5-43) 
The frequency separation between resonances is given by 
C 1/2 
af = f,-f.=f.[1-(1+ 2) | (5-44) 
Dp 


Series resistance R, accounts for the power dissipated in heating the crystal. 
It determines the Q of the equivalent circuit, given by 


wee Thales 
Q= Rap (5-45) 


Usually, f, is less than 1 percent higher than f,, and a crystal exhibits an 
extremely rapid variation of reactance with frequency in the band between f, 
and f,. When a crystal is used in an oscillator circuit, this high rate of change 
of impedance with frequency stabilizes the oscillator frequency because any 


significant change in operating frequency will cause a large change in the: 
feedback loop phase shift and prevent off-frequency oscillations. 


Fig. 5-20 Crystal symbol and equivalent circuit. 
Ls 


Rs 
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Figure 5-21 displays the measured terminal impedance of a representative 
fundamental-mode quartz crystal. Calculated equivalent circuit component 
values for this unit are C, = 29 pF, C, = 0.054 pF, L, = 0.0548 H, R, = 15 ohms, 
and Q = 67,173. These values are typical. 

Manufacturers specify crystal resonance frequencies for either series or 
parallel resonant operation. The frequency given for parallel resonance is 
measured with a specified external shunt capacitance. This is called the “load 


Fig. 5-21 Measured terminal impedance of a nominal 2925-kHz fundamental- 
mode crystal. 
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capacitance”; the most common value is 30 pF. If the load capacitance is 
connected in series with the crystal, the combination will be series resonant at 
the nominal parallel-resonance frequency. 

Crystals intended for oscillator frequencies up to about 15 MHz normally 
operate in the fundamental mode and may be used in either series or parallel 
resonance. Above 15 MHz an overtone mode is used; this is always series- 
resonant. The highest frequency that can be obtained with an overtone crystal 
is about 150 MHz; to obtain crystal control at higher frequencies, a lower 
frequency oscillator must be followed by one or more frequency multiplier or 
mixer stages. Overtone crystals are labeled and calibrated for the mode in 
which they are to be used. For example, a 90-MHz crystal might be resonant 
in the third overtone. A circuit designer would know that the crystal was 
series resonant at 90 MHz but would not be concerned about which overtone 
was used or what the fundamental frequency was. 

In many crystal oscillator circuits the operating frequency lies between the 
crystal series and parallel resonance frequencies and the crystal reactance is 
inductive. To satisfy the conditions for steady state operation, the rest of the 
circuit must see a particular value of reactance at the crystal terminals, and 
the operating frequency is the frequency at which this reactance appears. This 
means that the same oscillator may oscillate at slightly different frequencies 
with supposedly identical crystals. For applications in which precise 
frequency control is essential, the crystal frequency may be adjusted slightly 
(a process called “netting the crystal”) by the addition of parallel or series 
trimmer capacitors (see Fig. 5-22). The parallel capacitor lowers the parallel 
resonance frequency; it has a proportionally greater effect on the parallel- 
resonance frequency than an external series capacitor has on the series- 
resonance frequency. In most crystals C, is so small that an external series 
capacitor has almost no effect on the capacitance seen by L,. 


Fig. 5-22 Trimmer capacitors for frequency correction. 
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Crystal Oscillator Circuits 


One of the most commonly used oscillator circuits is the Pierce oscillator, 
shown in Fig. 5-23. This is basically a common-source Colpitts circuit with the 
crystal (inductive) forming a resonant circuit with Co, Cp, and the internal 
capacitances of the FET. The circuit can be tuned by varying both Cg and Cp, 
or by adding a small variable capacitance across the crystal. Only slight 
variations in frequency are possible with any one crystal because f, and f, are 
so close together. The RF load resistance is Rp; it could be bypassed with an 
RF choke if necessary to keep direct current out of the load. The blocking 
capacitor Cz is intended to be a short circuit to RF. The Pierce circuit lacks 
an inductor, and its frequency may be changed without retuning by replacing 
the crystal. This is important in applications that require transmitters and 
receivers that are capable of rapid switching between several crystal-con- 
trolled channels. 

Analysis of the Pierce oscillator provides a valuable insight into the 
frequency- and amplitude-determining mechanisms that operate in all oscil- 
lator circuits. For analysis it is convenient to redraw the oscillator around the 
FET equivalent circuit as in Fig. 5-24 and then to lump associated com- 
ponents into admittance groupings as in Fig. 5-25. 

If the circuit of Fig. 5-25 is viewed as a negative resistance oscillator with 
admittances Yy and Y; connected in parallel, steady state oscillations will 
occur when 

Y;+ Yn =0 (5-46) 


Fig. 5-23 Pierce oscillator circuit. 
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Fig. 5-24 Pierce oscillator equivalent circuit. 


Fig. 5-25 Pierce oscillator equivalent circuit with elements grouped for 
analysis. 


To determine Yy, assume an applied voltage V,, and solve for the current J, 
which flows. Thus 


Ves = IZ. 7 Ti — Yfs ViagZe (5-47) 


Ves(1 + yisZo) 
= -4 
t Lowes On) 


and 


LT _1+ y,Zo (5-49) 


Ni Vin Za: 


The condition for steady state operation is then 


1+ y,,Z 
E SOE MBE ba 
Yit> Z. 0 (5-50) 


Equation (5-50) can be solved for the steady state value of y,, if the other 
circuit parameters are known. For practical purposes sufficient accuracy may 
be obtained by assuming y,, = g;, + jO and solving the real part of (5-50) for g;,. 
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1+ 2,,Z, 
, ee DISS O)\' e 
G+ Re( 72s) 0 (5-51) 
A trial and error solution to (5-51) on a hand calculator will generally converge 
rapidly. 

When the circuit of Fig. 5-23 is first turned on, the FET is biased at Vz, = 0 
and has a zero-bias transconductance of sso. Oscillations will begin ([12], p. 
254) if 1 1 
8fso > Ro aS Ri (5-52) 


Once the oscillations start, v,, grows and 8s decreases from g,,. until it 
reaches the value satisfying (5-51). In this particular circuit the amplitude- 
limiting mechanism is relatively easy to understand. Positive excursions of Ves 
are limited to the value that will forward-bias the gate-source diode, about 
0.6 volts. Short of breakdown there is no limit to the negative excursions of De 
and the negative peaks of v,, are, therefore, much larger than the positive 
peaks. As oscillations begin and v,, increases with time, its average value, 
Vcsg, becomes steadily more negative and the transistor Operating point 
shifts. The transconductance is related to Vaso by 


Vi 
i Bs0(1 - aaa ) (5-53) 
Pp 
and it decreases from the zero-bias value &fso until (5-51) is satisfied. This is 


illustrated in Fig. 5-26. 
The value of g;, required by (5-51) can be substituted into (5-53) to 


Fig. 5-26 Operating-point shift in an FET Pierce oscillator. 
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Vp 
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determine Vos. Writing v,,; as a sinusoid with its positive peak clamped at 
0.6 volts, we obtain 


Ves = Vesm COS wt + Vesa (5-54) 
where 
Vesm + Voso = 0.6 (5-55) 
yields the peak alternating gate voltage Vos 
Vesm = 0.6 — Veso (5-56) 
The peak-to-peak gate voltage is 
We DA Wess (5-57) 
Under steady state conditions for the equivalent circuit of Fig. 5-25, 
I = V,sYn = — VesYi (5-58) 
and 
Vo = U1 — yysVes)Zo (5-59) 
Combining the last two equations yields 
Vo = —Ves( Yi + Yys)Zo (5-60) 
The peak-to-peak output voltage V,,, is thus 
Vopp = Vespp| Yi + ytsllZol (5-61) 


Although (5-46) through (5-61) are reasonably accurate (within about 
1.5 dB for predicting output voltage) for analyzing an existing circuit, they are 
of limited use in oscillator design. The reason is the crystal impedance Z,. The 
circuit requires that the crystal operate between its series and parallel 
resonance frequencies, and this means that the reactive part of Z, may take 
on almost any positive value. If an oscillator is built, its operating frequency 
measured, and if the crystal is then removed and Z, measured at this 
frequency, the circuit performance will be found consistent with (5-46) 
through (5-61). 

The only approach to designing an FET Pierce crystal oscillator is in- 
herently one of cut and try. The guidelines are simple. Capacitors Cg and Cp 
should be 10 to 20 times the FET input and output capacitances to minimize 
circuit dependence on individual device characteristics. For a given load 
resistance Rp, Rg and g;,. should be chosen by (5-49) to insure that the circuit 
will be self-starting. Conservatively, the supply voltage should be about twice 
the needed peak-to-peak output voltage. 

The crystal Colpitts oscillator of Fig. 5-27 is more predictable in that its 
output voltage is governed by the equations derived for the tunable Colpitts 
oscillator. Oscillations occur at the crystal series resonance frequency, and at 
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Fig. 5-27 Colpitts oscillator with the crystal in series-resonance mode. 


Fig. 5-28 Colpitts oscillator using a series-resonant crystal to ground the 
transistor base. 
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Fig. 5-29 The Miller oscillator. 


this frequency the crystal behaves like a small resistance. This circuit is 
particularly useful at very high frequencies where series-resonant overtone 
crystals must be employed. In another form of the Colpitts oscillator (Fig. 
5-28), a series-resonant crystal grounds the base at the operating frequency. 
This allows one side of the crystal to be grounded. 

The Miller oscillator circuit of Fig. 5-29 is similar to the tuned-input, 
tuned-output circuit of Fig. 5-18. Both the crystal and the output tank circuit 
look like inductive reactances at the oscillation frequency. Although the 
output (drain) circuit could consist of just an inductor, a higher effective 
reactance can be achieved by means of the tuned circuit. The principal 
advantage of this circuit is that one side of the crystal along with one side of 
any parallel frequency-adjustment capacitor are grounded. 

Many other crystal oscillator circuits exist, and there is a considerable 
body of literature showing example circuits that worked—the design pro- 
cedure unstated. For an excellent survey of crystal oscillator types and 
performance, the interested reader should consult [10]. 


5-9 Buffering 


In any oscillator the frequency and amplitude of oscillation are affected to 
some degree by the load impedance to which the oscillator output is de- 
livered. Hence it is good practice to include a “‘buffer’’ amplifier stage between 
the oscillator and any load that may tend to vary due to modulation, 
mechanical vibration, and so forth. The buffer amplifier should have high 
input impedance to minimize its loading effects, should be neutralized or 
unilateralized so that output load variations are not reflected to the input, and 
should have low output impedance so that load variations will not have much 
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effect on output voltage. A common-collector or common-drain stage satisfies 
many of these conditions. 


5-10 Frequency Stability 


Oscillator frequency instability results from changes in the load impedance, 
changes in the power-supply voltage, and temperature-induced changes in the 
values of frequency-determining components. The first two problems are 
eliminated by proper buffering and voltage regulation. The effects of tem- 
perature changes are minimized by choosing individual components whose 
changes in value are cancelled out by the changes in other components. In 
extreme cases it may be necessary to enclose an entire oscillator in a 
constant-temperature chamber. See [11] for a detailed discussion of com- 
ponent and circuit aspects of the temperature problem. 

The greatest frequency stability is provided by crystal oscillators, and 
crystal “cuts” have been developed that minimize oscillator frequency 
changes with temperature. See [12] for an encyclopedic discussion of crystal 
cuts and their properties. The type GT cut is virtually insensitive to tem- 
perature, but its maximum frequency of oscillation is limited to a few hundred 
kHz. The widely used AT cut crystals operate over a greater frequency range 
with temperature changes of only a few parts per million between —50 and 
100°C. 
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PROBLEMS 


5-2.1. An active device has a terminal impedance of —1000+ j0 ohms. It is 

connected as shown in Fig. PS-2.1. 

(a) Determine whether or not the resulting circuit will oscillate. (Note: a 
simple statement that it will or will not oscillate is insufficient.) 

(b) At what frequency will oscillations occur if the active negative resistance 
were adjusted (if necessary) to produce them? 


Fig. P5-2.1 


120 Q 


5-5.1. One reason that Colpitts oscillator circuits like the one shown in Fig. 
5-12 do not work well with low-resistance loads is that values of current gain 
(a) very close to unity are required. Find the lowest value of R; that could be 
substituted for the 5371ohm resistor in Fig. 5-12 if all other circuit 
parameters remained constant and the transistor had an a of 
(a) 0.98. 

(b) 0.99. 
(c) 0.999. 
(d) 1.0. 

5-5.2. The oscillator shown in Fig. 5-12 can be analyzed as an unstable 

amplifier (see Section 5-1). To do this, imagine that the circuit is redrawn as in 
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Fig. 5-7 as a gain block (the transistor), a feedback network, and a load. Then 

carry out the following steps. 

(a) Assuming that L; is negligible, r, = 5.3 ohms, a = 0.99, f = 10 MHz, and 
C, = 2 pF, calculate the y parameters of the transistor from the equivalent 
circuit of Fig. 5-8. Show that the transistor is unconditionally stable [that 
C of (4-15) is less than one]. 

(b) Calculate the y parameters of the feedback network. 

(c) Calculate the y parameters of the composite network formed by the 
transistor and feedback network connected in parallel. [See (4-17).] Show 
that the composite network is potentially unstable. 

(d) Using (4-16) with G,=0 and G, calculated for the circuit in Fig. 5-12, 
show that the circuit of Fig. 5-12 is potentially unstable [that K of (4-16) is 
less than one]. 

5-5.3. Design a Colpitts oscillator to deliver 30 mW into a 4000-ohm load at 
3.5 MHz. The oscillator will use a 1.5 wH coil with Q. = 160 and a transistor 
with B = 50 and C, = 4 pF. It must operate from a 20-V power supply. Specify 
all resistors (using standard values) and capacitors and determine the mini- 
mum power and frequency ratings that the transistor must have. 

5-5.4. A common-base Colpitts oscillator circuit as shown in Fig. 5-9 is 
desired to tune over the range 1 to 2 MHz. It is to deliver 25 mW into a load 
R, = 3k ohms. 

Parts readily available are an air-cored coil with L, = 50 wH and Q, = 150 
over the frequency range and a_ variable capacitor that can tune 
over the range C; = 30-300 pF. Available transistors have C, = 10 pF, fr = 
100 MHz, and adequate power dissipation capability. 

(a) How much power does the transistor have to dissipate? 

(b) Find Ica, Vesa, and R,. 

(c) Will the capacitor C; be able to tune the oscillator over the desired 
frequency range? Show how you arrive at your answer. 

(d) Solve for the value of L, that will result in a tuning range of exactly 1 to 
2 MHz as C; is varied from 300 to 30 pF. 

5-8.1. The crystal whose curves of terminal impedance versus frequency 
are displayed in Fig. 5-21 had an impedance of —j11,000 ohms at a frequency 
of 498.66 kHz. Its measured series resonance frequency was 2924.21 kHz and 
the impedance at series resonance was 15ohms. The measured parallel 
resonance frequency was 2926.93 kHz. Calculate C,, C;, L;, R;, and series 
resonance Q and compare your results with those in the text. 

5-8.2. A particular crystal oscillator circuit operates with the crystal in the 
parallel mode. Then a lossless inductor is added in parallel with the crystal. If 
the combination of inductor and crystal is required to have the same reac- 
tance as the crystal originally did, will the oscillator frequency go up or 
down? Explain your reasoning. 
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6 Phase-Locked 
Loops 


A phase-locked loop (PLL) is a circuit that permits an external reference 
signal to control the frequency and phase of an oscillator in the loop. The loop 
oscillator frequency can be the same as, or a multiple of, the reference 
frequency. If the reference signal comes from a crystal oscillator, other 
frequencies can be derived that have the same stability as the crystal 
frequency; this is the basis of the frequency synthesizer. If the reference 
signal has varying frequency (as in a frequency-modulated wave), the loop 
oscillator frequency will ‘‘track”’ that of the input; this principle is used in FM 
and FSK demodulators, tracking filters, and RF instrumentation. 

The principle of the PLL has been known since 1923, but little use was 
made of it until the late 1960s when entire PLLs or component parts became 
available on integrated-circuit chips. This chapter outlines the basic principles 
of operation and the terminology used in describing PLLs; for additional 
information references [1 to 6] should be consulted. 


6-1 Simplified Explanation of PLL Operation 


Figure 6-1 shows the components of a typical phase-locked loop. With the 
assumption that the loop is in “lock,” the frequencies of the input signal and 
the voltage-controlled oscillator (VCO) are identical (f, = f,) and their relative 
phase difference 0, — 6, is determined by the phase detector characteristic and 
by the deviation of f, from the free-running frequency f; (defined with control 
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Fig. 6-1 Basic components of a phase-locked loop. 
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VCO output 
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voltage Vz =0) of the VCO. If the input signal has f, = f;, no control voltage 
to the VCO is needed; hence the required phase detector output is zero.' The 
phase 0, of the VCO adjusts itself to yield the phase difference, 0; = 0, — 0,, 
that will produce zero output from the phase detector. Angle 6, may be either 
90 or 180°, depending upon the type of phase detector circuit. 

If the input frequency changes so that f,# f;, the phase difference 6, must 
change enough to produce a control voltage V, that will shift the VCO 
frequency to f, = f,. The frequency range over which such control is possible 
is a function of the loop components, as will be discussed later. 

An optional frequency divider may be inserted in the loop between points 
a and b in Fig. 6-1. If the divider ratio is n, the VCO frequency f. = nf,, but 
the voltage fed back to the phase detector has frequency f,. By this means the 
VCO can generate a multiple of the input frequency with a precise phase 
relationship between the two voltages. 


6-2 Linear Analysis of the PLL 


The following mathematical description of the PLL applies only when the 
loop is in lock, but it will serve to identify the characteristics of each loop 
component and show how they combine to yield the loop transfer function. 
The symbols to be used are identified in Fig. 6-2. 


ee ae i ie le El ale Se a I A I ee 
'The phase detector often has the form of a mixer or multiplier circuit. Its output in general 
contains the input frequencies f, and f,, and their sum and difference f, + f,. The low-pass filter 
in the loop transmits only the difference frequency, which is a dc voltage when the loop is in 
lock. 


f 
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Fig. 6-2 Phase-locked loop diagram used to identify symbols used in the 
analysis. 
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With the loop in lock, the difference-frequency output of the phagé detector is 
a direct voltage V, that is a function of the phase difference 64 = 0, — 0,.)1f the 
input frequency f, is equal to the VCO’s free-running frequen control 
voltage V, into the VCO must be zero; hence V, must be zero. In the 
commonly used phase detectors, V, is a sinusoidal, triangular, or sawtoothed 
function of 6; with V., equal to zero when 6, is equal to z/2 for the 
sinusoidal and triangular types and zw for the. sawtoothed type. To make a 
direct comparison of the three types of detectors, therefore, it is convenient 
to plot V, versus a “‘shifted” angle 0, so that V, will be zero for 6. =0 as in 
Fig. 6-3. In this figure, 6, = 6 — 7/2 in (a) and (b) 6, = 64— 77 in (c). With the 
loop in lock, the angle @, stays within the limits + 7/2 for curves (a) and (b) and 
+7 for curve (c). If the angular excursion is greater than this, the loop skips 
cycles or goes out of lock. Consequently, the loop should be designed to 
operate with phase excursions that are small compared with the limiting 
values. 

In terms of maximum output voltage A for each type of detector, the 
transfer characteristics in the useful region can be expressed as 


V.=A sin 6, (sinusoidal) (6-1a) 
Ve = 40, (triangular) (6-1b) 
Vi= + 40, (saw-tooth) (6-1c) 


For loop performance calculations, the gain of each component of the loop 
must be known. The gain factor of the phase detector (with the loop in lock) 
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Fig.6-3 Three types of phase detector characteristics: (a) Sinusoidal; (b) 
triangular; and (c) sawtooth. 


(c) 


is generally specified by the ratio of dc output voltage to phase error 6,, that 
is, 
Ve 
Ka = wa V/rad (6-2) 


e@ 
Equation (6-1a), which exhibits a nonlinear relationship between V, and 8., 
does not seem to fit the preceding definition of gain factor very well. 
However, PLLs are usually designed to operate with small values of 0. to 
minimize the likelihood that a noise pulse will throw the loop out of lock. For 
the sinusoidal phase detector, therefore, sin 6.~ 6, is a reasonable ap- 
proximation for performance calculations with the loop in lock and (6-2) 
applies as long as 0, <0.2 rad. 
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Loop Filter 


The low-pass filter in the loop generally takes one of the forms shown in Fig. 
6-4. With the passive filters of Figs. 6-4a and b, an amplifier with gain K, is 
usually required. The active filter of Fig. 6-4c includes the gain element. 

For the simple filter of Fig. 6-4a the time constant 7, and transfer function 
F(s) = V,(s)/ Vi(s) are given by 


i R,C 
SE reat ok! (6-3) 
(s) 9 1+ TS 
For the lag-lead filter of Fig. 6-4(b) the relations are 
te R,C 
Ti) = RC (6-4) 
rt 1+ T2S 
Oke teensy 


For the active filter, noting that the gain factor represents an inverting 
amplifier, 


1S RiC 
T= RC (6-5) 
F(s) = K,(1+ ms) 


1+ [7:01 =z K,)+ T|s 


Fig. 6-4 Three types of low-pass loop filters. 
Ry 


(a) (b) (c) 


Voltage-Controlled Oscillator (VCO) 


The VCO is assumed to have a free-running frequency f;, and a frequency 
shift Af that is proportional to the input control voltage Vz as shown in Fig. 
6-5. The output frequency can be expressed by 


fo=fy+k.Va Hz (6-6) 
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Fig. 6-5 Frequency versus control voltage of a VCO. 


I 


fi 


or 
@ = ws + K,Vq rad/s (6-7) 


in which the units of k, and K, are hertz per volt (Hz/V) and radians per second 
per volt (rad/s/V), respectively. 

To relate the radian-frequency shift to phase angle, note that the total 
angle of the VCO output can be described by 


6(t) = fi (w; + Aw) dt = wyt + 0,(t) (6-8) 
in which Aw is the deviation from @;. Thus | 
6,(t) = {. Aw dt (6-9) 
or 
A) Sek VA (6-10) 


When the loop is in lock, Vg is a dc voltage; when the loop is not in lock, V, 
is a difference-frequency (f,—f,) voltage that tries to pull the VCO into 
synchronism with the input signal. 

When (6-9) is transferred into the s domain, it becomes 


0.(8) = Ko~! (6-11) 


with the s in the denominator indicating that the VCO acts as an integrator for 
phase errors. This helps to maintain the loop in lock through momentary 
disturbances. 
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Closed-Loop Transfer Function 


The closed-loop transfer function, 0,(s)/0,(s), is of principal interest because 
it gives a measure of the loop response to changes in the input phase or 
frequency. In the following derivation all angles and voltages are implied 
functions of the complex frequency variable s. By reference to Fig. 6-3, the 
voltage input to the VCO is seen to be 

Va = VF (s)Ka (6-12) 
and from (6-2), 

V. = K,0. (6-13) 

If the loop filter characteristic has F(0)=1, the dc loop gain K, can be 
defined as 


Vee Nomen 


K, = KiK,K, = 0. x 7, x Vinee) (6-14) 
and substitution of (6-12) through (6-14) into (6-11) results in 
6, = K,6, i) (6-15) 
For convenience, the open-loop transfer function is defined as 
T(s) = : =x, (6-16) 


and, following conventional feedback theory, the closed-loop transfer func- 
tion then becomes 


H(s) = TE Gs Sap CS) (6-17) 


Smeieans) = S42 KLE (Ss) 


The roots of 1+T7(s) are the poles of the system function; thus they 
determine the transient behavior of the loop. This affects the ability of the 
loop to follow rapid changes in input frequency and phase, or to “capture” a 
signal with frequency f, not equal to the free-running frequency f;. 

The transfer function of the loop filter is a major factor in loop per- 
formance. As the filter bandwidth is reduced, its response time is increased. 
This helps to keep the loop in lock through momentary losses of input signal 
and minimizes the noise transmitted through the loop at the expense of a 
reduction in the capture range. 
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6-3 Phase-Locked Loop Terminology 


Several terms that are commonly used to describe the parameters of PLLs 
will now be defined. It should be noted at the outset that the existing literature 
is not always consistent in the use of these terms. 


Hold-In Range 


This is also called lock range, tracking range, and synchronization range. If 
the frequency f, of the input signal to a PLL is shifted very gradually from 
the free-running frequency f;, the VCO frequency f, will ‘track’’ f, until the 
phase error 6, approaches + 7/2 rad in Fig. 6-3a and b or + 7 rad in Fig. 6-3c. 
(This assumes, of course, that the VCO is capable of sufficient frequency 
deviation, and that the loop amplifier and filter are not overdriven). 

For the sinusoidal phase detector of Fig. 6-3a, the use of the exact relation 
(6-la) with K, substituted for A (to conform with existing literature) yields 


V 


V. = Kg sin 6, or sin 0, =— (6-18) 
Ky 
The substitution of (6-10) and (6-14) into (6-18) leads to 
2 V.K~K, Aw 
sin 0g, = a = K, (6-19) 


Since sin 0, cannot exceed +1 as 6, approaches + 7/2, the hold-in range is 
equal to the dc loop again. 


+Aoq==+K, (6-20) 

For the triangular and sawtooth phase detectors, (Fig. 6-3b and c) with 
linear characteristics, the hold-in range is obtained through (6-14) as 

+ Awy aa tt KGa ea (6-21) 


where @.max 1S m/2 for the triangular and aw for the sawtooth detector 
characteristic. 


Example 6-3.1. The VCO in a PLL has f;=10°Hz and a gain factor 
K, = 27 X 100rad/s/V_ or 100Hz/V. The amplifier gain is K,=10. A 
sinusoidal phase detector is used with V, max = A=2V at 6, = 7/2 rad. From 
(6-18), Ka =2 and K, =2 X 10 X 27 X 100 = 40007. The hold-in range is Awy = 
+ 40007 rad/s or Afy = +2000 Hz. 


Example 6-3.2._ In the PLL of Example 6-3.1 substitute a triangular phase 
detector with Vemax= A=2V at 0, = 7/2 rad. By the use of (6-1b) and (6-2), 
Ki=4/a7 and K,=4/7 x 10x27 x 100 = 8000. Then from (6-14), Aw, = 


Phase-Locked Loop Terminology | 171 


+ K,0, = 8000 X 2/2 = 40007 rad/s or Afy = +2000 Hz. Thus the sinusoidal and 
triangular detectors with the same value of V.max= A will have the same 
hold-in range. 


Acquisition of Lock 


If a signal with frequency f, not equal to the VCO free-running frequency f; is 
applied to a loop, the loop will “‘capture”’ or “acquire” the signal (by making 
f.=f,.) if the initial frequency difference is not too great. In general, the 
maximum radian-frequency difference +(@, — w,) is smaller than the hold-in 
range. The acquisition of lock is a complex, nonlinear process [1 to 3] and 
only some general conclusions applicable to the commonly used lag-lead filter 
of Fig. 6-4b will be given here. The notation of Gardner [2] will be used. 


Lock-In Range. 


If the frequency difference |w,—,| is less than the 3-dB bandwidth of the 
closed-loop transfer function H(s), the loop will lock up without slipping cycles 
and the maximum lock-in range has been shown to be 


+ K,1 


(itm aso) 


(6-22) 


Aw, = 


using the notation of (6-4). From control theory, the closed loop transfer 
function with the lag-lead filter has a natural frequency 


K, 1/2 
me (e ~ =) (6-23) 
and a damping factor 
c= 3 (nt+z) (6-24) 


In terms of these parameters, the lock-in range can be expressed as 


Aw, ~ +2la, (6-25) 


Pull-In Range. 


If the initial frequency difference is outside the lock-in range but inside the 
pull-in range, the difference-frequency waveshape in the output of the phase 
detector is nonlinear and contains a dc component that gradually shifts the VCO 
frequency fo toward f, until lock-up occurs. For high-gain loops an approximate 
formula for the pull-in range is 


Awp ~ £V2(2fo,K,— 2)? (6-26) 
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Once the loop is in lock, small loop bandwidth is desirable to minimize 
noise transmission. On the other hand, large bandwidth is desirable to aid 
initial capture. These incompatible requirements are sometimes met by (a) 
reducing the bandwidth after lock is acquired or (b) using small bandwidth but 
sweeping the VCO frequency until lock is acquired. References [1] and [2] 
should be consulted for additional details. 


6-4 The Loop Oscillator 


Although the oscillator in a PLL is most commonly referred to as a voltage- 
controlled oscillator (VCO), some designs use a current-controlled oscillator 
(CCO). A distinction can also be made between an “oscillator” that has a 
sinusoidal output and a ‘“multivibrator” that has a square-wave output. Most 
PLLs use multivibrators because the square-wave output is desirable for 
proper operation of the phase detector and is compatible with IC logic 
circuitry. Furthermore, linear variation of frequency with control voltage (or 
current) is easier to obtain with a multivibrator than with an LC (sinewave) 
oscillator. 


Fig. 6-6 A single-capacitor multivibrator circuit. 
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Although the VCOs that appear in IC form have more complicated 
circuitry (for biasing, output buffering, etc.), the basic operation of many of 
the circuits is that of the single-capacitor multivibrator [7] shown in Fig. 6-6. 
In this circuit, assume that Q1 is initially turned on, and Q2 off, and that 
capacitor C is charged with the polarity shown to a voltage V,. As the 
charging current through C decreases, the potential v, at point b drops until 
Q2 turns on; this causes v, to rise abruptly and vg to fall. Because V, cannot 
change instantaneously, v, increases with v, while the voltage at the base of 
Q, decreases with vy. Thus Q1 turns off and part of the resulting rise in v, is 
transmitted to the base of Q, where it acts to drive Q2 into saturation. If 
resistors Rg; and Rg are very large, most of the emitter current of Q2 will 
flow into C, first discharging it and then charging it with the opposite polarity. 
This process continues until the charging current through Rp; decays and v, 
reaches the “turn on” point for Q1; the cycle then repeats. The frequency of 
oscillation can be controlled by the bias voltage Vgz. 

In a practical circuit, the emitter resistors are replaced by constant-current 
sources (transistors); transistors also replace the resistors R, that couple the 
collector of one transistor to the base of the other. The use of constant- 
current sources provides constant charging current to capacitor C so that the 
period of oscillation can be a reasonably linear function of a control voltage. 
The capacitor voltage has a triangular waveshape, but the voltage at points c 
and d is an approximate square wave. Figure 6-7 shows such a circuit, which 
is a portion of the schematic of a Motorola MC4324 Dual VCO. The 
frequency-control voltage is shown as Vy. A more extensive analysis of the 
limitations of the circuit and an improved version with better temperature 
stability, speed, and power dissipation has been given by Cordell and Garrett 
[8]. 

For high-frequency operation with better stability, or if sinusoidal wave- 
form is desired, a varactor-tuned LC oscillator may be preferable. A voltage- 
controlled crystal oscillator (VCXO) gives best frequency stability but the 
tuning range is very limited. 


6-5 The Phase Detector 


A block diagram of a simple phase detector is shown in Fig. 6-8. The two 
inputs may be assumed of the form v, = v, sinw,t and v, = vo sin (@,t — 0,). 
The inputs are converted to square waves by the amplifier-limiter stages and 
are then differentiated to produce spikes at the square-wave transitions. A 
positive spike at the S input of the flip-flop turns the flip-flop on, and a 
positive spike into R turns it off. The fraction of total time that the flip-flop is 
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The Phase Detector 


Fig. 6-8 Block diagram of a phase detector. 
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on is determined by the phase difference 6,, and the direct output voltage V, 
is proportional to @,. The R, and C, at the output act as a low-pass filter. 

A circuit that is used in a variety of PLLs is shown in Fig. 6-9. This circuit 
has many applications as a mixer, balanced modulator, product detector, and 
phase detector; hence a detailed explanation of its operation will be useful both 
here and in later chapters. Starting at the bottom of the diagram; Ig is a 
constant-current source for the differential amplifier Q1-Q2. A change AI, in the 
collector current of Q1 is accompanied by a change AI, = — Al, since the sum 
I,+ L is equal to the constant Iz. Thus, if v, applied to the base of Q1 has a 
positive increment Av,, the current in Q1 increases and that in Q2 decreases. 

The VCO input (v,) is applied between points A and B. It is presumed to be 
a square wave of sufficient amplitude to turn transistors Q3-Q6 completely 
on (in saturation) or off. When the VCO input makes point A positive relative 
to its quiescent value, transistors Q3 and Q6 are on, and the collector current 
I, in Q2 flows through Q6 and Ro. When the VCO input makes point B 
positive, transistors Q4 and QS are on, and collector current TI, in Q1 flows 
through Q4 and R.». Since the incremental components of J, and I, due to Av, 
are of opposite phase, the VCO input applied to A-B acts as a reversing 
switch (operating at frequency f,) on the amplified version of v, that appears 
across Rc. Thus the output voltage v, is the product of v, times a square- 
wave switching function produced by v,. 

The diagrams in Fig. 6-10 illustrate this behavior for several combinations 
of v, and v,, both of which are assumed to be square waves.” Figure 6-10c 


2Note in connection with both Figs. 6-10 and 6-11 that v, as shown does not include the dc 
bias component Vz that is usually present in the output of a phase detector circuit, nor 
does it show the sum-frequency component. The lowpass filter in the loop removes 
high-frequency components in v,. The designer must make sure that the dc bias level out of 
the phase detector is compatible with the input to the following amplifier or VCO. 


176 | Phase-Locked Loops 


Fig. 6-9 One type of phase detector circuit. 
+ Voc 


O Bias voltage 


shows v, and, above it, v, in (b) is 90° out of phase with v,. The resulting v, 
shown in Fig. 6-10a has equal positive and negative areas under the curve; 
hence, its average value is zero. 

In Fig. 6-10d the phase of v, is shifted relative to that in (b). With this v, 
input to the phase detector along with v,, the output v, shown in (e) has a 
positive average value (dc component). A phase shift of v, in the opposite 
direction would have resulted in a negative dc output voltage. The polarity of 
ve indicates the direction of phase shift, and the magnitude is proportional to 
the phase displacement, thus yielding the triangular phase detector function of 
Fig. 6-3b. 

Figure 6-11 illustrates the output that results if v, and v, are of slightly 
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Fig. 6-10 Phase detector waveforms showing the effect of the phase shift of v. 
relative to v.. 
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different frequencies (loop not in lock). The short-time average value of v, in 
Fig. 6-11c fluctuates between positive and negative values at the difference 
frequency. After this wave is passed through a low-pass filter, a sinusoidal 
wave of frequency f, — f, appears at the output. In the PLL this signal is input 
to the VCO and tries to pull it into lock with »,. Referring again to Fig. 6-11c, 
during one-half of the difference-frequency cycle, we find that the voltage v, will 
be of the polarity that will drive f, toward f,; that is, toward the lock condition. 
The factors that determine whether lock can be acquired are the filter time 
constant and the initial difference frequency f, — f,. 

It is important to note that the circuit of Fig. 6-9 will operate as a phase 
detector (or multiplier) even though the two input signals are not square 
waves, as long as one or both of them are large enough to cause the transistor 
transfer function to be nonlinear. In an application of the PLL as an FM 
demodulator, for example, the VCO input to the phase detector is a square wave 
whereas the IF input signal may be sinusoidal. The resulting phase detector 
transfer function may then be sinusoidal as in Fig. 6-3a rather than triangular. 


6-6 Phase-Locked Loop Applications 


Since its appearance in convenient IC packages, the phase-locked loop has 
had widespread application. A partial list of applications includes tracking 
filters, FSK decoders, FM stereo decoders, FM demodulators, frequency 
synthesizers, and frequency multipliers and dividers. They are used exten- 
sively in modern signal generation and measuring equipment, in receivers for 
satellite and deep-space communication, in citizens’ band gear, and for 
generation of local-oscillator frequencies in TV and FM tuners. 

The utility of the PLL in these applications stems from one or more of the 
following features: 


1. It can generate harmonics phaselocked to a crystal reference with the 
same stability as that of the reference. 

2. It can act as a very narrowband filter and track a signal whose 
frequency may be varying due to drift or Doppler effect. 

3. It can be used as a frequency demodulator for FM or FSK signals. 


The following examples illustrate a few applications. 


Phase-Locked Signal Sources 


The production of laboratory signal generators with wide frequency range 
(such as 1 to 500 MHz), good frequency stability, and accurate dial setting is 
difficult. The problem of accurate frequency readout has been solved in 
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recent years by the use of digital counters, often incorporated in the instru- 
ment. The problem of frequency stability has also been solved through the 
use of PLLs to phase-lock the frequency source (in discrete frequency steps) 
to a crystal reference oscillator. Dial or pushbutton selection of individual 
digits of output frequencies is obtained with programmable frequency 
dividers. Such instruments, called frequency synthesizers, are particularly 
useful where precise frequency and the possibility of phase coherence be- 
tween different outputs is important. Because of the many variations in design 
[9 to 16], specific details will not be given. 

For general laboratory use, a desirable signal generator is one that can be 
continuously tunable, amplitude or frequency modulated, and phase-locked at 
will to a stable reference frequency. To illustrate this technique, the operation 
of the phase-locked system in one such instrument, the Hewlett-Packard 
8640B Signal Generator, will be described [17]. 

A block diagram of the essential components is shown in Fig. 6-12. The 
RF oscillator tunes over the range 230 to 550 MHz and includes a varactor 
that can be controlled by the error voltage from the phase detector. The 
oscillator frequency is divided by 64 in the prescaler, thus delivering a 
frequency between 4 and 8 MHz to the counter circuits. The 5-MHz crystal 
oscillator that serves as the time base delivers a clock pulse of duration 7 to 
the counter and to the phase detector when the latter is in use. 


Fig. 6-12 Signal generator phase-lock system. 
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Before phase lock is established, the generator is tuned to the desired 
frequency as read from the counter display. In this mode the counter circuits 
count up from zero during successive clock pulses A of duration t as shown 
in Fig. 6-13a. The count is stored in the output buffer; the counter is reset to 
zero in the interval 7/100; and the counter in the next interval T corrects the 
value in the output buffer and display if the frequency has changed.’ 

When the “lock’’ button is depressed, several things happen. The loop 
from counter to phase detector to RF oscillator is closed; the counter is 
programmed to count down instead of up; the preceding count in the output 
buffer is held there and is also used to preset the counter to this value at the 
beginning of each clock-pulse interval. As is shown in Fig. 6-13b, the counter 
counts down to zero from the preset value; the zero count initiates an output 
pulse shown as B in Fig. 6-13c; and the counter is reset to the stored count to 


Fig. 6-13 Counter operation in the signal generator. (a) Without phase-lock the 
counter counts up during the clock pulse; (b) in the lock mode the 
counter counts down from the preset level; and (c) output pulse B 
occurs at zero count. 
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*Note that the interval 7/100 is greatly exaggerated in the figure in order that it can be seen. 
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repeat the process in the next clock interval.* The A and B pulses are fed to a 
phase detector whose output is zero if the leading edges of A and B are in 
phase. 

However, if the countdown interval is not exactly equal to t because the 
RF oscillator frequency has drifted, pulse B will be shifted with respect to A 
and the phase detector will produce a corresponding error voltage. This error 
voltage is applied to the varactor in the RF oscillator circuit to correct the 
oscillator frequency and keep it in lock. 


FM Receiver Tuning 


Distortion-free radio reception depends upon accurate tuning of the local 
oscillator so that the correct intermediate frequency will be generated in the 
mixer stage. In the FM broadcast band there are 99 possible carrier frequen- 
cies spaced at 200-kHz intervals between 88.1 and 107.9 MHz. If the inter- 
mediate frequency is 10.7 MHz, the local oscillator frequencies range from 
98.8 to 118.6 MHz at 200-kHz intervals. 

The block diagram of Fig. 6-14 shows how the local oscillator can be 


Fig. 6-14 Use of a phase-locked loop for local oscillator tuning in an FM 
receiver. 
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‘The actual operation of the counter is somewhat more complicated than this simplified 
explanation indicates. 
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phase-locked to a 100-kHz crystal reference and controlled through a pro- 
grammable divider to produce the correct frequencies. The varactor-tuned LC 
oscillator is the VCO of the phase-locked loop. Its output frequency is divided 
by 8 in the prescaler, and then by a number between 494 and 593 in the 
programmable divider (as determined by the digital tuning controls). Since the 
loop will lock only if the programmable divider output is 25 kHz to match the 
signal derived from the 100 kHz reference oscillator, the phase detector must 
deliver the proper direct voltage to the varactor in the VCO to generate the 
required local oscillator frequency. 

For example, if the external tuning controls are set to receive a carrier at 
100.1 MHz: (1) the local oscillator must operate at 100.1 + 10.7 = 110.8 MHz, (2) 
the frequency input to the programmable divider will be 13.85 MHz, (3) the 
divider ratio will be set to 554 by circuitry not shown in Fig. 6-14 so that its 
output will be 25 kHz, and (4) the phase difference between the two 25-kHz 
signals into the phase detector must produce a dc output voltage that will lock 
the loop with the VCO at 110.8 MHz. 


FSK Demodulator 


Binary data or code transmission can be accomplished by keying a transmitter 
on and off or by frequency-shift keying (FSK) in which the carrier is merely 
shifted between two preset frequencies. In the FSK receiver the two 
frequencies can excite separate bandpass filters and relay circuits to 
regenerate the code. However, a phase-locked loop that tracks the shifts in 
incoming carrier frequency is simpler and cheaper. The dc output of the loop 
filter and amplifier shifts between two discrete voltage levels and thus 
reproduces the binary code. 


Fig. 6-15 Frequency offset loop. Frequency components are shown at each 
point. 
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Frequency Offset Loop 


The previous discussion has indicated that the VCO in the loop will operate at 
the reference input frequency or one of its harmonics. The block diagram of 
Fig. 6-15 shows how the VCO frequency f, can be offset by f, from the 
reference frequency f, by the addition of a second phase detector (mixer) and 
low-pass filter in the loop. With the assumption that the VCO operates at 
fo=f,-+f,, the frequencies at various points in the loop are shown on the 
diagram. Note that zero frequency represents a dc control voltage to the 
VCO. 


6-7 Example of PLL Design 


The system shown in Fig. 6-16 will illustrate some design details for a loop 
that contains a frequency divider. The loop is to provide a VCO output locked 
to a crystal oscillator reference with f,=100kHz. The VCO output 
frequency, f, = nf,, might be in the range 2 to 3 MHz; hence, a programmable 
divider would be used with n ranging from 20 to 30. The free-running 
frequency f; of the VCO is chosen as 2.5 MHz. Calculations will be made for 
a divider ratio n = 20, corresponding with f, = 2 MHz. 

In practice, the gain factors of loop components are found from data 
sheets, or by laboratory test. Let us assume that Kz = 0.5 V/rad, K, = 10, and 
K, = 10’ rad/s/V (or ky = 1.6 MHz/V). The VCO is assumed to have a charac- 
teristic like that of Fig. 6-5 with f, = f; + 1.6Vy4 MHz. 

A gain factor not previously discussed is that of the frequency divider. 
The divisidn of frequency by n also divides the phase shift 0) by n; the 


Fig. 6-16 Illustration for the PLL design example. 
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divider output phase angle is designated 6, = 6,/n; and the loop gain (in terms 
of angle) then includes the factor K, = 1/n. Thus (6-14) for loop gain must be 
modified to 

K, = KiK,K.K, (6-27) 


By the use of the data given above with n = 20, the input to the VCO must 
be 
Vz = feat = 20723 _ 3195 y 
k, 1.6 
Going backward around the loop, V, = V4/K, = — 0.03125 V, and 6, = VIKa= 
— 0.03125/0.5 = — 0.0625 rad. The latter value indicates the phase shift Aé@, of 
angle 6, from the value it would have with V, = 0. On the other side of the 
divider, A6, = nA@, = 20(— 0.0625) = — 1.25 rad. 

Values of filter parameters R;, R2, and C determine the loop constants o, 
and ¢ that govern the transient behavior of the loop [18]. From such 
considerations, the values w, = 10‘rad/s and £=0.8 might be chosen. From 
(6-27), 


K,= ek SUA x x10" 25 107 
From (6-23), 
n+ = Kilo, = ae = 0.025 s 
From (6-24), 
qe ee Ua shee 


je aK eae Oe 25 
An arbitrary choice for C is 0.5 wF. Then 


wri 
Ro = C 319 ohms 
71 = 0.025 — T, = 0.025 S 


= 2! 
R, C 50 kQ. 
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PROBLEMS 


6-3.1. Use the data of Example 6-3.1. 
Find the hold-in range if the amplifier gain is increased to K, = 50. 


Find the values of 6., V., and Vj, if the input-signal frequency is f, = 
100.5 kHz. 


6-3.2. Use the PLL components of Example 6-3.1, but use a saw-tooth 


phase detector (Fig. 6-3c) with A=2V. Show that the hold-in range is the 
same as those found in Examples 6-3.1 and 6-3.2. 


186 


| Phase-locked Loops 


6-3.3. Use the data of Example 6-3.2, except that the amplifier has 
K, = 200 and it will saturate if its output exceeds 15 V. What is the maximum 
phase error 6, and steady state frequency deviation Af that the loop can 
tolerate if the amplifier voltage is the limiting factor? 

6-3.4. The PLL of Example 6-3.2 is modified to use an amplifier with gain 
K, = 100. The loop filter parameters are chosen to give w, = 5000 rad/s and 
¢= 0.7. 

(a) Find the hold-in range. 
(b) Find the approximate pull-in range. 

6-3.5. A phase-locked loop as shown in Fig. 6-2 is to be designed around 
the following elements: (1) a phase detector of the “triangular” type, Fig. 
6-3b, with maximum output voltage of 300mV, and (2) a VCO with the 
characteristic of Fig. 6-5 with f; = 100 MHz, and f, = (100+ 15V,) MHz. 

(a) The loop is to be designed to have a hold-in range +Afy = +5 MHz. 

Determine the values of K,, Ka, K,, and K,. 

(b) If the loop contains a low-pass filter like that of Fig. 6-4a with R,= 
1000 ohms, what is the value of C necessary to yield a 3-dB bandwidth of 
0.1 MHz for the filter? 

(c) If f, = 99 MHz, find the values of Vz, V,, and 6,. 

6-7.1. The PLL of Fig. 6-16 is set up with n = 25 so that f, = f; = 2.5 MHz, 
V,. = 0, Ad, = 0, and Ad, = 0. Then a linear, voltage-controlled phase shifter is 
inserted between the frequency divider and the phase detector. If the phase 
shifter introduces a steady state phase shift +6,, explain in detail what effect 
this will have on the phase angles 6,, 6, (at the divider output), and @,. How 
will this affect the VCO frequency f,? 

6-7.2. A PLL uses a frequency divider circuit (see Fig. 6-16) between the 
VCO and the phase detector so that the VCO operates at f, = 10f,. The 
free-running frequency of the VCO is f; = 10 MHz. If f, = 1MHz, 6, at the 
phase detector is zero. Now suppose that f, is changed by an amount Af, 
which results in 6, = 0.1 rad. What is the change in the phase angle 0, at the 
output of the VCO? 
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yf Mixers 


Prior reference has been made to circuits in which two signals are ““mixed” to 
produce desired sum or difference frequencies. The superheterodyne receiver 
invented by Armstrong first made use of a mixer stage (which he called the 
“first detector’) to convert the incoming RF signal to a lower intermediate 
frequency. 

Any nonlinear device can serve as a mixer—nonlinearity is required for the 
production of frequencies not present in the input. Thus mixers may utilize 
diodes, BJTs; FETs, or even saturable reactors. The design choices hinge 
upon considerations of gain (or loss), noise figure, stability, dynamic range, 
and possible generation of undesired frequency components that produce 
intermodulation and cross-modulation distortion. 

This chapter emphasizes mixers for receiving circuits, but it should be 
recognized that mixers are also used for frequency conversion in transmitters 
and instrumentation. The theory to be developed for mixers also applies to 
some of the modulator and demodulator circuits given in later chapters. 


7-1. Basic Mixer Theory and Spectral Analysis 
Figure 7-1 illustrates a simple mixer that consists of a nonlinear device with 
two input voltages v,(t) and v,(t) of different frequencies f; and f,, respec- 


tively. If the device were perfectly linear, the output voltage or current would 
contain frequencies f, and f, only. The nature of the nonlinearity will dictate 
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Fig. 7-1 Nonlinear device used as a mixer. 


Nonlinear 


device fo(t) 


what other frequencies are generated. In general, the input-output relationship 
in the time domain can be expressed by a Taylor series. 


io(t) = In + avj(t) + blv(t)P + clo(t)P + --- (7-1) 


in which Ip is the quiescent output current and v;(t) represents the summation 
of the effects of all input signals. If the input contains only one frequency, the 
nonlinearity will generate harmonics of this frequency and will alter the 
direct-current component (see Problem 7-1.1). If several input frequencies are 
present, sum and difference frequencies as well as harmonics will be 
generated (see Problem 7-1.2). The sum and difference frequencies generated 
by the squared term in (7-1) are called second-order intermodulation 
products; those generated by the cubed term are third-order products. 

A square-law device is ideal for mixer service, since the least number of 
undesired frequencies is produced. If a device has the transfer characteristic 


i,(t) = avj(t) + b[v,(t)]}? (7-2) 
and input 
v;(t) = V, cos w;t + V2 cos wot (7-3) 


the output current becomes 
i,(t) = aV; cos wt + aV> COs wot + DV,’ cos’ wit 
+ bV, cos’ ant +2bV,V> cos wit COS wot (7-4) 


The first two terms in (7-4) are of no interest for mixer action, except that in a 
practical circuit it may be necessary to filter them out. By the use of the 
trigonometric identity 


bV,? cos’ wit = ‘ V1 + cos 2@;t) 


the third and fourth terms are seen to represent a dc component and second 
harmonics of the input frequencies. The final term in (7-4), called the product 
term, yields the desired output, that is, 


2b V, V2 COS @;f COS wot = bV, V,[cos (@ a w>)t + COS (w, te @>)t] (7-5) 


Note that the amplitudes of the sum- and difference-frequency components 
are proportional to the product V, V2 of the input-signal amplitudes. 
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Usually, in receiver mixers, only the difference-frequency output com- 
ponent is desired, so the original frequencies, their harmonics, and their sum 
must be removed by filtering or other means. Before the actual circuitry is 
discussed, a more general mathematical treatment of the spectral analysis of 
mixer outputs will be given. This is desirable because the approach given in 
the preceding paragraph would be very cumbersome if it were extended to 
modulated input signals and nonlinearities of higher order. A graphical adap- 
tation of the convolution integral provides a relatively painless way to 
compute the amplitude and phase of all components due to mixing action. 

By means of Fourier transform theory, a time function f(t) and its 
transform G(f) in the frequency domain are related [1] by 


f= | Ge? af (7-6) 


and 


G(f) = [fer dt (7-7) 


Now, if Go(f), G.(f), and G,(f) are the Fourier transforms of fo(t), f(t), and 
f.(t), respectively, and if 


fo(t) = fit) x fx) (7-8) 


the convolution theorem states that 
Guif)= | Gia) Gf - A) aa (7-9) 


in which A is a dummy frequency variable. Although the integration of (7-9) 
may be formidable in general, it can be done easily by a graphical process for 
problems that involve discrete frequencies. 

For an example of graphical convolution, let f;(t) and f,(t) be given by 


fi(t) = cos (wit + 6) (7-10) 
and 
ft) = COS (wot aF 62) (7-11) 


By the use of a trigonometric identity, the product function is found to be 


cos [(w; + w2)t + [0; + 42)] } 


+ cos [(@, Sp @>)t —- (0; 6>)] (7-12) 


ft) = fl) x f= 5{ 
The same result is obtained by graphical convolution in Fig. 7-2. The spec- 
trum of G,(A), the Fourier transform of f,(t), is shown in Fig. 7-2a as two 
impulse functions at +f. The impulses have areas or weights of 0.5 and phase 
angles as shown on the diagram. (See Problem 7-1.3.) To obtain the spectrum 
G»(—A) as in Fig. 7-2b, all components of the G,(A) spectrum are inverted or 
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Fig. 
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(c) 


(d) 


7:2 


lilustration of graphical convolution. (a) Spectrum of f,(t) = 
COS (wet + 62); (b) inverted spectrum of f(t) obtained by “folding” or 
inverting the components of (a) with respect to the origin; (c) the 
G.(— A) spectrum is shifted to the right by the value of variable f to 


obtain the spectrum of G.(f — A) shown here; (d) spectrum of f,(t) = cos 


(w1t + 6,); and (e) spectrum of the product f,(t) = f,(t) x f(t). 
G2 (A) 


[82 mie L82 
| 


=—fp)=f 


Go (f) 


== ,0:5 


pf ce bs Meas When / 9, +02 
| 


ate #95) 


ES ik 
ann pela so ie 


fi the 


Basic Mixer Theory and Spectral Analysis | 191 


“folded” with respect to the origin; that is, each component appears at the 
negative of its original frequency. The G,(f—A) spectrum of Fig. 7-2c is 
produced by sliding the G,(—A) spectrum to the right by the amount f, which 
can be chosen arbitrarily. Multiplication of the spectrum of G,(f — A) by that 
of G,(A) (shown in Fig. 7-2d) yields the spectrum of Go(f) according to the 
convolution integral (7-9). The infinite integration is easily performed because 
the two spectra in the product contain only weighted impulse functions, and a 
product term will result only if lines in the two spectra coincide. For the 
spectra shown in Fig. 7-2c and d, Go(f) = 0, because f was chosen such that 
no lines in the two spectra are coincident. 

Now let f decrease, which will slide the lines in Fig. 7-2c to the left, until 
line A corresponds with line D of the G,(A) spectrum. Integration over the 
entire A axis will now yield a value for Go(f); that is, it will be the product of 
the two impulse functions A and D, the product of their weights and the sum 
of their angles. The value of f where all this happens is f = f;+ f,, and the 
resulting value of Go is 0.25/6,+ 0,. The other lines in the Go spectrum are 
obtained in the same way; the results are as follows: 


Lines That Coincide Value of f Weight Phase 
A-D f,+ fo 0.5 x 0.5 = 0.25 01+ 02 
B-D f, — fe 0.25 0, — 62 
A-C —f,+fe 0.25 —6,+ 02 
B-C Se 0.25 — 61-62 


The foregoing may seem to be a laborious way to arrive at the result given 
in (7-12). (Note that time functions are obtained from the spectra by adding 
amplitudes of the positive-f and negative-f components.) However, if f,(t) 
were a modulated wave with a number of side-frequency components, and if 
f(t) were a local oscillator with harmonics in its output, the graphical 
computation of the resulting spectrum would prove far easier than other 
methods (see Problems 7-1.4 and 7-1.5). 


7-2 Mixer Terminology 
A very simple single-ended mixer can be constructed as shown in Fig. 7-3 


with a single diode in series with the RF and local oscillator (LO) inputs, a 
bias source, and a circuit tuned to the desired IF frequency. Such a mixer has 
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Fig. 7-3 A simple diode mixer circuit. 
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a nurhber of disadvantages, however. It has (a) a relatively high noise figure, 
(b) a conversion loss; that is, the IF signal power output is less than the RF 
signal power input, (c) high-order nonlinearities because of the abrupt 
“turn-on” characteristic of the diode, (d) no isolation between the LO and the 
RF inputs, thus increasing the likelihood that LO signal may be fed into the 
receiving antenna, and (e) a relatively large output current of LO frequency, 
which may tend to overload the IF input stage. 

Three single-ended mixers that use FETs are shown in Fig. 7-4. In Fig. 
7-4a, the LO signal is injected directly into the gate of the JFET, along with 
the RF signal. Compared with the diode mixer, it has conversion gain anda 
lower noise figure; higher-order nonlinearities are minimized by the ap- 
proximately square-law transfer characteristic. A BJT can be substituted for 
the JFET to yield more gain, but third-order distortion is also increased 
markedly. 

The circuit of Fig. 7-4b offers improved isolation between the LO and RF 
inputs. However, because the source (or emitter in the case of a BJT) is a 
low-impedence point, more LO power is required. The circuit of Fig. 7-4c 
uses a dual-gate MOSFET to provide the best isolation between RF and LO 
ports, but the gain is lower than that of the JFET circuits. 

A single-balanced mixer utilizes two (or more) nonlinear devices with 
either the LO or RF signal applied in push-pull fashion so that this frequency 
component and its odd harmonics do not appear at the IF port—thus sim- 
plifying the filtering problem. (See Fig. 7-6a.) 

At the expense of more complicated circuitry, the double-balanced mixer 
has both the RF and LO inputs applied to separate ports in push-pull fashion 
so that neither signal appears at the other two ports; that is, the LO signal 
does not appear at the RF or IF ports, and so forth. These circuits generally 
require well-balanced input and output transformers and accurate matching of 
the active-device characteristics. Double-balanced diode mixers will be dis- 
cussed in the next section. 
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Fig. 7-4 Single-ended FET mixers, (a) JFET mixer with LO and RF injection at the 
gate; (b) JFET mixer with LO injection at the source terminal; and (c) 
MOSFET dual-gate mixer with RF and LO injected on separate gates. 
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Mixer Performance 
The following terms are used to describe mixer performance: 


Conversion Gain (Loss) is the ratio of the output (IF) signal power to the 


(RF) input signal power. 
Noise Figure is the SNR at the input (RF) port divided by the SNR at the 


output (IF) port. 
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Isolation represents the amount of “leakage” or ‘“‘feedthrough” between 
the mixer ports. Let fre be the frequency at the RF port, fio the local 
oscillator frequency, and fip the IF frequency. Then the “f,9 at RF port 
isolation” is the amount the f,o drive-level signal is attenuated when 
measured at the RF port. The “‘f,o at IF port isolation” is the amount the fro 
drive-level signal is attenuated when measured at the IF port. 

Conversion Compression relates to the RF input power level above which 
the curve of IF output power versus RF input power deviates from linearity. 
Above this level, additional increases in RF input level do not result in 
proportional increases in output level. Quantitatively, the conversion com- 
pression is the output level reduction in dB below the linear characteristic. 
Typically, the input level at which the compression is 1 or 3dB is given in 
mixer specifications (see Fig. 7-5). 

Dynamic Range is the amplitude range over which the mixer can operate 
without performance degradation. It is dictated by the conversion com- 
pression point and the noise figure of the mixer. 

Two-Tone, Third-Order Intermodulation Distortion is the amount of third- 
order distortion caused by the presence of a second received signal at the RF 
port. Mathematically, third-order distortion is defined in terms of the 
frequency component at 2f,— f, + fo, where fi is the desired input signal and f, 
is the second input signal. Usually, the higher the conversion compression or 
intercept point of a mixer, the greater will be the suppression of this product. 

Intercept Point is the point at which the fundamental response and the 


Fig.7-5 An illustration of definitions of mixer performance terminology. 
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third-order spurious response curves intersect (see Fig. 7-5). It is often used 
to specify the two-tone, third-order suppression of a mixer. The higher the 
intercept point, the better the third-order suppression. 

Desensitization is the compression at the desired signal frequency caused 
by a strong interfering signal on an adjacent frequency. 

Harmonic Intermodulation Distortion results from the mixing of mixer- 
generated harmonics of the input signals. These distortion products have 
frequencies mfio+nfrr where m and n represent the harmonic order. 

Cross-Modulation Distortion is the amount of modulation transferred 
from a modulated carrier to an unmodulated carrier when both signals are 
applied to the RF port. The higher the conversion compression or intercept 
point of a mixer, the greater the attenuation of the cross-modulation product. 
Cross-modulation distortion is discussed in Section 9-2. 


Some of these definitions are illustrated in Fig. 7-5, which shows the 
characteristic of a hypothetical mixer. At 0dBm input’, the output is 6 dBm, 
indicating a 6-dB conversion gain. At this input level the third-order, two-tone 
intermodulation product is 30 dB below the desired output. At a higher input 
value, the 3dB compression point is indicated (desired output 3dB down 
from the straight-line value); and at a still higher input level, the intercept 
point is shown where the projected curves of desired output and third-order 
intermodulation product intersect. 


7-3 Balanced Diode Mixers 


Because the diode circuits to be described produce both sums and differences 
of the two input frequencies, they can be used as amplitude modulators and 
demodulators as well as mixers. Hence the terms ‘“‘balanced modulator” and 
“balanced mixer’? are synonymous. In the following discussion the input 
frequencies will be fer and fio, resulting in output frequency fir. In the 
discussion of DSB/SC modulators in Chapter 8, on the other hand, the input 
frequencies will be f.(carrier) and f,,(modulating signal), and the desired 
output will be at f. + fp. 

Figure 7-6a shows a single-balanced diode mixer circuit, in which a local 
oscillator voltage is applied between points a and b. The oscillator voltage vyo 
is assumed to be large enough to turn the diodes completely on during the 
half-cycle when a is positive with respect to b and completely off during the 
other half-cycle. Also, vyjo is assumed much greater than ver so that vio 
controls the diode states at all times. The diodes, therefore, act like switches, 


'The signal power in dBm is given by dBm = 10 !og;o(P,/1 mW). 
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Fig. 7-6 Single-balanced diode mixer operation. (a) The mixer circuit; (b)out- 
put voltage across the resistive load; (c) switching function produced 
by the diodes and local oscillator [note that the time scale is expan- 
ded relative to that in (b)]; and (d) partial spectrum of the output. 
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shorting points c and d together and causing v, to be zero whenever vgs is 
positive. Figure 7-6b, with the difference between fio and fre greatly exag- 
gerated, shows what v,(t) would look like across the resistive load. (For a 
receiver mixer the load would be tuned to the intermediate frequency fir in 
order to filter out undesired frequency components.) 

To determine the spectrum of the output wave, we note that v,(t) in Fig. 
7-6b is the product of the input wave and a square-wave switching function of 
oscillator frequency (shown in Fig. 7-6c). From the results of Problem 7-3.1, 
the switching function is given by 


Sy) we MENS a oP (7-13) 


1 
AOS 5 n=1 ni/2 


If we let the mixer input signal be 
UpF(t) = Var COS Wert (7-14) 


the output voltage is given by 


{oo} 


Do(t) = vpe(t)xS(t) = Ver COS opel (5+ Sen eee noot ) (7-15) 
2 n=1 nx/2 

The (sin nz/2)/(nz/2) multiplier has values such that all even harmonics of the 
oscillator frequency f,o will disappear from the output and, indeed, there will 
be no terms of frequency f,o and its odd harmonics—only terms due to the 
‘products cos wert X COS Nwyot with n odd. Note that the input signal at fpr will 
also appear in the output with reduced amplitude. A partial spectrum of 
output components is shown in Fig. 7-6d. All components except the desired 

one at fir = fio— fre will be removed by filtering. 
The single-balanced mixer of Fig. 7-6 has the disadvantage that a com- 
ponent of frequency fpr appears at the output. A double-balanced mixer is 
shown in Fig. 7-7a, with isolation between the three ports achieved by means 
of center-tapped transformers. As in the previous circuit, the local oscillator 
voltage is assumed to be large enough to control the on-off cycle of the 
diodes; that is, the currents due to vpr are small compared with those due to 
ULo- 
Figure 7-7b illustrates the currents (i; and i,) of RF frequency during the 
time when ver makes point a positive with respect to e and b; and when v;o 
makes point c positive with respect to d. Diodes D1 and D2 are turned on by 
Vio, and current io flows around the loop c—a-—d-f-c. Diodes D3 and D4 are 
off because they are reverse-biased. Currents i, and i, through their respective 
diodes are due to the RF voltage drop from a to e. Note that these currents 
add in the load to produce voltage v, with the indicated polarity. Note also 
that io does not flow in the input (RF) transformer winding; and that points 
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Fig. 7-7 (a) Double-balanced diode mixer; (b) partial schematic when V.. is 
positive, D1 and D2 on, and D3 and D4 off; (c) partial schematic when V4 
is negative; (d) output voltage waveform in a resistive load; and (e) the 
switching function of the mixer. 
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a and f are at the same potential (at frequency f,0) if the diodes and the LO 
transformer are perfectly balanced. 

For Fig. 7-7c, the polarity of vpyr is the same as for Fig. 7-7b, but the 
polarity of vio is reversed, making point d positive with respect to c. Diodes 
D3 and D4 are turned on, and D1 and D2 are off. The RF voltage vz, produces 
the indicated RF currents i; and i, through their respective diodes; their sum 
flows from left to right through the load, producing v, of opposite polarity to 
that in Fig. 7-7b. Local oscillator current flows through the loop involving D3 
and D4 but not in the RF transformer. 

Figure 7-7d shows the resulting v,(t) reversing polarity at the LO 
frequency, with the envelope of the wave determined by upp. As before, the 
difference between f,o and fpr is exaggerated in the drawing. It is important to 
note that i;9 does not flow in the RF transformer so that the RF port is 
isolated from the local oscillator. Also, Figs. 7-7b and c show the RF currents 
flowing in opposite directions in the two halves of the LO winding so that no 
voltage of frequency frp is induced at the LO port if the LO transformer i is 
exactly center-tapped. 

The switching function produced by v;9 and the diodes is shown in Fig. 7-7e, 
and is given by 


s)=2 > me sin na/2 


a) COS Nw, ot (7-16) 
=1 


Multiplication of S(t) by the input (RF) voltage yields the output 


5) sin n7/2 


Vo(t) = 2 VrF COS wWret (> nn] 


cos noot ) (7-17) 


The output spectrum will contain only the frequencies nfio + frr, with n odd. 
Neither fio nor fpr appears in the output. 

This type of mixer is popular because of its simplicity and because it will 
work over a wide frequency range determined primarily by the design of the 
transformers. If toroidal-cored, transmission-line transformers are used, 
bandwidths of 1000: 1 can be achieved. The balance of the mixer and isolation 
between ports is determined by the accuracy of the balance of the trans- 
former windings and careful matching of the diode characteristics. These 
mixers typically have a conversion loss of about 6dB, and a noise figure on 
the order of 6 to 8dB. The isolation of the LO from the RF port is around 
50 dB, decreasing at higher frequencies because of unbalance due to stray 
capacitance, and so forth. The two-tone, third-order intermodulation products 
are typically down 50 to 60 dB from the desired IF components. 
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7-4 FET and BJT Mixers 


The mixer is typically the noisiest stage in the receiver front end. If, as with 
diode mixers, this stage also introduces a conversion loss, the noise generated 
in the first IF stage may also be a contributor to the overall noise figure. 
Consequently, FET and BJT mixers that have a conversion gain on the order 
of 20dB for BJTs or 10dB for FETs are attractive. The LO power require- 
ment is lower for BJTs than for FETs, but intermodulation distortion is higher 
because of the exponential transfer characteristic. Although FET mixers have 
a lower conversion gain, they are often preferred because the square-law 
transfer characteristic yields a low intermodulation distortion and a larger 
dynamic range of input signals can be tolerated. 

Circuit stability can be a problem with mixers that have power gain, just as 
with amplifiers. However, if the LO injection ports separate from the RF 
port and if the three ports—RF, LO, and IF—are each tuned to a different 

“frequency, stability is not hard to achieve. If the external impedance at each 
port approximates a short circuit at the other two frequencies, the Stern 
stability criterion indicates that stability will be assured. If the device y 
parameters are known at all three frequencies, the Stern factor “test” can be 
applied at each frequency to check the possibility of instability [2]. 

A problem common to all mixer circuits is spurious response: the produc- 
tion of outputs at intermediate frequency f,; due to signals at frequencies 
other than the desired received frequency fpr. These other frequency com- 
ponents may be (1) coming directly from the antenna if no RF preamplifier 
stage is used, (2) produced by nonlinear action in the RF amplifier, (3) 
produced in the mixer itself, or (4) attributable to oscillator-frequency har- 
monics. Figure 7-8 illustrates some of these spurious response frequencies. 
The “desired” frequencies are the LO frequency f,o, RF received frequency 
frr, and intermediate-frequency fir (=fio— frp) at the mixer output. 


Fig. 7-8 A spectrum of spurious signals that may produce mixer output at the 
intermediate frequency. 
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The major sources of unwanted interference are as follows: 


1. The image frequency fim=fiotfir. If a signal of this frequency is 
picked up by the antenna, and if it reaches the mixer input, it will beat with 
fio to produce a difference-frequency component equal to fir. 

2. An input signal at f}p will appear in the output due to normal amplifier 
action. 

3. An input frequency equal to fprr/2 may be doubled to fpr by the 
square-law mixer term and then combine with f,o to produce output at fir. 

4. An input at fj-/2 may be doubled by the mixer and appear in the output. 

5. If the LO output includes a second harmonic at 2fj0, or if the mixer 
generates 2f,0, this component can beat with received inputs at 2f,o+ fir to 
produce output at fir. 


All of these possibilities illustrate the need for adequate selectivity ahead 
of the mixer stage and for good linearity in the RF stage to avoid generation 
of spurious frequencies at that point. 


7-5 Transistor (BJT) Mixers 


Although the BJT mixer has a high conversion gain and low noise figure, it 
produces relatively large third-order intermodulation distortion (IMD) 
products and has small dynamic range. An idea! mixer should be able to 
accept a large range of RF input amplitudes without producing inter- 
modulation and cross-modulation distortion. Some automatic gain control 
(AGC) is desirable in the RF stage so that the range of signal amplitudes that 
reaches the mixer input will be minimized. 

The following analysis of third-order distortion is applicable to both 
amplifiers and mixers; hence the two input frequencies are labeled f; and fy. 
To simplify the discussion, it will be assumed that the two inputs have the 
form 


v(t) = V; cos wt and v(t) = V2 cos wot (7-18) 
and that these signals are additive at the input to the nonlinear device so that 
v(t) = V; cos wt + V2 cos wot (7-19) 

The transfer function will take the form of (7-1): 
i,(t) = In + av,(t) + b[v(t)? + clv(t)P (7-20) 


The current J) represents the direct current at the static Q point. The total 
direct current is the sum of J) plus the dc component produced by the bv? 
term; hence a Q-point shift may occur unless constant-current bias is used. 
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The av; term represents linear amplifier action, reproducing the input 
signals at the output. The bv; term gives rise to a dc component and second 
harmonics of the input signals, as well as the product terms at frequencies 
fi+f2. The cv; term produces components at frequencies f,, fo, 3f,, 3f>, 
2f,+f,, and 2f,+f, (see Problem 7-5.1). The results are summarized in Table 
7-1. 

It was shown in Section 4-1 that the BJT has an exponential form of 
transfer function; hence the third-order IMD products in Table 7-1 may be 
significant. Suppose, for example, that fir in-an AM receiver is equal to 
455 KHz, and that the RF signal (fpr) is at 910kHz, requiring the local 


TABLE 7-1 Components of Output Current in a Mixer with the Characteristic 
ip = av, + bv? ar cv; 


and with inputs: Case A-v,= V; cos ait 
Case B- v, = V; cos w,t + V2 COS wot 


First-Order Second-Order Third-Order 
av; bv; cv? 
CASE A 
aV; cos wit 2 Vi +e V,> cos at 
b 2 Cc 3 
5) V;, cos 2a1t ie V, COS 3a@t 
CASE B 
Cc 
aV, cos wit 3 (Vi?+ V2*) (+22 vie+3e viv") COS wit + 
+ aV2COS wot +3 V2 Cos 2a@it (+32 ve+32 v.2Ve) COS wot 
b 2 C 3 c 3 
+ 5 V2" COS 2wot = 7 V;, cos 3w,t + ii V> COS 3a@ot 
se DV, V> cos (w, SF Wo)t =f %e V,°V2[cos (2a; ae We)t 
sir DV, V> Cos (w4 A Wo)t + COs (20, Te wo)t] 


+ 2 Vi V22[cos (2u2+0)t 


+ COS (2@2— w)t] 
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Fig. 7-9 Single-ended BJT mixer. (Courtesy of Motorola Semiconductor 
Products, Inc.) 
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oscillator frequency to be fio = 1365 kHz. To correlate with Table 7-1, let 
frr=f; and fio =f2. The table indicates that a third-order IMD component 
will be generated at 2f,— f. = 2frr—fio = 1820 — 1365 = 455 kHz = fir. Hence 
this component will add to the desired output at fro—frr due to the square- 
law (bv?) term, causing distortion. For such reasons the FET which (ideally) 
has a square-law transfer characteristic is often preferred for mixer service. 

Figure 7-9 shows the schematic diagram for a single-ended transistor 
mixer (comparable to Fig. 7-4a) that was designed for fpr = 30 MHz, fio= 
35 MHz, and fir = 5 MHz [2]. With an RF input of 1 mV and LO input of 
0.5 V, this mixer gave a conversion gain of approximately 30 dB. Note the 
small coupling capacitor (1.2 pF) between the LO input and the base of the 
transistor. The small coupling capacitance is desirable to prevent the im- 
pedance of the local oscillator circuit from affecting the impedance match 
between the RF source and the input to the transistor. 

A differential-pair, balanced BJT mixer is shown in Fig. 7-10. If the 
transistors Q1 and Q2 are identical and the external circuit is perfectly 
balanced, no LO signal reaches the RF or IF ports. 


7-6 FET Mixers 


Field-effect transistors are preferred over BJTs for high-frequency mixer 
service because they produce less intermodulation and cross-modulation 
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Fig. 7-10 A balanced BJT mixer. 
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distortion, and their lower feedback capacitance provides better circuit stabil- 
ity. Both JFETs and MOSFETs are used, with MOSFETs generally exhibiting 
higher values of |y,;,| and more power gain.” With dual-gate MOSFETs, the RF 
and LO inputs can be supplied to separate gates, thus reducing interaction in 
single-ended mixers. 

To understand the mixer action of an FET, consider the idealized square- 
law transfer function, ip versus vgs, shown in Fig. 7-1la. For a JFET in which 


3 UGS 2 
ip = Ipss ( an a (7-21) 


P 


*At low frequencies |y,.| is equivalent to g,,. 
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Fig.7-11 (a) Ideal square-law transfer characteristic of a JFET; and (b) plot ofg, 
versus Ves for the square-law device. With local oscillator voltage 
Vio = Vio COS wor applied, the time-varying g,,(t) also varies as a 
cosine function. 
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and 


&mo = 2Ipss/ Vp (7-22) 

the curve of Fig. 7-1la would indicate that Vp =—2 V and Ipss =8mA. A 

reasonable Q point would be at Vgs = —1 V, Ip = 2 mA. The forward transfer 
admittance y;,, or transconductance g,, is given by the relation 

Dea pele (7-23) 


and a plot of g,, versus vgs yields the curve shown in Fig. 7-11b. Note that the 
value of g,, varies linearly with Vgs because of the assumed square-law 
characteristic for ip. 

Now let vgs be the sum of bias voltage Vgs and a time-varying local oscillator 
voltage vio = Vio COS wot as shown in the lower part of Fig. 7-11b, that is, 


UGs = Vos a Vio cos @yot (7-24) 


With the g,, at the operating point defined as 


Bmo-= Bmo (1- a) (7-25) 
P 


substitution of (7-24) and (7-25) into (7-23) gives the expression for the 
time-varying g,,(t) plotted to the right in Fig. 7-11), 


Bm(t) = Smo — = Vio COs wot (7-26) 


Since V, has a negative value in the example shown, (7-26) can be rewritten in 
the form: 


Bm(t) = &mo + Fy72] Vi0 COS rot (7-27) 


If an RF signal of the form vyr= Vercos wert is added to the bias and 
local oscillator signal, and if Ver < Vio, the time-varying component of drain 
current is equal to ver multiplied by the time-varying g,,(t), 


ip(t) = 8m(t) X Var COS wrrt 


= 2mo X Ver COS Wrpt + 2 X Vio COS Wot X Var cOSs Wret (7-28) 


Val 


The intermediate-frequency component of interest comes out of the second 
product term in (7-28), and the conversion transconductance g, is defined as 
the ratio of IF output current to RF input voltage, 


Tir 8mo Vio 
= IE = 8moVLo 7-29 
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If the Q point is chosen at the midpoint of the curve in Fig. 7-11, 2ma = 8mol2 
and the relationship between g, and gmo is given by 


&mQV Lo 


c= 7-30 
8" Wel Maas? 


For the numerical values given in Fig. 7-11, gm. = 8 mmhos, 2mnq = 4 mmhos, and 
g- =2 Vio or 2mmhos if Vio = 1 volt. 


Graphical Analysis—Nonlinear Transconductance Characteristic 


In a practical circuit the ideal characteristics of Fig. 7-11 are not attained; the 
2m VEFSUS Vgs Curve may not be linear, and V,o may be large enough to drive 
the device into cutoff or saturation. Even so, a cross plot of vyo through the 
actual g,, characteristic (as in Fig. 7-11b) will yield a periodic g,,(t) curve 
from which g,,(t) can be expressed as a Fourier series with components at fio 
and its harmonics. The fundamental frequency component g,,; of g,(t) can 
then be used in the first form of (7-28) to find the amplitude of the desired 
output at fi and the conversion transconductance. 

For example, Fig. 7-12a shows the g,, versus vcs characteristic of a 
square-law device, 7-12b shows a local oscillator voltage superimposed on 
bias Vgs, and 7-12c shows the resulting curve of g,,(t). Note that the device is 
cut off whenever vgs(t)< Vp (shown shaded) so that the g,,(t) curve is a 
truncated cosine wave. The cutoff angle 6, is given by 


6, = cos! [Me Yes) (734) 
Vio 
Values of g,,(t) are related to vgs by 
Gy (Ei = Limo (1 = 2) (7-32) 
Vp 
and vgs is given by 
vgs(t) = Vio COS Wot + Vos (7-33) 


For the intervals shown in Fig. 7-12 in which vgs > Vp [or gm(t) > 0], use of 
(7-33) in (7-32) yields 


n(t) = | ~[Vio cos wrot + Ves — Vp] (7-34) 


val Vp 


By Fourier analysis (Problem 7-6.2), the amplitude of the fundamental 
frequency (f10) component of g,,(t) is found as 


Zone Vio ( | ) is ’ | 
8m ae Val [2 es 5 sin 20.) + (Ves — Vp) sin 0, (7-35) 
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Fig. 7-12 Illustration for the calculation of the fundamental frequency com- 
ponent of g,,(t) in a mixer. 


om ieea(() 


(c) 


The desired IF component of drain current is then a sum- or difference- 
frequency term extracted from the product 


ip(t) = 2m1 COS @y ot X Ver COS Wrrt (7-36) 
or 
itp(t) = Bn * VEE cos (WLo ae Wrr)t (7-37) 


From (7-37) it is evident that the conversion transconductance is 


lire s Sit : 
Seer) (7-38) 


From a practical standpoint, since |y,,| varies with frequency, experimental 
measurement will give a more realistic answer for a specific device and will 
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permit variation of the Q point and V,o until a maximum conversion gain is 
attained. 


Double-Balanced Mixer 


The circuit of a double-balanced JFET mixer is shown in Fig. 7-13. If the 
FETs are on a single chip to assure uniformity and if wideband transformers 
are used, the circuit has from a 1.5- to 3-dB conversion loss over several 
hundred megahertz. The FETs act as switches controlled by the LO signal, 
just as in the diode mixer of Fig. 7-7. If the LO signal makes point a positive, 
Q1 and Q2 are ON; hence, c is connected to f and d to e. When b is positive, 
Q3 and Q4 are ON; hence c is connected to e, and d to f. Thus the LO signal 
causes phase reversals of the RF signal at the IF port, and the analysis is the 
same as for the diode circuit. 

Additional discussion of FET balanced mixers can be found in references 
[5S] and [6]. 


Fig. 7-13 Double-balanced JFET mixer. 


RF 
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7-7 JFET Mixer Design 


The experimental approach to JFET mixer design has been explored in depth 
by Kwok [3, 4] and from his work some general design rules can be stated as 
follows. 


1. The local oscillator signal can be injected either at the gate as in Fig. 7-14 
or at the source as in Fig. 7-15. Source injection yields slightly lower conversion 
gain because of the impedence inserted between the source and ground but gives 
better isolation between the LO and RF ports. In both examples a parallel- 
resonant “trap”’ circuit (see L3-CS5 in Fig. 7-14) blocks the local oscillator signal 
from the output port. 

2. Maximum conversion power gain is attained with conjugate-matched 
impedances at the input and output ports. These impedances are a function of 
the gate bias and LO injection voltage, hence they must be measured at the 
desired values of Vg; and Vio. Circuits suitable for such measurements are 
shown in Fig. 7-16. This optimum gain condition is not achieved in practice 
because of the difficulty in matching to the high output impedance (~ 10 kQ)) 
of the FET. 

3. Maximum conversion transconductance with minimum cross-modula- 
tion is obtained with operation in the square-law region at Vgs ~ V>/2, 
Vio = Vp/2. However, a worthwhile increase in g- 18 obtained with increasing 


Fig. 7-14 200-MHz common-source, gate-injected mixer. L1: 36 turns No. 24- 
enameled wire, close wound on a jin. I.D. form; L2: 2 turns No. 18 
tinned wire 3 in. 1.D., 0.3 in. long. All other coils are standard molded 
chokes. (From Motorola Application Note 410, Nov. 1967. With per- 
mission of Motorola Semiconductor Products, Inc.) 


+15 Vde 


200 MHz C5 0.5-8 pF 
C3 C4 
0.5-8 pF 0.5-8 pF 


0.001 uF 


if —Ve6o 
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Fig. 7-15 200-MHz common-source, source-injected mixer. L1 and L2 are the 
same as in Fig. 7-14. All other coils are standard molded chokes. (From 
Motorola Application Note 410, Nov. 1967. With permission of Motorola 
Semiconductor Products, Inc.) 


+15 Vde 
0.001 pF 


levels of Vio. A good compromise appears to be at Ves = 0.8 Vp and Vio= 
0.8 Vp. (This drives the JFET into cutoff during part of the LO cycle, but 
operation is wholly in the depletion mode.) 

Still greater values of g, are realized by increasing Vio to drive the gate 
into the enhancement region (but not so far as to forward-bias the gate- 
channel diode); however, this tends to reduce the values of input and output 
impedance of the JFET, and increases cross-modulation distortion. With 
Vos = 0.8 Vp, the maximum allowable Vio is 0.6+ 0.8 Vp volts. (Note that the 
introduction of a large RF input signal from a local station might then drive 
the gate into conduction.) 

4. Operating conditions selected for maximum conversion transconduc- 
tance generally coincide with those for the lowest noise figure. 

5. For operation with low-level LO injection, devices with a high value of 
Inss/ Ve’ should be selected in order to obtain high conversion gain and low 
noise. (These units usually have low values of Ipss.) If the mixer must be able 
to tolerate a large range of input signals, devices with high Vp or Ipss values 
should be chosen. 


7-8 MOSFET Mixer Design 


Operation of the single-gate MOSFET mixer [7] is essentially the same as that 
of the JFET, except that there is no danger of driving the insulated gate into 
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forward conduction. The MOSFET has lower reverse transfer capacitance 
(C,;;) and higher forward transfer admittance (y,,) than its JFET counterpart. 
Many of the newer MOSFETs are of dual-gate construction and the action of 
the second gate provides some interesting characteristics for both mixer and 
amplifier applications; hence the remainder of this section will be devoted to 
the dual-gate MOSFET [8, 9]. 

The dual-gate MOSFET shown schematically in Fig. 7-17a is particularly 
useful for VHF amplification and mixer service. The second gate can be used 
as an AGC control element for amplifiers or as the port for introduction of 
local oscillator voltage in a mixer. The device behaves like two single-gate 
devices in cascode [9] as shown in Fig. 7-17b, and its equivalent circuit [8] is 
correspondingly more complicated as shown in Fig. 7-18. As would be 
expected for a cascode stage, larger gain is produced for signals at gate 1 than 
at gate 2; hence the RF signal is applied to gate 1. The dual-gate MOSFET 
exhibits extremely low reverse transfer capacitance C,,, (typically less than 
0.1 pF), thus improving the stability of the high-frequency circuits. 

The transfer characteristics (Ip vs. Vgis) of the 3N211 MOSFET [8] are 
shown in Fig. 7-19b, with Fig. 7-19a showing an expanded view of the 
square-law region of the characteristics. The first derivative of these curves 
yields the forward transfer admittance, y,;, or g~, shown in Fig. 7-20. 

For mixer service, operation in the square-law region is desired, with a 
minimum of third-order distortion that would introduce undesirable cross- 
modulation distortion. These points, identified in Fig. 7-20 as the “locus of 
operating points for minimum third-order effects,’ occur at the inflection 
points of the curves where the first derivative of y;, is a maximum and the 


Fig. 7-17 (a) Schematic diagram for the dual-gate MOSFET with gate-protection 
diodes; and (b) an equivalent representation showing two MOSFETs in 
the cascode connection. 
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Fig. 7-18 Dual-gate MOSFET model. (From Application Bulletin CA-173, Jan. 
1973. Courtesy of Texas Instruments Incorporated.) 


Equivalent circuit 


Cgd1 


gn2V 
Oe m2 
G 
s Transistor 1 Transistor 2 
Approximate Equations: 
¥; = w? Cg? te1 + joCy ¥; = 1/rg2 + m2 + jolC.s2 + 4 Cea) 
¥, = [wr : Y, =—1/ra2 
¥;= m1 —jolCr +5 Cer) Y; = I/ra2 — m2 + jl Cg2) 
ig. = V/ray + jwly xe = 1/ra2 + J WCysyh2 


second derivative (which is related to third-order distortion) is zero. It is 
obvious that the curve for Vg25 = 4 volts yields the highest values of both y,, 
and a rate of change of y,,. 

For a mixer in which Vr and Vj o are both applied to gate 1, a suitable Q 
point would therefore be at Vers = 4 V, Veis ~ —0.55 V, Ip ~6mA. Although 
this Q point would yield good mixer performance with small LO voltages, an 
increase in g, could probably be obtained with a larger Vio and shift in Q 
point as was pointed out in Section 7-7. 

If the RF signal is applied to gate 1 and the LO signal to gate 2 in order to 
minimize interaction between these sources, the effect of the LO voltage is to 
shift the instantaneous operating point from one curve to another in Fig. 7-20; 
hence, a greater variation in g,,(y;,) is produced at the expense of applying a 
larger Vio. Optimum performance conditions are best determined experi- 
mentally for the particular device to be used. 

Cross-modulation distortion in a mixer is of particular importance when a 
small desired signal is being received in the presence of a large undesired 
signal. To avoid cross-modulation distortion when two such signals add at the 
RF input, either y,;, should be constant or, at least, the second derivative of 
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Fig. 7-19 Drain current versus Vg:is in the 3N211 dual-gate MOSFET for various 
values of Veos. (From Application Bulletin CA-173, Jan. 1973. Courtesy 
of Texas Instruments Incorporated.) 
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Fig. 7-20 Y;, versuS Ves of a typical 3N211 dual-gate MOSFET. (From Ap- 
plication Bulletin CA-173, Jan. 1973, Courtesy of Texas Instruments 
Incorporated.) 
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the y;, versus Vg;s curve should be zero. The latter condition is theoretically 
satisfied at the Q points identified by the “locus for minimum third-order 
effects” in Fig. 7-20. 

The condition for constant y;,, on the other hand, is approximated by 
selection of an operating point at the peak of one of the curves in Fig. 7-20, 
(i.e., at Voos =4 V, Veis = +0.5 V, yj; =30mU). This is a logical choice for 
the Q point for amplifier operation. It has been proposed that good mixer 
operation in the presence of large interfering signals might therefore be 
obtained by letting vjo be a square wave that would alternately bias the 
MOSFET in cutoff and at the Q point given above. Thus g,,(t) would be a 
square wave varying between 0 and 30 mU, and the fundamental frequency 
(fio) component of g,, would be approximately 19mU. This would yield a 
higher conversion transconductance than the operating condition of the 
preceding paragraph. Some preliminary tests have indicated that this mode of 
operation may be feasible and that low third-order distortion results. 

A Fairchild application note [9] that used the FT0601 dual-gate MOSFET » 
as a mixer with sinusoidal LO signal on gate 2 indicates a conversion gain 
varying linearly from 0 to 15 dBm as the LO drive level was varied from —15 
to 0 dBm with fip = 45 MHz. 
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PROBLEMS 


7-1.1. A nonlinear device has the characteristic given by (7-1) in which 
Ih=10mA, a =5X10°, b=2xX10°%, c=10°", and v(t) = 1cos wt. Find the 
series representation of i,(t). 

7-1.2. The device specified in Problem 7-1.1 has the input o,(t)= 
1 cos 2af,t + 0.5 cos 27f2t, in which f, and f, are not harmonically related; that 
is, let f, = 400 Hz and f, = 750 Hz. Find the amplitudes and frequencies of all 
output current components and list these in a table. 

7-1.3. In textbooks on circuit analysis the Fourier transform of f(t) = 
cos wot is often given as G(jw) = 7[6(w — w,)+ 6(w + w,)], where 6 denotes 
the unit impulse function. 

(a) Show that if f is chosen as the variable of integration instead of @, the 

transform becomes G(f) = 0.5[5(f — f.) + 6Cf + f.)I. 

(b) Show that the Fourier transform of f(t)= Acos(@t+0) is G(f)= 

0.5 A[e*5(f — f.) + e *5(f + fo)]- 
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(c) Show that the transform of f(t) = sin wot iS G(f)= 
0.5[e 7’ 8(f — f.) + e”?5(f + f.)]. 
7-1.4. The input voltages to a square-law mixer consist of: 

(a) An amplitude-modulated carrier given by 


v,(t) = 10 cos 27 x 1000 x 10°t + 3 cos 27 X 1001 x 10°t 
+ 3 cos 2m x 999 x 10°t mV. 
(b) A local oscillator voltage given by 


vio(t) = 50 cos 27 X 1500 x 10°t + 20 sin 27 x 3000 x 10°t mV 


The mixer output term of interest is that due to the product v,(t) X vy o(t). 
Find the magnitude and phase of the spectral components of the product. 

7-1.5. The inputs to a square-law mixer are an amplitude-modulated wave 
fi(t) and a local oscillator signal f,(t). The AM wave is given by fi(t)= 
10 cos wt +3 sin(w, + @,)t +3 sin(@.—@n)tmV. The local — oscillator 
signal is f,(t)= 100 cos wot + 20 cos 2w;of mV. Frequencies are ipa 
1500 kHz, f,,=2kHz, and fjo9=1955kHz. The mixer conversion trans- 
conductance, corresponding to coefficient b in (7-1) is 5mU. Find the am- 
plitudes of only the output frequencies that result from the mixer product 
terms, using convolution. Show the results as a one-sided frequency spec- 
trum, indicating the amplitude and phase of the components of the real time 
functions (i.e., combine positive- and negative-frequency terms from the 
double-sided frequency spectrum). 

7-3.1. The periodic, rectangular pulse wave, shown in Fig. P7-3.1, is 
encountered frequently in diode mixers and IC mixers or phase detectors of 
the digital type. The pulse length is 7, the repetition period is T, and the 
fundamental frequency is f = 1/T or w =27/T. Make a Fourier analysis of 
this wave and show that the result can be put into the form: 

2AT wm Sin (n77/T) 


f(t) = S24 24" y 


COS Not 
fi n=1 nil] T cn 


Sketch the resulting spectrum and identify: 
(a) The spacing between successive spectral lines. 
(b) The zero crossings of the envelope of the spectrum in terms of 7 and T. 


Fig. P7-3.1 
f(t) 
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7-5.1. Verify that the use of relations (7-18) through (7-20) yields the 
third-order distortion terms listed in Table 7-1. 

7-6.1. An FET to be used as a single-ended mixer has the parameters 
2mo =6mU and Vp =—3 V. Assume that the device has an ideal square-law 
characteristic and is to be operated so that vgs swings between Vp and 0. 

(a) Determine the conversion transconductance g, and the rms value of local 
oscillator voltage required between gate and source. 

(b) For an RF signal of 1 Vrms applied between gate and source, what is the 
rms value of the difference-frequency drain current? 

(c) Assume that the mixer uses gate injection as in Fig. 7-14 with C;=2 pF 
and that the gate-to-ground impedance due to the JFET and the matching 
network is —j150 ohms at f,o = 115 MHz. What is the rms voltage required at 
the LO terminal in the circuit? 

7-6.2. An FET mixer is biased as in Fig. 7-12, so that g,,(¢) is given by 
(7-34) when vgs is greater than Vp. Show by Fourier analysis that the 
fundamental frequency component of g,,(t) is given by (7-35). 

7-6.3. Refer to Fig. 7-12. Let Vp =—-4 V, 2m. =10m0U, and Vpp= 10 pV. 
Find the values of 6,, 2m1, 2c, and Ihr if 
(a) Ves =—-3 V, Vio=3 V; 

(b) Ves =—-4V, Vio =4V; 

(e) Vos =—5 Vv. Vio =SV. 
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Ss Modulation 


Modulation is the process by which the information content of an audio, 
video, or data signal is transferred to an RF carrier before transmission. The 
inverse process—recovering the information from an RF signal—is called 
demodulation or detection. In its simpler forms a modulator may cause some 
characteristic of an RF signal to vary in direct proportion to the modulating 
waveform; this is termed analog modulation. More complex modulators 
digitize and encode the modulating signal before modulation. For many 
applications digital modulation is preferred to analog modulation. 

A complete communication system (Fig. 8-1) consists of an information 
source, an RF source, a modulator, an RF channel (including both transmitter 
and receiver RF stages, the antennas, the transmission path, etc.), a demodu- 
lator, and an information user. The system works if the information user 
receives the source information with an acceptable reliability. The designer’s 
goal is to create a low-cost working system that complies with the legal 


Fig. 8-1 Conceptual diagram of a communication system. 
user 
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Fig. 8-2 Black-box view of a modulator. 
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restrictions on such things as transmitter power, antenna height, and signal 
bandwidth. Since modulation/demodulation schemes differ in cost, bandwidth, 
interference rejection, power consumption, and so forth, the choice of the 
modulation type is an important part of communication system design. This 
chapter explores the theory of the modulation techniques themselves; later 
chapters will cover modulator and demodulator circuit design in detail. — 

To understand the modulation process, it is helpful to visualize a modula- 
tor as a black box with two inputs and one output (Fig. 8-2). Into one input 
goes a modulating signal v,,(t); the other input is connected to a carrier 
oscillator producing a sinusoidal voltage with constant amplitude and 
frequency f,. The output is a modulated waveform 


F(t) = A(t) cos [wt + @(t)] = A(t) cos (ft) (8-1) 


whose amplitude A(t) or angle (t), or both, are controlled by v,,(t). In 
amplitude modulation (AM) the carrier envelope A(t) is varied while @(t) 
remains constant; in angle modulation A(t) is fixed and the modulating signal 
controls #(t). Angle modulation may be either frequency modulation or phase 
modulation, depending upon the relationship between the angle o(t) and the 
modulating signal. 

Although the waveform of (8-1) might be called a modulated cosine wave, 
it is not a single-frequency sinusoid when modulation is present. If either A(t) 
or @(t) varies with time, the spectrum of F(t) will occupy a bandwidth 
determined by both the modulating signal and the type of modulation used. 


8-1. Amplitude Modulation 


Amplitude modulation (AM) in the form of on-off keying of radio-telegraph 
transmitters is the oldest type of modulation. Today, amplitude modulation is 
widely used for those analog voice applications that require simple receivers 
(e.g., commercial broadcasting) or are transmitted via ionospheric propagation 
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and require narrow bandwidths (e.g., communication with transcontinental 
aircraft). 

There are several related forms of AM; they differ in their methods of 
generation and in their spectra. The simplest kind, often called “straight” AM, 
can be generated (see Fig. 8-3) by placing the modulating voltage in series 
with the collector supply of a Class C RF amplifier that is driven into 
saturation. When the modulating voltage is positive, the amplifier receives a 
larger collector voltage and delivers a correspondingly greater output signal; 
when the modulating voltage is negative, the collector voltage and the 
amplifier output are smaller than their unmodulated values. If the amplifier 
output voltage F(t) is linearly proportional to the instantaneous collector 
voltage, F(t) is related to the modulating voltage v,,(t) by 


F(t) = K[ Vcc + Um(t)] Cos wet (8-2) 


where Vcc is the collector supply voltage and K is a constant of propor- 
tionality. Obviously, the negative peaks of v,,(t) should not reduce the total 
collector voltage to a point where the amplifier ceases operation; this con- 
dition is called overmodulation and it introduces distortion. 

To examine AM in more detail, assume a single-frequency sinusoidal 
modulating voltage 


Um(t) = Vin COS Wmt (8-3) 
Then 
F(t) = K[Vec + Vin COS Wmt] COS wet (8-4) 
or with V. = K Vee, 
F(t) = vel Wee coe ty costa’ (8-5) 
Vec 
or 
F(t) = V.1 + mg COS @mt) COS wet (8-6) 


Fig. 8-3 A simple scheme for generation of AM waves. 
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Fig. 8-4 Three examples of AM waveforms with different values of m,. The 


envelope is shown as a dashed line 
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in which V, is the carrier voltage amplitude without modulation, m, is called 
the modulation index or modulation factor, and the envelope of the modu- 
lated wave is expressed by 


A(t) = V.(1 + mg COS Wmt) (8-7) 


Note that the deviation of the envelope from its unmodulated value is 
proportional at every instant to the value of the modulating signal. When 
expressed as a percentage, m, is said to be the percentage of modulation. The 
value of m, should not exceed unity, or 100 percent, on the negative peaks to 
avoid distortion. 

The time-domain behavior of F(t) is best visualized as in Fig. 8-4 by 
plotting F(t) for fixed values of w,, and w, and several different values of M,. 
For m, <1, the carrier amplitude varies in proportion to (1+ m, cos wt) and 
the carrier frequency [which can be computed from the time intervals 
between successive zero crossings of F(t)] remains constant at f.. For m, > 1, 
(8-6) is not valid for times when (1+ m, cos wmt) is less than zero: when this 
occurs the amplifier output is zero. 

Since the modulating information is contained in the envelope of the 
modulated wave, it can be recovered by rectifying the modulated wave with a 
simple detector system as is shown in Fig. 8-5. 


Fig. 8-5 Schematic of a simple AM detection circuit illustrating the recovery of a 
single-frequency modulating signal v(t) from an AM signal, v,(t). 
V4 v2 


v3 


AM Spectrum 


The spectrum of F(t) is examined by rearranging (8-6) and employing a 
trigonometric identity to put it into the form: 


Vim, 
2 


cla 


2 


F(t) = V,. cos w,t + COS (W. + Wm)t + COS (W. — Wm)t (8-8) 
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The first term in (8-8) is called the carrier; it is unaffected by the modulation 
process. The terms at frequencies f, +f, and f.—f, are called the upper and 
lower side frequencies, respectively. Their amplitudes are proportional to the 
modulation index and their frequencies differ from the carrier frequency by 
an amount equal to the modulating frequency. The relative phase relation- 
ships of the three components in (8-8) are illustrated in Fig. 8-6, with the 
upper and lower side-frequency amplitudes denoted by V, and V), respec- 
tively. In Fig. 8-6a, the three phasors are shown for t = 0, with the horizontal 
projection representing the instantaneous value of each function. At some 
t>0 for which the carrier phasor is again horizontal, the upper and lower 
side-frequency phasors may have the directions shown in Fig. 8-6b, making 
equal angles with respect to the horizontal axis. (Because their frequencies 
differ from f. by+f,, the side-frequency phasors rotate with angular velo- 
cities +w,, relative to the stationary carrier phasor.) Note that the phasor sum 
will always lie along the real axis, indicating amplitude variation but no 
frequency deviation. 

If (8-8) represents a voltage impressed upon a 1-ohm resistor, the average 
power contained in the carrier component is V,’/2 watts and each side- 
frequency component contains V,’m,’/8 watts. As the percentage of modula- 
tion is increased from 0 to 100 percent, the total power in the waveform 
increases by 50 percent (from V//2 to 1.5 V/2). This extra power comes 
from the modulator; a straight AM modulator must be capable of delivering 
an audio output power that is one-half the dc input power of the transmitter 
stage being modulated. 

The AM spectrum with nonsinusoidal modulation is more complicated 
than in (8-8). As shown in Fig. 8-7, there are upper and lower side-frequency 
terms corresponding to each frequency component of the modulating signal, 
and the two groups of side frequencies combine to form an upper sideband 
and a lower sideband. If f, is the highest modulation frequency present and f, 
is the carrier frequency, the complete spectrum of the modulated waveform 
extends from the bottom of the lower sideband at f,—f, to the top of the 
upper sideband at f. +f, for a total bandwidth of 2f,,. 


Fig. 8-6 Phasor representation of the AM wave of (8-8). 
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Fig. 8-7 Spectrum representation of a complex audio wave and the resulting AM 
_ sidebands around the carrier. 
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The advantage of this form of AM is the ease with which it can be 
demodulated; the disadvantages are the power wasted in the carrier (which 
conveys no information), and the redundancy and excess bandwidth inherent 
in transmitting the modulation information in both the upper and lower 
sidebands. Each sideband contains all of the information in the modulating 
signal. 


Power in AM Waves 


From elementary circuit theory the definitions of instantaneous and average 
power are well known for sinusoidal waves of constant amplitude and 
frequency. Average power, found by integration over one or more complete 
cycles, is referred to simply as the “power,” and is given by V?/R or I?R 
where V and J are the rms voltage and current. For nonsinusoidal waves of 
constant amplitude, such as an angle-modulated wave, the average power is 
also equal to V’/R; or it can be found through spectral analysis as the sum of 
the V’/R components due to each frequency component of the voltage 
spectrum. 

The latter technique works equally well for waves of varying amplitude 
and can be used to compute the long-time-average power of AM, double- 
sideband, and single-sideband waves. For sinusoidal modulation, the 
averaging or integration time would again have to correspond with one or 
more complete cycles of the modulating signal. For these waveforms a 
short-time-average power, computed at the maximum amplitude level of the 
wave is also useful. This is called the peak envelope power (PEP), and it is 
computed as the average power over one RF cycle or Ven’/2R, where Vem iS 
the peak value of instantaneous voltage. Thus, as generally used in com- 
munication systems, the term power implies the long-time average; whereas 
peak power implies the PEP. 
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8-2 Double-Sideband and Single-Sideband Systems 


One way to generate AM without a carrier is to multiply an unmodulated RF 
carrier by a modulating wave in a balanced mixer (modulator) as shown in 
Fig. 8-8. (Figs. 6-9, 7-7, and 7-13 are examples of circuits that could be used as 
balanced modulators.) If we assume the single-frequency modulating voltage 
of (8-3) and unit-amplitude carrier, the modulated waveform F(t) is given by 


F(t) = Vm COS Wmt COS wet (8-9) 


after unwanted mixer products are filtered out. By employing trigonometric 
identities, this can be rewritten as 


F(t)= ‘s COS (@, + Wm)t + e COS (W, — Wm)t (8-10) 
to show that the modulated waveform consists of two side-frequency com- 
ponents but no carrier (with nonsinusoidal modulation there will be upper and 
lower sidebands.) For this reason it is called an amplitude-modulation, dou- 
ble-sideband, suppressed-carrier wave, usually abbreviated DSB/SC. The 
phasor representation of this wave is shown in Fig. 8-9a with V, and V, 
denoting the upper and lower side-frequency components as before. Note that 
the two side-frequency phasors make equal angles with respect to the real 
axis, and their sum always lies along this axis. The corresponding waveform 
of the DSB/SC wave is shown in Fig. 8-9b, with the envelope denoted by 
A(t). 

Since there is no carrier, all of the power in F(t) is contained in the 
sidebands: hence in DSB/SC all of the transmitter output power is devoted to 
information transmission, whereas in ordinary AM less than one-third of the 
total power carries the modulating information. Note also that no modulation 
index appears in (8-10); the range of modulating voltages that can be ac- 
commodated is limited only by the dynamic range of the modulator and 
subsequent linear amplifier stages. Although DSB/SC modulation uses 
transmitter power more efficiently than AM, there is no difference in the 
required bandwidth. Both systems require a bandwidth equal to twice the 


Fig. 8-8 Generation of a DSB/SC wave with a balanced modulator. 
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Fig. 8-9 (a) Phasor representation of the DSB wave; the upper and lower 
side-frequency components always add along the real axis. (b) Time- 
domain representation of the DSB/SC wave; A(t) is the envelope of the 
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highest modulation frequency f,. Because the envelope of the DSB/SC wave 
is a full-wave-rectified replica of the modulating signal (see Fig. 8-9b), the 
simple envelope detector of Fig. 8-5 cannot be used without first reintroducing 
the carrier. (See Section 9-8 for detection methods.) 

Since the spectrum of the DSB/SC wave carries the same information in 
both the upper and lower sidebands, one sideband can be eliminated without 
degrading the information content. The unwanted sideband can be removed 
either by filtering or by employing specialized modulators that cancel out one 
sideband during the modulation process. In either case, the resulting signal is 
amplitude-modulated, single-sideband, suppressed-carrier, usually ab- 
breviated SSB/SC. This SSB signal requires half the bandwidth and half the 
power of a DSB/SC wave. As with the DSB/SC wave, the carrier wave must 
be reintroduced at the receiver in the detection process. 


8-3 Generation of Single-Sideband Signals 


The three methods for generation of single-sideband signals are the filter 
method, phasing method, and third method. Each method has its unique 
advantages. 


Filter Method 


In this method a DSB/SC wave is produced with a balanced modulator and 
one sideband is subsequently removed by means of a sharp-cutoff, bandpass 
filter. (See Figs. 8-10 and 8-11.) The sideband filter must cut off in the interval 
between the two sidebands and must reject the unwanted sideband by at least 
40 dB. Figure 8-10 shows the spectrum of the modulating (baseband) wave 
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Fig. 8-10 Spectrum of a modulating wave (baseband) and sidebands produced 
around carrier frequency f. by a balanced modulator. The dashed 
curve represents the sideband filter transfer function. 
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with a frequency range from f, to f2, the double-sideband spectrum around 
the (suppressed) carrier at f,, and the desired filter transfer function. 

For speech transmission the lowest baseband frequency is typically 
300 Hz; hence, the sideband filter must cut off in an interval of 600 Hz. With 
increasing carrier frequency the cutoff interval becomes a smaller percentage 
of f.; hence, a more complex filter with a sharper cutoff characteristic is 
required. As the sharpness of cutoff is increased, the filter will introduce more 
phase and amplitude distortion in the portion of the transmitted signal near 
the cutoff region. This distortion appears in the demodulated signal from the 
receiver but generally is not noticeable in single-channel speech transmission. 
Multiple-pole crystal filters with adequately sharp cutoff characteristics are 
available for use as sideband filters at high radio frequencies. 

Figure 8-11a shows a tunable single-sideband system that is popular with 
radio amateurs. A 9-MHz crystal oscillator and balanced modulator are used 
to generate two sidebands as shown. A crystal sideband filter rejects the 
lower sideband while the upper sideband is delivered to a balanced mixer 
along with a 5.0- to 5.5-MHz signal from a tunable oscillator. Thus the upper 
sideband from the mixer ranges over the 14.0- to 14.5-MHz band and the 
lower sideband is far enough removed that a fixed-tuned bandpass filter is 
adequate to pass the upper sideband while rejecting mixer harmonics. 

Figure 8-11b illustrates a system in which the cutoff interval for the 
sideband filter is a much larger percentage of the carrier frequency f,; than 
that used in the previous system. Because of the more gradual cutoff, the filter 
design is simpler and less distortion is introduced. The disadvantage is that 
the (crystal, mechanical, or LC) filter is larger and more expensive. With the 
frequencies shown in the diagram, the cutoff interval for the second filter is 
approximately 200kHz, which is approximately the same percentage of the 
carrier frequency as that for the first sideband filter. Although the baseband 
frequency range shown is for a single speech channel, a system of this type 
could be used to transmit pulse trains or multiplexed voice channels. 
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Fig. 8-11 Single sideband generation by the filter method. (a) High-frequency 
modulator; (b) low-frequency modulator. 
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Phasing Method 


The need for sharp cutoff filters is avoided by the system shown in the block 
diagram of Fig. 8-12a. The audio signal is fed to a phasing network that 
produces two outputs of equal amplitude but differing in phase by 90° at all 
frequencies in the audio band. The carrier oscillator output also has a 90° 
phase shift in one channel. If the phase requirements are satisfied exactly, and 
if the balanced modulators are identical, the combined outputs cancel for one 
sideband and add for the other. 
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Fig. 8-12 A system for the production of SSB/SC waves by the phasing 
method. (a) Block diagram; (b) phasing network characteristics. 
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The difficulty with this system is in the production of two audio signals 
that differ in phase by exactly 90° over the entire audio range. Since there is 
no circuit that can produce a 90° phase shift in one channel for all frequen- 
cies, it is necessary to design two all-pass networks with phase shifts that 
differ by 90° over the range of interest [1,2] as shown in Fig. 8-12b. The 
performance of the system of Fig. 8-12 is explored in Problems 8-3.1 through 
8-3.5. 
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Generation of Single-Sideband Signals 


Third Method 


This method does not need either sharp cutoff filters or wideband 90° 
phase-difference networks [3, 4]. Figure 8-13 gives the block diagram of the 
system and the basic relationships involved. At point A the audio signal v,,(t) 
is assumed to have the form of a cosine wave with frequency components fn 
ranging from 300 to 3300 Hz. The audio wave is input to balanced modulators 
1 and 2 along with the indicated quadrature components of a ‘carrier. 
frequency w, = 27f,, where f, is chosen to be 1800 Hz—exactly at the center 
of the audio band. The resulting modulator outputs at points B and C consist 
of two bands of frequencies, 0 to 1500 and 2100 to 5100 Hz, with a separation 
equal to twice the lowest audio frequency. Thus the low-pass filters can 
readily remove the upper band. 

The filter output components at points D and E are combined in balanced 
modulators 3 and 4, respectively, with quadrature signals from a source at 
frequency f,, the band center of the final single-sideband signal. As shown on 
the diagram, when the outputs of modulators 3 and 4 at points F and G are 
summed, one pair of components is canceled and the other pair adds to give 
the desired SSB wave. In the event of improper balance of the modulators or 
phasing of the quadrature signals, the unwanted sideband appears in the same 
band of frequencies as the desired sideband except that it is inverted. 


8-4 Angle Modulation 
The modulated waveform given by 
F(t) = A(t) cos [wt + O(t)] = A(t) cos P(t) (8-1) 


is fully described by an amplitude A(t), a carrier frequency f., and a phase 
angle @(t). In amplitude modulation the carrier envelope A(t) is varied as 
shown in Fig. 8-14b while @(t) remains constant. In angle modulation A(t) is 
fixed and the modulating signal controls @(t). Angle modulation can be either 
frequency modulation or phase modulation, depending upon the exact rela- 
tionship between @(t) and the modulating signal. 

Angle modulation systems are inherently insensitive to amplitude fluctua- 
tions due to noise—particularly impulse noise. They are, therefore, attractive 
both for broadcasting and for mobile radio communication. The low power 
requirements and relative simplicity of angle modulators are added benefits in 
mobile applications. 
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Fig. 8-14 Effect of sinusoidal modulation of AM, PM, and FM waves. (a) 
Modulating wave; (b) envelope of AM wave; (c) angle of PM wave; 
(d) frequency of PM wave; (e) frequency of FM wave; and (f) angle of 


FM wave. 
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Phase Modulation (PM) 


In phase modulation, the instantaneous phase deviation of the modulated 
signal from its unmodulated value is proportional to the instantaneous am- 
plitude of the modulating signal (see Fig. 8-14c). For a general modulating 
signal v,,(t) in (8-1), 


O(t) = kovm(t) (8-11) 


in which ke is the phase deviation in radians per volt of modulating signal of 
the total angle 4(t) from its unmodulated value. (Note that the unmodulated 
value of #(t) increases linearly with time as shown in Fig. 8-14c.) With V,, 
defined as the maximum of |v,,(t)|, it is convenient to define a ‘‘normalized”’ 
v(t) = [vm(t)]/ Vn. In this notation, 


O(t) = keVnv(t) (8-12) 


and the maximum phase shift, ke Vm = A@ is called the modulation index for 
phase modulation. It is given the symbol m,, and physically it is the largest 
phase deviation in radians produced by »,,(t) in a phase modulator with 
sensitivity ke. An increase of the modulating voltage will increase m,. Unlike 
the modulation factor m, for AM, the value of m, is not restricted to a 
maximum value of 1. In any practical phase modulator there will be a 
maximum phase shift that can be achieved with acceptable distortion. Also, as 
the phase deviation is increased, the bandwidth of the signal increases. These 
factors establish the maximum limit for mp. 
In terms of m,, a phase-modulated signal is written as 


Fpm(t) = A cos [wt + m,v(t)] (8-13) 
the instantaneous phase deviation is 
@(t) = m,v(t) radians (8-14) 
and the instantaneous frequency of the wave is 
& dO(t) _ dv(t) 
w(t) = w+ Hh ee ait, ap (8-15) 


The variations in #(t) and w(t) for a PM wave with sinusoidal modulation are 
shown in Figs. 8-14c and d. 


Frequency Modulation (FM) 


Frequency modulation results when the deviation 5 of the instantaneous 
frequency w(t) from the carrier frequency w, is directly proportional to the 
instantaneous amplitude of the modulating voltage, as shown in Fig. 8-14e. 
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Since 


w(t) = “8 = pie cncals (8-16) 
dt 
the deviation dw of w(t) from w; is given by 
Ne d@(t) 
6o(t) = w(t)-— wo, = dt (8-17) 


In frequency modulation, dw(t) is made proportional to the modula ine 
voltage v,,(t); that is, 


bw(t) = kv, (t) (8-18) 
in which k,, is the sensitivity of the modulator! in rad/s/V. 
Since @(t) and S(t) are related by (8-17), then 
@(t) =| kvm (t)dt + @(0) (8-19) 
0 


Substitution of (8-19) into (8-1) with @(0) assumed equal to zero yields the 
expression for a frequency-modulated wave: 


Fenu(t) = A cos [wt + k, if v,(t)dt] (8-20) 
0 


Definition of a Modulation Index for FM 
If a modulating voltage of the form 

Un (t) = V,, SIN Wt (8-21) 
is applied to a phase modulator, its output will be 

Fpm(t) = A cos (wt + mM, SiN mt) (8-22) 

Application of the modulating voltage 

Um(t) = Vm COS Wnt (8-23) 
to a frequency modulator would produce 


Frmu(t) = A cos (w.t + ae 


m 


ai wnt) (8-24) 


From (8-18) and (8-23), the product k,,V,, is seen to be the frequency deviation 
that corresponds to the peak modulating voltage. If the peak deviation is 
defined as Aw, where 

Aw = kVim (8-25) 


‘A more practical unit of modulator sensitivity would be hertz/volt given by k, = k,/27. 
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the expression for the FM wave can be written as 


Fem(t) = A cos (wet + ae sin nt ) (8-26) 
or 
Af 
Feu(t) = A cos (wet + >~ sin ont (8-27) 


If an FM modulation index is defined by 
_ Ao _ Af 


(On wes fe 


my (8-28) 
then 
Freu(t) = A cos (wet + m; SiN wnt) (8-29) 


and the PM and FM waveforms of (8-22) and (8-29) are identical for equal 
modulation indices. With this definition of modulation index, the dependence 
on modulation index of the spectra of both PM and FM waveforms can ve 
discussed at the same time.’ 

In conclusion, it should be noted that the instantaneous frequency of the 
PM and FM waves can be computed from the relation 


d@(t) 


Oh) Saimers 


(8-30) 


For the modulating signals specified in (8-21) and (8-23), the results are as 
follows: 


w(t)pm = We + Om AO COS Wnt (8-31) 


and 
w(t)pm = @. + A@ COS Wmt (8-32) 


The relationship between the instantaneous phase and frequency variations in 
PM and FM waves with sinusoidal modulation is shown in Fig. 8-14. To 
further clarify the distinction between PM and FM, the reader is advised to 
work Problem 8-4.1. Table 8-1 provides a summary of the preceding equations 
for PM and FM. 


?The reader may object that (8-29) results from a sinusoidal modulating signal, whereas a 
cosinusoidal signal was used for (8-22). This is true, but the power distribution in the 
spectrum of an FM or PM wave is independent of the absolute phase of the modulating 
waveform. Hence the mathematical simplification that results from choosing a sine for PM 
and a cosine for FM will not destroy the generality of the discussion of the spectra. 
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TABLE 8-1 Summary of Formulas for Phase and Frequency Modulation 


eae ec ee Se ee ee RE 
Phase Modulation Frequency Modulation 


CARRIER 


ACOS wt ACOS wt 


MODULATING SIGNAL 


Vin(t) = Vin SIN @mt Vin(t) = Vin COS Wmt 


MODULATED CARRIER WAVE 


Feu(t) = A cos [wet + mp SiN wmt] Feu(t) = A cos [wet + m; SiN wnt] 
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MODULATION INDEX 


Af 
= keVm = A@ (rad) Te ee trad) 
Gy | pS 
ANGLE MODULATION INDEX 
Me = Mp = M; (rad) Me = Mz, = m;(rad) 
INSTANTANEOUS PHASE 
; Af 
o(t) = wt + A® sin ant o(t) = wt +— fi SIN wnt 
INSTANTANEOUS FREQUENCY 
w(t)=— wy sy) sed w(t) = we + dw 
at 
= We + wm AO COS wnt = We + kv,,(t) 


= We + kVp, COS wmt 


= Ww. + Aw COS opt 


FREQUENCY DEVIATION 


Aw = w,,A®@ (rad/s) Aw = kV m (rad/s) 
or or 
Af = f,,A@ (Hz) Af = ktVin (Hz) 


OO———EES—E ee eee eee 


Angle Modulation | 239 


8-5 Spectra of Angle-Modulated Waves 


Either an FM or PM wave with modulation index me =m, = m,, carrier 
frequency f,, and sinusoidal modulating frequency fm can be represented by 
the expression 


Fo(t) = V. cos (wt + Me Sin wt) (8-33) 


Through trigonometric expansions and series representations of Bessel func- 
tions (see Appendix 8-1), Foe(t) can be expressed as an infinite series of 
discrete spectral components as follows: 
Fe(t) = Ve{Jo(me) COs wet 

+ J,(me)[cos (we + @m)t — COS (We — @m)t] 

+ J,(me)[cos (@. + 2@m)t + COS(@. — 2@m)t] 

+ J3(me)[cos (@, + 3@m)t — COS (we — 3w)t} 

+ J,(me)[cos (@. + 4@m)t + COS (We — 4am )t] 
in which the J,(me) are Bessel functions of the first kind. Thus an angle- 
modulated wave with single-frequency sinusoidal modulation consists of a 
carrier plus an infinite number of side frequencies on both sides of the carrier 
1G) Reet PRL att MMA OMe. 

For a given me, the relative carrier and side-frequency amplitudes can be 


read from a table of Bessel functions. Their general behavior is indicated in 
Fig. 8-15. As the modulation index varies, the carrier or a side-frequency pair 


Fig. 8-15 Relative amplitudes of the carrier and first 12 side-frequency com- 
ponents of an angle-modulated wave versus Mo. 
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may vanish entirely! This phenomenon can be used to set the frequency 
deviation of an FM transmitter; for a specified Af, fm is chosen so that 
Jo(me) = 0 and the modulator is adjusted until the carrier (as observed on a 
spectrum analyzer) vanishes. A similar procedure can be used with any given 
sideband pair, and the process can also be used to check modulator linearity. 

With a more general (i.e., nonsinusoidal) modulating signal, the relative 
carrier and side-frequency amplitudes in an FM or PM signal vary with the 
amplitude and frequency of the modulating signal, but the total power 
contained in the modulated waveform remains constant. This is in contrast to 
AM, where the sideband amplitudes and the total power are controlled by the 
modulation, but the carrier amplitude is not. 

Although the bandwidth occupied by the angle-modulated signal is 
theoretically infinite, in reality the amplitudes of higher-order side frequencies 


Fig. 8-16 Angle modulation frequency spectra for sinusoidal modulation, with 
various values of m,. The modulation frequency is constant; A@ or Aw 
are varied to vary m,. (From H. J. Reich, H. L. Krauss, and J. G. Skalnik, 
Theory and Applications of Active Devices, Van Nostrand Reinhold 
Company, New York, 1966. Copyright © 1966, by Litton Eductional 
Publishing, Inc. Reprinted by permission of Van Nostrand Reinhold 
Company.) 
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decrease rapidly as may be seen in Figs. 8-16 and 8-17; hence the transmitted 
spectrum can be band-limited without serious distortion. Figure 8-16 displays 
spectra of an angle-modulated wave with fixed modulating frequency f,, and 
increasing values of me due to increasing AO in a PM system or increasing Af 
in an FM system. Figure 8-17 shows the spectra that would be produced in an 
FM system if the frequency deviation Af is held constant while f,, is varied. 
Note that the value of meg = m; increases as f,, decreases. 

The approximate bandwidth required for an angle-modulated signal is 
given by the relation known as Carson’s rule: 


B= 2fn(met 1) = 2(Af + fm) (8-35) 


More precisely, the bandwidth can be calculated as that necessary to pass an 


Fig. 8-17 Angle modulation spectra for sinusoidal modulation, for various values 
of m,. Frequency deviation Af is held constant and f,, is varied to 
change m, = Af/fn. (From H. J. Reich, H. L. Krauss, and J. G. Skalnik, 
Theory and Applications of Active Devices, Van Nostrand Reinhold 
Company, New York, 1966. Copyright © 1966, by Litton Educational 
Publishing, Inc. Reprinted by permission of Van Nostrand Reinhold 
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arbitrary percentage (say 98 percent) of the total power in the modulated 
wave with infinite spectrum. With the assumption that the F(t) of (8-34) is a 
voltage with V.=1 volt impressed upon a 1-ohm resistance, the power 
delivered to the resistor is 0.5 watt. (Note that this is independent of the 
degree of modulation, since the wave has constant amplitude.) The power ina 
band-limited wave is found by adding the power contributions of the various 
frequency components as follows (if V. = 1 volt and R = 1 ohm): 


P = 0.5Jo'(me) + J°(me) + Jomo) +: -- 


(8-36) 


Fig. 8-18 Spectra showing the failure of superposition in frequency modulation. 
(From H. S. Black, Modulation Theory, Van Nostrand Reinhold Com- 
pany, New York, 1953. Copyrighted © 1953, by Van Nostrand Reinhold 
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Fig. 8-19 Spectra of frequency-modulated waves illustrating symmetrical and 
unsymmetrical arrays of side frequencies. (From H. S. Black, Modula- 
tion Theory, Van Nostrand Reinhold Company, New York, 1953.) 
Copyrighted © 1953, by Van Nostrand Reinhold Company.) 
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By the use of a table of Bessel functions of the first kind and a recurrence 
formula, the relative amplitudes of the J,(me) can be found and substituted 
into (8-36) to determine the number of side-frequency pairs required to 
represent the desired percentage of the total power. (See Problem 8-5.2.) 

In practice, the allowed bandwidth of a communication system is set by 
government regulations and a designer must limit the maximum modulation 
frequency and modulation index to remain within the legal bandwidth. 

Although amplitude and angle modulation spectra look somewhat alike for 
small degrees of modulation, it must be pointed out that they differ markedly 
if the modulating signal is nonsinusoidal. In amplitude modulation, each 
frequency component in the modulating signal produces a single pair of side 
frequencies and the Principle of Superposition holds; that is, the amplitude of 
each side-frequency pair is independent of the others. This is not true of the 
angle-modulation process, as is illustrated by Figs. 8-18 and 8-19 (adapted 
from the book Modulation Theory by H. S. Black [5]). 

The spectrum on one side of a unit-amplitude carrier, frequency-modu- 
lated with Af = 1000 Hz, is shown for fm = 1000 Hz in Fig. 8-18a and for f,, 
= 770 Hz in Fig. 8-18b. When these two modulating signals are superimposed 
without change in amplitude, the resulting spectrum shown in Fig. 8-18c is 
clearly not the superposition of the spectra of a and b. In general, the 
spectrum that results from the simultaneous application of modulating 
frequencies f,, f,, and f; contains components at f. + kf; + mf.+nf3, where k, 
m, and n take on all integer values. 

Figure 8-19 illustrates the additional problem that the spectrum is not 
symmetrical on the two sides of the carrier, even with harmonically related 
modulating signals; hence both sidebands are required for correct demodula- 
tion of the signal. Further discussion of this point is given by Black. 


8-6 Phasor Diagrams of Angle-Modulated Waves 


Figure 8-6 showed that the phasor representation of an AM wave with 
sinusoidal modulating signal consists of a stationary carrier phasor plus two 
side-frequency phasors rotating at angular velocities +w,, with respect to the 
carrier. The sum of the side-frequency phasors is colinear with the carrier so 
that the resultant varies in amplitude but not in phase. 

A phasor diagram of the carrier and side frequencies in (8-34) is a useful 
tool for visualizing the way in which these terms combine to produce a signal 
with a constant amplitude but varying frequency and phase. With the carrier ~ 
as a reference, the upper side frequency at f.+/f,, can be drawn as a phasor 
with amplitude J,(mg) rotating counterclockwise at radian frequency w,,, and 
the lower side frequency at f.—f, is a phasor with amplitude —J,(Mo@) 
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rotating clockwise at angular velocity —,,. Figure 8-20 shows the relation- 
ships between the carrier and first two sideband pairs in (8-34). The carrier 
phasor is stationary, and angular rotation of the other components is shown 
with respect to the carrier. Figures 8-20a through e show the carrier and 
side-frequency components at t = 0. Note that the real-axis projections of the 
phasors represent the magnitude of the corresponding time functions; hence 
cosine functions lie along the real axis at t = 0. The carrier phasor is labeled 
C. The first side-frequency pair is labeled U, and L, in b and c. At some t > 0, 
U, and L, may have the positions shown in f, which shows that these two 


Fig. 8-20 Phasor components of an angle-modulated wave, as in (8-34). 
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Fig. 8-21 Constant-amplitude phasor with phase deviation AQ@. 


phasors always have a sum that lies along the imaginary axis. Similarly, the 
phasors for the second side-frequency pair (U, and L,) are shown in d and e 
for t = 0 and, for t > 0, Fig. 8-20g shows that their sum will lie along the real 
axis. Figure 8-20h shows the addition of all these components (to a different 
scale). The carrier phasor is O-C, the resultant of the first side-frequency pair 
is C—D and the resultant of the second side-frequency pair is D-E. The sum of 
all these phasors is O-E, which has (in this figure) the same amplitude as the 
carrier O-C. In general, the sum of the carrier and all side-frequency pairs in 
(8-34) is needed to yield a signal of constant amplitude for all degrees of 
modulation. Note that the sums of even-ordered side-frequency pairs are 
always collinear with the carrier phasor, whereas the odd-ordered pairs add at 
right angles to the carrier. 

For a fixed value of me, as time passes and the phasors rotate they 
produce a resultant that swings back and forth with respect to the carrier 
phasor as shown in Fig. 8-21, producing maximum phase deviation A®@ in 
positions O-A and O-B with respect to the unmodulated carrier at O-C. It is 
evident from the diagram that this signal is frequency-modulated as well as 
phase-modulated because the phasor must rotate faster than the carrier 
(w >.) to get from position B to A, and more slowly than the carrier 
(w<w,) as it moves from A to B. The instantaneous frequency of the 
resultant is equal to w, at points A and B, and it has its maximum deviation as 
it passes through point C. 


8-7 Comparison of FM and PM 


For a single-frequency sinusoidal modulating wave it has been shown that the 
spectra of FM and PM waves are identical, so the question arises: Which type 
of modulation is preferable? There is no one answer to this question because 
it depends upon the nature of the modulating signal, the resulting bandwidth 
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of the spectrum, and noise considerations. Figure 8-16 shows that if f,, is held 
constant, the bandwidth of the spectrum increases with incregsing A® or Af. 
An increase in f, results in a proportional increase in the spacing between 
spectral lines, thus increasing the bandwidth proportionally. Figure 8-17 
shows that if Af is held constant (corresponding to constant V,, in FM) and fn, 
is increased, the value of me decreases and the bandwidth remains relatively 
constant. 

In commercial broadcasting and mobile radio applications, FM pre- 
dominates. With FM broadcasting this is a matter of legal standardization; in 
mobile radio it is one of common usage, possibly due to the simplicity of 
varactor modulator circuits. On the other hand, PM is used in wideband 
applications where, for example, the modulating signal or “‘baseband”’ may 
consist of 12 or 24 multiplexed telephone channels. The following simplified 
analysis will indicate a basis for choice between FM and PM. For a more 
complete analysis and comparison of various systems, other texts [6] should 
be consulted. 


Noise Analysis 


It should be noted at the outset that this discussion would not be necessary if 
it were not for the noise that is present in the communication channel. In a 
noise-free system, single-sideband AM might be chosen to minimize band- 
width, or FM or PM might be used because of the ease of producing the 
modulated wave. In a practical system, however, the signal that arrives at the 
detector is accompanied by noise and the modulation scheme is often chosen 
to maximize the signal-to-noise ratio at the detector output in the receiver. 

Figure 8-22a shows output voltage V, versus Af for an ideal FM demodu- 
lator, and Fig. 8-22b shows the corresponding characteristic for an ideal PM 
demodulator. The inputs to these detectors will be assumed to be an un- 
modulated carrier voltage V. of frequency w, plus white noise. The noise can 
be considered as an assembly of sinusoidal “‘carriers” of equal amplitudes and 
different frequencies. One of these noise components is used in the following 
analysis; it is assumed to have amplitude V; and frequency @; > a. In Fig. 
8-22c, V; is shown added to the tip of the stationary carrier phasor V<. 
Because of the difference in frequency, V; rotates about point A with angular 
velocity wy = w; — @,, and the resultant phasor V, = V. + V; extends from the 
origin to all points on the circle as V; rotates. 

In FM and PM receivers V, is passed through an amplitude limiter prior to 
detection (see Chapter 10) so, that the detector sees only the phase or 
frequency deviations of V,. It is evident from Fig. 8-22c that the phase 
deviation A® is a function of the amplitude of V; but is independent of the 
difference frequency wg. Consequently, for a PM detector with white noise 
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Fig. 8-22 (a) Transfer characteristic of an ideal FM detector. (b) transfer 
characteristic of an ideal PM detector, (c) carrier (V.) plus single- 
frequency noise component (V,) and the resultant (V,); (d) output 
voltage and power density spectrum of a PM detector due to white 
noise; (e) FM detector output voltage and power density spectrum due 
to white noise; and (f) output voltage and power density spectrum of 
FM detector if deemphasis is applied above «,. 
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added to the carrier at the input, each noise component would produce a 
difference-frequency output voltage of equal amplitude as shown by the V, 
curve in Fig. 8-22d, and the noise-power spectral density (P,) curve is also 
flat. 

In the FM detector, on the other hand, the output voltage is proportional 
to Af or d@/dt. As the tip of the V, phasor sweeps past point B in Fig. 8-22c, 
it is readily apparent that d@/dt will increase as wg increases, and it can be 
shown analytically that V, is directly proportional to w,, as indicated in Fig. 
8-22e. The output power density spectrum is therefore parabolic as shown in 
the same figure. 

It is now clear why PM is preferred for the transmission of multiplexed 
telephone channels; that is, the same noise power appears in all channels, 
whereas with FM transmission the channels in the upper part of the baseband 
would have excessive noise. 


Deemphasis in FM Systems 


In a single FM channel (such as broadcast FM) it would appear from Fig. 
8-22e that considerable high-frequency noise would appear in the detector 
output. However, an analysis of the spectral energy distribution of voice (or 
music) signals shows that most of the energy appears below 500 Hz and 
decreases rapidly above that frequency. Thus it is feasible to preemphasize 
the high-frequency content of the modulating signal at the transmitter and to 
deemphasize the detected output at the receiver to preserve the proper audio 
balance. The deemphasis circuit also reduces the noise output because it 
causes the V, and P, curves to be flat above the preemphasis break frequency 
as shown in Fig. 8-22. Thus FM with preemphasis-deemphasis is actually a 
combination of FM and PM. 


8-8 Pulse Modulation 


The AM and FM systems described previously are called analog modulation 
systems; the modulated signal is transmitted continuously, using frequency- 
division multiplex (FDM) to separate the various channels. An increasingly 
popular alternative is digital in nature, using pulse modulation in time- 
division-multiplexed (TDM) systems. In such systems, short periodic samples 
of the message are used to modulate some characteristic of a train of pulses. 

The sampling principle provides the basis for noncontinuous transmission 
of information by means of a pulse train. The sampling principle states that if 
a band-limited signal with highest frequency f, is sampled instantaneously at a 
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regular rate slightly higher ban 2f, samples per second, the samples will 
contain all of the information of the original signal. 

For a qualitative justification of the sampling principle, consider the 
sinusoidal wave shown in Fig. 8-23, and assume that it has frequency f,. If 
this wave were sampled once per cycle (at the positive peaks, for instance), 
all samples would have the same value and would give no indication of the 
time-varying property of the wave. With 2f, samples per second, as shown by 
either the solid or dotted lines in the figure, the frequency of alternation is 


Fig. 8-23 Illustration of the sampling principle. 


Fig. 8-24 Illustration of the switching process required in time-division 
multiplexing (four channels). The dotted line represents synchronizing 
information. 


Transmitting 
SSSee See equipment 


ee eee ee 


Transmission 
medium 


Receiving 
SS SS SS SS equipment 


Pulse Modulation | 251 


defined but the amplitude of the wave remains in doubt (depending upon 
which set of samples is used). However, if the sampling rate is slightly greater 
than 2f,, both the frequency and amplitude of the wave can be determined 
from samples taken over a period of time. If this sampling rate is adequate to 
define the highest frequency in the signal, it will also define all lower- 
frequency components and the information in the complex message wave can 
be reproduced. 

The sampling principle shows that a wave need not be transmitted con- 
tinuously, that short samples (pulses) sent at the proper rate will do just as 
well. Therefore, the time between pulses that represent one channel can be 
used to transmit similar pulses for other message channels. Since the band- 
width required to transmit the pulses is roughly proportional to the reciprocal 
of the pulse length, the required bandwidth increases directly with the number 
of pulses being transmitted per second. 

If a number of pulse trains are time-multiplexed, some sort of synchroniz- 
ing information must be sent along with the message pulses so that the 
receiver can “sort out” the pulses that belong to a particular message. The 
general scheme of a time-division-multiplex system is shown in Fig. 8-24. 

Although the focus of this text is on analog systems, a brief description of 
several types of pulse-modulation systems will follow. For radio transmission 
the modulated pulse trains are used in turn to amplitude- or frequency- 
modulate an RF or microwave carrier. 


Pulse Amplitude Modulation (PAM) 


Figure 8-25 illustrates a process for generation of a PAM wave. The audio 
signal is added to a dc bias or “pedestal” as in a so that all amplitudes are 
positive; this forms the input to a gating circuit that is controlled by the 
sampling pulses of frequency f, shown in b. The output of the gate circuit is 
the pulse train shown in c. The pulse widths can be much smaller than those 
shown, and the time intervals between pulses can be used for additional pulse 
trains as shown in Fig. 8-26, which illustrates four PAM channels in time- 
division multiplex. 

A Fourier series for the PAM wave can-be derived as follows: Let the 
modulating signal be F(t), and let the gating signal consist of rectangular 
pulses of unit amplitude, duration 7, and repetition period T = 1/f,. The gating 
signal can be represented by the following switching function S(t). (See 
Problem 7-3.1.) 


sin (na7/T) 


ara Ts cos na,t (8-37) 


S(Q)=7Ft2 DF 
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Fig. 8-25 Generation of a PAM wave. (a) Audio signal+dc bias; (b) gating 
pulses; and (c) PAM wave. 
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The PAM wave is then represented by the product F(t)S(t). 


fram(t) = F(t) a 70) > F(t) 7 nine COS nwt (8-38) 


It indicates that the wave contains a modulation-frequency component and a 
multiplicity of “‘carriers’”’ at the sampling frequency f, and its harmonics. 
Each of these carriers has associated sidebands due to the modulation as 
illustrated in Fig. 8-27. To prevent overlap between the modulating-signal 
frequency band and the lower sideband around the carrier at f,, it is evident 
from the figure that f, should be =2f,,. 

At the receiver, the audio information can be recovered from the PAM 
wave by passing it through a low-pass filter with cutoff frequency f,, or by 
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Fig. 8-27 The partial spectrum of a PAM wave. 
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other means. The PAM system is affected by noise just like the analog AM 
system; any noise that perturbs the pulse heights will appear in the demodu- 
lated output. 


Pulse Time Modulation (PTM) 


This type of modulation is analogous to angle modulation. All pulses are of 
uniform height, but the modulating wave causes the time of occurrence of the 
leading edge, trailing edge, or both edges of successive pulses to be displaced 
in time from their unmodulated positions by an amount proportional to the 
instantaneous value of the modulating wave at the sampling instant. This is 
variously called pulse time modulation, pulse width modulation, pulse 
frequency modulation, pulse position modulation, and so forth. Figure 8-28 
illustrates pulse width modulation in b and pulse position modulation in c, 


Fig. 8-28 Illustration of pulse-time-modulated waves. (a) Modulating signal; (b) 
pulse-width modulation; and (c) pulse position modulation. 
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with the modulating signal shown in a. Pulse position modulation is directly 
analogous to PM in analog systems; and the zero-crossings of a PM wave can 
be used to time the pulses in the wave train. 

In these systems the amplitude of the pulses arriving at the detector is not 
important; the detector must determine the time, relative to an unmodulated 
reference, at which the leading or trailing edge of the pulse arrives. Thus it is 
somewhat less susceptible to noise than the PAM system. The price paid for 
this improved noise performance is greater bandwidth, which is analogous to 
FM compared with AM. The frequency spectrum of a PTM wave is difficult 
to evaluate, but from the PAM example given in the previous section it might 
be expected that each “carrier” at f, and its harmonics will have sidebands 
comparable to those of an angle-modulation spectrum. (For more information 
the reader is referred to Black [5], Chapters 17 and 18.) 


Pulse Code Modulation (PCM) 


In a PAM system the detector responds to the height of the received pulses; 
in a PTM system the time of arrival of an edge of the pulses is detected. 
Noise added to the pulses produces errors in the detected signal. Pulse code 
modulation is different in that the detector is required only to determine 
whether a pulse is present or absent in a specified time interval (i.e., the 
transmitted pulses have amplitudes of either 0 or 1). If the noise amplitude at 
the detector is not so large as to cause a false indication of a 0 or 1, no errors 
can occur. If the ratio of peak pulse power to rms noise power at the detector 
is 20 dB or better, the chance of error in determining the presence or absence 
of a pulse is negligible; for a 13.3-dB power ratio, one pulse in a hundred will 
be misread [7]. Thus with a reasonable signal-to-noise ratio, the error rate is 
quite small. Furthermore, in applications such as a carrier telephone system 
that requires amplifiers (repeaters) at frequent intervals, the received pulses 
can be detected and used to generate noise-free pulses that are transmitted to 
the next repeater. Thus the effect of noise and distortion in the system is not 
cumulative as it is in PAM, PTM, or analog systems. 

In the PCM system, the signal voltage is sampled at the rate f, as before, 
but then an analog-to-digital (A/D) converter generates a binary code that 
represents the approximate amplitude of the sample. The binary code takes 
the form of a group of n pulses (or spaces) that can represent 2” distinct 
amplitude values. Good-quality telephone transmission is obtained with a 
code group of 8 pulses, which yields 256 possible amplitude levels. At the 
receiver, the detector consists of a D/A converter that reproduces a “‘stair- 
step” (quantized) approximation of the original signal. Figure 8-29 illustrates 
the relation between binary code and decimal numbers with a 3-pulse code; 
Fig. 8-30 shows a quantized step approximation of an analog signal. 
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Fig. 8-29 Illustration of three-pulse binary code representation of decimal 
numbers. 
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Fig. 8-30 A quantized step approximation of an analog signal. 
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Transmitted pulses are never rectangular because of the finite bandwidth 
of the transmission channel. Figure 8-31 shows a received pulse with 
superimposed noise that was added in the transmission path, and Fig. 8-32 
indicates how the pulses can be processed to regenerate a noise-free signal. 
Each pulse is sampled at time t, by a gating circuit that passes a “time slice” 
of width At. This sample is delivered to a flip-flop circuit that determines 
whether the level of the sample is greater or less than one-half the height of 
the pulse. The flip-flop will produce an output pulse only if the sample has an 
amplitude greater than one half the pulse height. At the time of sampling, the 
instantaneous noise voltage may be large enough to give a false indication of a 
pulse when none is present or it may act to cancel a pulse; an error is caused 
in either case. If there are no errors, the flip-flop circuit will regenerate a pulse 
(or space) free of noise. 

The disadvantage of PCM as compared with PAM or PTM is that n times 
as many pulses must be transmitted per sample; hence, the bandwidth is 
approximately n times as great. For many applications, however, the relative 
noise immunity of PCM outweighs the disadvantage of greater required 
bandwidth. 

An outgrowth of PCM is delta modulation, in which the transmitted binary 
digits represent only the change in amplitude from the preceding sample, and 
which has somewhat simpler circuitry [8,9]. For more information on PCM 
the references at the end of the chapter should be consulted. 


Fig. 8-31 Received pulse with added noise, gated at t.. The detector records 
the presence of the pulse if the signal falls within the shaded area. 
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Fig. 8-32 Block diagram of pulse processor that regenerates a noise-free PCM 
signal. 
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8-9 Information Capacity of a Channel 


No discussion of modulation systems would be complete without mention of 
the work of C. E. Shannon [10] who made a theoretical study of the 
information-transmitting capacity of a communication channel in terms of 
binary digits (bits). His conclusion, often called Shannon’s law, is expressed 
by the relation 


C = B log, (1 + i) bits/sec (8-39) 
in which C is the rate of information transmission in bits/sec, B is the 
bandwidth, V, is the peak signal voltage, and V, is the rms noise voltage. It 
indicates the possibility of a tradeoff between bandwidth and signal power (or 
voltage), implying that the signal-to-noise ratio can be arbitrarily small if 
sufficient bandwidth is utilized by the modulation scheme, and vice versa. 
Unfortunately, the mere statement of Shannon’s law gives no clue as to the 
modulating or coding scheme that will produce the ideal system, but it does 
give a means for comparison of the relative effectiveness of systems that have 
been invented. Of these, PCM and its derivatives such as delta modulation 
[11, 12] come closest to the ideal. 
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PROBLEMS 


8-1.1. An AM transmitter operates with carrier frequency f, = 400 kHz 
and Vcc =28V. With an audio modulating signal of the form v,,(t)= 
Vin COS wt, V,, =28 V produces 100 percent modulation (m, = 1). The trans- 
mitter delivers an unmodulated (carrier only) output power of 10 watts to a 
resistive load of 75 ohms. 

(a) A modulating signal v,,(t) = 14 cos 1000 at is applied. What is the value of 
m,? 

(b) What is the total output power P; of the transmitter (carrier plus side- 
bands)? 

(c) Show that, in general, for sinusoidal modulation Pr = Pc(1+m,//2). 

(d) Sketch the waveform of the AM wave and indicate the amplitude of 
voltage across the 75-ohm load at (1) the carrier level (unmodulated), and 
(2) the peak instantaneous voltage at the crest of the modulated wave. 

(e) The amplitude of the modulating signal is increased to V,, = 28 volts. 
Determine the power, averaged over one RF cycle, delivered to the load 
at the peak of the modulated wave. This is called the peak envelope power, 
PREP: 

(f) The modulating wave v,,(t) = 8.4cos 1000 mt + 2.8 sin 1510 wt is applied. 
Sketch a spectrum of the AM wave, showing the frequencies present and 
the (voltage) amplitude of each one. Find the total power delivered to the 
75-ohm load. 

(g) Find the maximum (instantaneous) value of the modulation factor m, of 
the AM wave of part (f). 

8-1.2. An amplitude-modulated current wave is given by 


i(t) = 10(1 + 0.8 cos 10000 wt) cos 27 x 10°t mA 


This current is input to a parallel RLC circuit that is tuned to the carrier 

frequency and has resistance R, = 1000 ohms at resonance, with Q, = 100. 

(a) Find the amplitude and frequency of each of the spectral components of 
the current. 

(b) Find the amplitude of the voltage across the tuned circuit at each 
frequency. 
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(c) What is the modulation factor m, of the current wave? Of the voltage 
across the tuned circuit? 

8-1.3. If the Q, of the tuned circuit used in Problem 8-1.2 is decreased, will 
the modulation factor of the voltage wave increase or decrease? 

8-1.4. If the tuned circuit in Problem 8-1.2 were tuned to resonance at 
frequency f.+fm (instead of f.), how would this affect the modulated voltage 
waveform? Sketch the spectrum of the voltage, showing relative amplitudes 
of the three components. Draw a phasor diagram showing the three frequency 
components. Do the two side-frequency components have equal amplitudes? 
Do they have equal angles with respect to the carrier phasor? Explain why or 
why not. Will the resultant phasor exhibit constant phase angle? 

8-3.1. Assume that the balanced modulators in Fig. 8-12 have square-law 
transfer characteristics, i, = av;. Let the carrier input to modulator A be 
V. cos wt, and to modulator B, V, cos (@,t + 90°). The corresponding audio 
inputs are V, COS(@,t+®) to modulator A, and V,, cos (@mt +©@+ 90°) to 
modulator B. If the combining network adds the modulator output currents, 
determine the sideband output. For convenience, let © = 0°. 

8-3.2. Investigate the effect on the output of the above circuit if the carrier 
phase-shift network differs from 90° by some small angle ¢. 

8-3.3. Investigate the effect on the output of the circuit if the audio 
phasing network produces outputs that differ from 90° by a small angle ¢. 

8-3.4. The SSB output from Problem 8-3.1 is received and combined in a 
square-law mixer with a locally generated carrier V. cos(w,t+q@). The 
difference-frequency component in the mixer output should be the detected 
audio signal. How does this output vary with the angle ¢ of the reintroduced 
carrier? How would it sound? 

8-3.5. If the reintroduced carrier of Problem 8-3.4 is shifted in frequency 
by a small amount, that is, to w,+Aw, what effect does this have on the 
detector output? How would it sound? 

8-4.1. Refer to Fig. 8-14, which shows the amplitude, phase and frequency 
deviations for AM, PM, and FM with a sinusoidal modulating function. 
Sketch a similar figure, using a square wave for the modulating function. 

8-4.2. A frequency modulator is supplied with a carrier, f, = 5 MHz, and 
with an audio signal V,,=1 volt, fm=1kHz. It produces deviation Af = 
10 kHz at the output of the modulator. 

(a) The FM wave from the modulator is passed through a series of frequency 
multiplier stages with a total multiplication factor of 12; that is, f, = 12f.. 
What is the frequency deviation Af, at the output? 

(b) The output of the modulator (f. = 5 MHz, Af = 10 kHz) is input to a mixer 
stage along with a 55-MHz signal from an oscillator. Find the sum- 
frequency output f, of the mixer and the frequency deviation Af,. 

(c) What is the modulation index m, at the output of the modulator? 
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(d) The audio input to the modulator is changed to V,, = 2 volts, f, = 500 Hz. 
At the modulator output what is the modulation index m; and the 
frequency deviation Af? 

8-4.3. An FM transmitter can be converted to a PM transmitter by the 
proper processing of the audio signal before it is input to the modulator. What 
is the required transfer function, Vou/Vin versus w of this signal-processing 
network? Explain why. 

8-4.4. In an FM transmitter, a modulating voltage of amplitude V,, and 
frequency f,, =500 Hz produces a carrier-frequency deviation Af = 50 kHz. 
(a) What is the phase deviation of the wave in radians? 

(b) Estimate the bandwidth B necessary to transmit this wave. 

(c) If the amplitude of the modulating voltage is reduced to V,,/5, what is the 
value of the frequency deviation? 

(d) If the modulating voltage has amplitude V,,, but f, is changed to 2500 Hz, 
find the frequency deviation Af, the phase deviation A@®, and the ap- 
proximate bandwidth required, B. (Give units.) 

8-4.5. An FM signal generator includes a meter calibrated to read 
‘frequency deviation.’ The modulating signal can be supplied from an exter- 
nal audio generator and the audio amplitude and frequency can be measured 
accurately. Explain how the calibration of the frequency deviation meter can 
be checked through the use of a spectrum analyzer. Give a detailed explana- 
tion of the observations that would be made. 

8-4.6. A sealed box labeled ‘“‘Angle Modulation Transmitter” has its own 
internal RF source operating at a fixed frequency. It has an audio input 
jack (with indication of the maximum voltage and frequency that can be 
applied), and an RF output jack. The device could be either an FM or PM 
generator. 

Explain in detail what kind of tests you could perform (other than opening 
the box and checking the circuit) to find out whether this is an FM or PM 
transmitter. Assume that you have available whatever instrumentation you 
need for your tests. 

8-5.1. (a) An angle-modulated wave has me = 5. Determine the amplitudes of 
the carrier and first 10 side-frequency pairs if the unmodulated carrier 
amplitude is 1 volt. What percentage of the total energy of the wave 
(with infinite spectrum) is contained if only the first 6 side-frequency 
pairs are included? 

(b) Repeat for me = 10. 

8-5.2. An angle-modulated wave with a peak amplitude of 10 volts is 
applied to a 10-ohm resistor. 

(a) What is the power delivered to the resistor if me = 0? 

(b) Repeat (a) for me = 5, me = 20. Assume an infinite spectrum in both cases. 

(c) The modulated wave is passed through a matched bandpass filter ter- 
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minated in a 10-ohm resistor. The filter bandwidth is adjusted so that 90 
percent of the total power found in (b) is delivered to the resistor. Find 
the number of side-frequency pairs that must be passed by the filter for 
the two cases me = 5 and mo = 20. Use relationship (8-36), the recurrence 
formula 


» 
J,ai(ne) = fe Jeno) a-atne)s 


and the initial values Jo(5) = —0.17760, Jo(20) = 0.16702, J,(5) = —0.32758, 
and J,(20) = 0.066832. Alternatively, a table of Bessel functions can be 
used. Note that the filter must be assumed to have a flat response in its 
passband. 

(d) If fm = 1kHz, what are the respective bandwidths for the two cases? 
8-8.1. Twenty-four telephone channels with individual bandwidths of 300 

to 3500 Hz are to be transmitted. 

(a) If these channels are transmitted as SSB/SC in frequency-division 
multiplex, what is the required bandwidth if 4kHz is allotted to each 
channel? 

(b) If the same channels are time-division-multiplexed in a PAM system, 
determine (1) the sampling rate, (2) the number of pulses per second to be 
transmitted (ignore synchronization pulses), and (3) the required band- 
width. State your assumptions as to pulse length, spacing between pulses, 
pulse shape, and so forth. 

8-8.2. The 24 telephone channels of Problem 8-8.1 are to be transmitted in 
pulse position modulation (Fig. 8-28c). 

(a) Determine the time interval that may be alloted to each pulse. 

(b) Choose a reasonable pulse length and the maximum time shift to be 
allowed for each pulse. Note that adjacent pulses (which are in different 
channels) must not overlap. 

(c) Estimate the bandwidth of the multiplexed wave; state your assumptions. 
Compare with the bandwidths found in Problem 8-8.1. 

8-8.3. A telephone system encodes 96 voice channels into 8-bit binary 

PCM. Neglect extra synchronizing pulses. 

(a) What is the bit rate on the system? 

(b) Estimate the bandwidth required for the system. 
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Appendix s-1 Derivation of the Spectrum 
of Angle-Modulated Waves 


From (8-33), 
F(t) = V,. cos [w,t + me sin @,,t | (1) 
From a trigonometric identity, 
Fe(t) = V.[cos w,t cos (Me sin w,t) — sin wt sin (Me Sin wnt )] (2) 


In order to derive a relationship for cos(m@sinw,t) and sin(me sin a,,t), 
consider the function 


g(t) = eime SIN Wt (3) 
The exponential Fourier series for g(t) is represented by 
oe cen (4) 
with 
1 2a : 
en —Jnwt 
San Ih g(tie "'d(ot) (5) 


The Bessel function of the first kind is defined by 


J,(me) = ae iy elmo sinent xe “ment d (gt) (6) 


which is similar to (5) with w,, substituted for w, and g(t) = e"e5"°=', Hence, 
for this g(t), 


C, = Jn, (Moe) (7) 
and 


g(t)= D) imeern (8) 
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If the +n and —n components of g(t) are summed, it can be shown that 


J_n(me) = (—1)"J, (me) 
Consequently, for n even, 


ze (m ee mom on J; (Me)e yt 
= J, (neler es 


= 2J,(Me) COS N@mt 
For n odd, the summation yields 


J_,(me)e nm’ + J,(me)e* "on" 
=J,(me)lens en") 


= j2J,(Me) SiN N@mt 


Therefore, (8) becomes 


. g(t) =J,(me) +2 >: J,(Meo) COS N@mt 


neven 


+ 72 Poy In(Me) SiN NOmt 


By application of Euler’s theorem to (3), 
g(t) = cos (Mo SiN w@pt) + j sin (Me sin wt) 


Comparison of (12) and (13) yields 


COS (Me SiN @mt) = Jo(me) + 2 >: J, (Me) COS NWmt 


n even 


and 
sin (Me Sin w,t) = 2 Sy J, (Me) SIN N@mt 
n odd 


Substitution of (14) and (15) into (2) yields 


Foe(t) = V-{Jo(me) COs wt 
—2J,(me) sin wt SIN pt 
+ 2J,(me) COS wt COS 2@nt 
— 2J3(me) Sin wt sin 3@mt 
+2J,(Me) COS wt COS 4@nt 
Aho f -} 
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(9) 


(10) 


(11) 


(12) 


(13) 


(14) 


(15) 


Or 


F(t) = V-{Jo(me) Cos wet 
+ Ji(mo)[COs (@. + &m)t — COS (@. — Wm)t] 
+ J2(Mo)[COS (W. + 2@m)t + COS(@. — 2@m)t] 
+ J3(me)[COS (a. + 3am)t — COS (We — 30m) t] 
+ J4(Me)[COS (@. + 4@m)t + COS (@. — 40m )t] 
+++} 


Appendix 8-1 


/ 


(8-34) 
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- Amplitude 


Modulation 
Receivers 


In this chapter we discuss the component parts of basic superheterodyne 
receivers from the antenna terminals through the detector. The reader inter- 
ested in the many types of receivers that employ multiple RF stages, double- 
conversion IF systems, special tuning circuits, and so forth, should consult 
the current literature. Since RF tuned amplifiers, oscillators, and mixers have 
been treated previously, only IF amplifier components and detectors will be 
discussed in detail. With the exception of AM detectors, the basic ideas of 
receiver operation given in this chapter apply equally well to FM and TV 
receivers. 

Receiver performance specifications are followed by descriptions of the 
functions and performance requirements of each stage, properties of ceramic, 
crystal, and surface-acoustic-wave filters are examined, and the circuit for a 
simple AM receiver is studied to bring out some design details. 


9-1 Receiver Performance Specifications 


Depending on the service for which it is intended, many factors can be used 
to rate the performance of a receiver. The following specifications are 
commonly used and apply equally well to consumer products or com- 
munications receivers. 
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Sensitivity 


What is the weakest signal that can be received with acceptable reproduction 

of the original modulating signal? The ultimate sensitivity is limited by the 

noise generated within the receiver; hence the output noise is a factor in any 

measure of sensitivity. Sensitivity is defined as the minimum input (carrier) 

voltage that will produce a specified signal-to-noise power ratio (SNR) at the 

output of the IF section. It is specified at that point because some types of 

detectors (FM especially) produce an improvement in SNR. An alternate 

definition for AM receivers defines sensitivity as the minimum input carrier 

voltage modulated 50 percent at 1000 Hz that produces a specified SNR at the. 
detector output. 


Noise Figure 


The noise figure of a multistage system was defined in Chapter 2 and is used 
to describe the receiver noise figure between the antenna terminals and the IF 
output. A value between 5 and 10 dB is typical for a good receiver. 


Selectivity 


Selectivity is a measure of the receiver’s ability to tune in a desired station 
and discriminate against unwanted signals; that is, it is determined by the 
frequency response of the circuits that precede the detector. In a con- 
ventional receiver, the selectivity is determined primarily by the filters in the 
IF section, but suppression of spurious responses at the image frequency, IF 
frequency, and others (see Section 7-4) is controlled by the RF tuned circuits. 


Image Rejection 


Usually expressed in dB, image rejection is the ratio of image-frequency input 
to desired-carrier input that produces equal outputs from the mixer stage. A 
value of 50 dB is typical for a communications receiver; the value varies with 
tuning. 


Intermediate-Frequency Rejection 


The ratio in dB of inputs at the intermediate frequency and desired carrier 
frequency that produce equal output from the mixer is the IF rejection ratio. 
This ratio also varies with receiver tuning; that is, an AM receiver tuned to 
555 KHz will not be able to discriminate against an interfering signal at the 
455-KHz IF frequency as well as it would if tuned to 1605 KHz. 
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Audio Fidelity 


This is a function of the audio amplifier bandwidth, the frequency res- 
ponse of the IF section, and the post-detection filtering. 


9-2 The RF Amplifier 


The ideal RF amplifier should exhibit (a) high power gain; (b) a low noise 
figure; (c) a linear transfer function with wide dynamic range, that is, the 
capability of handling large input signals without intermodulation distortion 
(IMD) or cross-modulation distortion (CMD); (d) good dynamic stability; (e) 
low reverse transfer admittance so that the antenna will be isolated from the 
mixer and local oscillator; and (f) sufficient selectivity to prevent the IF, 
image, and other spurious response frequencies from reaching the mixer 
input. The selection of operating conditions generally requires a compromise 
between these requirements. 

The compromise between gain, noise figure, and stability was explored in 
Chapter 4. The discussion of IMD in Sections 7-5 and 7-6 indicates that FETs 
are preferable to BJTs because of their lower third-order distortion. However, 
FETs are often more expensive than BJTs, and the latter are used where the 
cost factor is relatively more important than linearity. In BJT amplifiers, 
cross-modulation distortion may become significant, hence, it will be defined 
in more detail with reference to Table 7-1 (Section 7-5). 


Cross-Modulation Distortion 


In transistors or other devices that produce third-order distortion, if a desired 
and an undesired signal are input simultaneously, the amplitude modulation 
on the undesired signal can be transferred to the desired carrier. This is called 
cross-modulation. Referring to Table 7-1 in the column under third-order 
terms, note that there is a term (3c/2) V; V’ cos wit. If the desired carrier is the 
one associated with subscript 1 and the undesired carrier the one with 
subscript 2, and if the subscripts are changed to “r” and “u” for clarity, the 
cross-modulation term becomes (3c/2)V,V,’ cos w,t. This shows that the 
amplitude of this component at the desired frequency f, will vary as the 
square of the amplitude of the undesired signal. Note that the frequency of 
the undesired signal may lie in an adjacent channel such that the carrier at f, 
is not passed through the highly selective IF strip. Nevertheless, the modula- 
tion on the undesired signal will be transferred to the desired carrier. 

To determine a quantitative measure of the cross-modulation, let 


V(t) = V,(1 + m, COS @mt) (9-1) 
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in which m, <1 is the modulation factor and cos @,t represents the modula- 
tion on this carrier. The amplitude of the unwanted distortion component then 
becomes equal to 
3c > 2 2 

> VVC + 2m, COS @mt +m, COS? Omt) (9-2) 
Since the average value of m, for amplitude-modulated waves is typically less 
than 0.5, the m,’ term in (9-2) can be neglected for an approximate answer. 
From Table 7-1, the output-current terms at frequency f, (=f) are then given 
approximately by 


L,(f,) = (a V,+ se V+ x VV. + 3cV,V,m, Cos ont ) COS w,t (9-3) 


The first three terms in (9-3) represent a carrier term of constant amplitude 
(if V, is not modulated). Since c <a in most devices, and since V, and V,, are 
generally <1 (volt) in receiver RF amplifiers, the second and third terms in 
(9-3) can be neglected compared with the desired component of amplitude 
aV,. The last term within the bracket in (9-3) is the cross-modulation com- 
ponent that carries the modulation (m, cos w,t) from the interfering carrier 
onto the desired carrier. The amplitude of this component divided by the 
amplitude of the desired carrier yields the degree of cross-modulation, 

TOMES dito iste 


EAS? 2 bs 
c aye ee a Ve My (9 4) 


The cross-modulation factor K is then defined as 


Me 
My 


Ke 


(925) 


that is, it is the percentage modulation that appears on the (unmodulated) 
desired carrier at f, due to the presence of an undesired carrier at f,, divided 
by the percentage modulation on the undesired carrier. (This definition also 
indicates the technique for measurement of the cross-modulation factor.) 

Cross-modulation is troublesome primarily if the desired signal is weak 
and is in a channel that is adjacent to a strong undesired signal from a nearby 
transmitter. It can occur in the mixer stage as well as in the RF amplifier; 
hence, the use of FETs rather than BJTs in both stages is desirable. 


9-3 The MIXER 


The ideal mixer has (a) a square-law transfer function, (b) wide dynamic range 
for input signals, (c) conversion gain, (d) a low noise figure, (e) complete 
isolation of the LO, RF, and IF ports from each other, and (f) good dynamic 
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stability. Any practical mixer represents a compromise between these 
requirements. Third-order intermodulation and cross-modulation distortion 
are present even with FETs because the theoretical square-law relationship 
between ip and vgs does not hold [1]. The impedance match at the RF input 
port should be chosen for a compromise between the gain and noise figure. 
The IF output circuit should match the mixer to the input impedance of the IF 
section. At each port (RF, LO, and IF) the networks should present a low 
impedance for the other two frequencies. In addition, the network at the 
output port should pass the IF carrier and its sidebands but reject all other 
frequencies that may appear in the mixer output. A double-tuned LC circuit 
or a crystal or ceramic filter may be used for this purpose. 


9-4 The Local Oscillator 


The local oscillator (LO) provides the signal that beats with the incoming RF 
signal in the mixer to produce the intermediate frequency signal. As pointed 
out in Section 7-4, the LO should be free of harmonics that could cause 
spurious responses in the mixer output. Since the LO frequency (fio) deter- 
mines the sum or difference frequency (fi) that will be produced at the mixer 
output, the LO frequency must be stable so that receiver tuning will not drift 
with changes in temperature, supply voltage, and so forth. 

Most receivers have three tunable circuits: one between the antenna input 
and the RF stage, one between the RF and mixer stages, and one in the local 
oscillator. The first two tune to the desired fpr, and their resonance frequen- 
cies versus dial setting might vary as shown in Fig. 9-1. Meanwhile, the 
frequency of the local oscillator should vary so as to maintain a constant 


Fig. 9-1 Tuning of the RF and local oscillator stages in a superheterodyne 
receiver. 


Dial position 
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difference frequency fir, as is also shown in the figure. It is the LO frequency 
that determines what comes through the IF section. If the RF circuits are 
mistuned slightly, no serious distortion will result because these circuits do 
not have high selectivity. On the other hand, if f,o is not exactly equal to 
fret fir, the resulting difference-frequency signal out of the mixer will not be 
centered in the IF passband. Since the IF filter is designed with good 
selectivity for adjacent-channel rejection, it will then introduce distortion. 

When a receiver is tuned so that it ‘sounds good” (or “looks right” in the 
case of TV), the local oscillator is tuned to give the correct intermediate 
frequency. If the local oscillator frequency subsequently drifts, distortion or 
even complete loss of the signal can result. This can be prevented by the use 
of automatic frequency control (AFC) circuits, or by means of precise control 
of fio through crystal oscillators and phase-locked loops as explained in 
Section 6-6. 


9-5 The IF Amplifier 


The major portion of the gain between the antenna terminals and the detector 
is provided by the IF amplifier. Its interstage networks (filters) are designed to 
reject adjacent-channel signals, as well as spurious responses that may come 
from the mixer. In an AM receiver a flat amplitude response is desired in the 
passband; for FM a linear phase shift is desired, and both flat response and 
linear phase are desired for TV signals. In the past these requirements were 
met with double-tuned transformers (Section 3-9) or single-tuned transformers 
for less critical requirements (e.g., see Fig. 9-19): many such circuits are still 
being manufactured. With the advent of wideband linear integrated circuit 
amplifiers, the electronic circuitry became so small that the IF transformers 
comprised the bulk of the circuit. This has spurred the development of 
crystal, ceramic, and surface-acoustic-wave (SAW) filters that are smaller, 
require no tuning, and have better response characteristics. These filters are 
discussed in Section 9-6. 

Impedance matching and stability considerations were discussed in Chap- 
ter 4. The designer must bear in mind that the last IF stage will have to 
provide a signal on the order of 2 volts to the diode detector: other forms of 
detectors may require lower signal levels. 

The choice of the intermediate frequency depends upon a variety of 
factors. The commonly used IF frequencies of 455 KHz for (broadcast) AM 
reception and 10.7MHz for FM reception were chosen in the days of 
vacuum-tube receivers, in which a choice of low fir yielded a higher stage 
gain, better stability, and less difficulty with stray capacitance and lead 
inductance effects. However, the 455-KHz IF frequency used for AM broad- 
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cast receivers tends to give poor image-frequency rejection in the RF stage 
because the image frequency is separated by only 910 KHz from the 
frequency of the desired station. For broadcast FM reception, the image 
problem is even worse, since the 21.4-MHz difference between frp and fim iS a 
small percentage of frr (88 to 108 MHz). 

Modern transistor circuits have advantages in that (a) they operate with 
much lower impedance levels than vacuum tubes, hence stray capacitance 
effects are less troublesome; (b) transistors operate with reasonable gain to 
much higher frequencies; and (c) amplifiers with discrete transistors on 
printed-circuit boards, or integrated-circuit amplifiers, are less expensive, 
smaller, and require less power than their tube counterparts. Hence more 
stages can be used, if needed, at a reasonable cost. Also, frequency up- 
conversion in the mixer to produce higher intermediate frequencies (fir= 
fre+ fio) is feasible. This results in a simpler RF front-end design and permits 
greater separation between the RF and image frequencies. 


9-6 Interstage IF Filters 


Tuned transformers, like those discussed in Chapter 3, are still used exten- 
sively because of the ease of impedance matching by means of taps on the 
inductors, because they give high attenuation for frequencies in the stop band, 
and because they are relatively inexpensive. They have the disadvantage of 
large size compared with the rest of the circuit and need of alignment if 
circuit values change. A schematic diagram of an IF amplifier that employs 
discrete transformers and L-C tuned circuits is shown in Fig. 9-19. 

Several alternatives to the LC bandpass filter are available. They use 
magnetostriction or piezoelectric effects to transfer the signal from input to 
output with highly selective bandpass characteristics. Such filters have long 
been used in specialized equipment, but only recently have production tech- 
niques for monolithic crystal and ceramic filters made them competitive in 
price for consumer equipment. These filters have the advantage that no tuning 
is necessary (or possible); their bandpass characteristics are fixed during 
manufacture. Also, they can be designed to provide multiple poles in the 
transfer function so that more nearly ideal bandpass characteristics can be 
obtained with small physical size. 


Mechanical Filters 


These filters can be designed for operation from 0.1 to 10 percent bandwidth 
[2] and have the advantage of small size compared with LC filters. They 
utilize magnetostrictive ferrite or piezoelectric ceramic transducers to convert 
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electrical signals into mechanical vibrations that are transmitted through a 
high Q mechanical resonator to an output transducer. These filters are useful 
at frequencies below 600 kHz. 


Ceramic Filters [3] 


These filters are made from piezoelectric ceramics, are available with center 
frequencies ranging from a few kilohertz to 10.7 MHz, and have bandwidths 
ranging from 0.05 to 20 percent. A simple ceramic resonator consists of a disc 
with electrodes plated on opposite faces as in Fig. 9-2a; it has the equivalent 
circuit shown in Fig. 9-2b and impedance versus frequency as in Fig. 9-2c. The 
behavior and performance are essentially like that of the quartz crystals 
discussed in Section 5-9, except that the Q of the ceramic resonator is lower—on 
the order of 450 to 1500—and the separation between f, and f, is larger (0.2 to 10 
percent) and can be controlled in the manufacturing process. In terms of the 
equivalent-circuit parameters, the series-resonance frequency is 


1 


5 2n(LC)@ 0) 
parallel resonance occurs at 
C 1/2 
fo =f 1+ =) (9-7) 


The frequency separation between the zero and the pole is 


af=fe-f= f(r + )-1 | (9-8) 


Fig. 9-2 (a) Ceramic disc resonator with two electrodes; (b) equivalent circuit; 
and (c) impedance magnitude versus frequency. 


IZ| 


(a) (b) (c) 
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and the Q at series resonance is 


Oe I AL, 


(9-9) 


By separating one of the electrodes in Fig. 9-2a into two isolated parts, a 
three-electrode resonator with the equivalent circuit and network symbol 
shown in Fig. 9-3 is obtained. In the equivalent circuit, C,; and C,2 are the 
shunt capacitances between terminals 1-1’ and 2-2’, respectively; C’ is the 
capacitance between input and output electrodes; and the transformer turns 


ratio n is given by “5 
Pal Cor 
-(e) (9-10) 


If C,, = C,2 so that n = 1, and if C’ can be neglected (as is generally the case), 
the equivalent circuit with source and load is that of Fig. 9-4, which has the 
form of a bandpass filter. The frequency response of such a filter may look 
like Fig. 9-5a or b, depending upon the complexity of its construction. 

These filters, which have no path for dc, may be driven as shown in 
Fig. 9-6a. The input and output circuits must present the source (Rs) and load 


Fig. 9-3 (a) Three-electrode resonator equivalent circuit; and (b) its electrical 
network symbol. 


(a) (b) 


Fig. 9-4 Approximate equivalent circuit of the three-electrode resonator with 
n =1 (Co2 = Co1). Capacitance C’ from input to output is neglected. 
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Fig. 9-5 Insertion loss of a Vernitron TO-02 Transfilter in a discrete-component, 


Insertion loss in dB 


Insertion loss in dB 
oO 


455 kHz IF stage. The in-band loss is 2 to 3 dB. Curves: (1) A, =12 kQ, 
R2= 2.2 kQ; and (2) R:=5.6k0, R2=1kO. (From data sheet on Ver- 
nitron TO-02 and TAF-02A Ceramic Filters. Courtesy of Piezoelectric 
Division, Vernitron Corporation.) 
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Fig. 9-6 Schematic diagrams of IF stages with ceramic filters. (a) Discrete 
components and three-electrode resonator; and (6) integrated circuits 
with TAF-02A filter and impedance-matching transformer. (From data 
sheet on Vernitron TO-02 and TAF-02A Ceramic Filters. Courtesy of 
Piezoelectric Division, Vernitron Corporation.) 
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(R,) impedance specified by the manufacturer. For best operation, the ratio 
R,/R, is held constant at a specified value [4] and the filter Q and bandwidth 
is altered by varying the product RsR,;. As RsR, is increased, the filter 
bandwidth decreases as shown in Fig. 9-6a. 

Figure 9-6b shows the use of a TAF-02A miniature ceramic filter in the IF 
section of an AM receiver. The insertion loss of this filter, shown in Fig. 9-5), 
is 4-dB maximum at 455 kHz. 
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Monolithic Crystal Filters 


Quartz crystals have been used with conventional LC filter technology for 
many years in order to produce filters with sharp cutoff and narrow band- 
widths. In the early 1960s it was recognized that similar results could be 
obtained without the use of bulky transformers by taking advantage of the 
piezoelectric coupling between pairs of electrodes on a single (monolithic) 
quartz crystal. These filters have much higher Q values than ceramic filters. 
The minimum realizable bandwidth is determined by the Q, whereas the 
maximum bandwidth (without the use of inductors) is determined by the ratio 
C,/C; (see Fig. 9-7) which is a function of the piezoelectric coupling of the 
material. 

Because of the high Q, the bandwidth of these filters is limited to a 
maximum of a few tenths of 1 percent. In their useful frequency range of 5 to 
350 MHz, however, they provide adequate bandwidth for narrow-band FM, 
single-sideband, and telephone carrier channels. Their cost is high compared 
with that of ceramic filters. 

The circuit symbol and approximate equivalent circuit [5] for a two- 
resonator monolithic crystal filter are shown in Fig. 9-7. In the fundamental 
mode of vibration, the thickness of the crystal wafer is approximately 
one-half the acoustic wavelength; overtone modes occur at odd multiples of 
A/2. In the equivalent circuit, L, and C, determine the fundamental operating 
frequency and the inductance kL, represents the coupling between the two 


Fig. 9-7 Circuit symbol and approximate equivalent circuit of a two-resonator 
monolithic crystal filter. 
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resonators. The coupling coefficient k is on the order of B/f,; a typical value 
might be 0.0005. The gap capacitance C, between electrodes may limit 
stop-band attenuation. Static capacitance C, at the input and output ports is 
typically incorporated as part of the matching network. 

An approximate rule-of-thumb value [5] for the terminating impedance for 
the filter is 


We n(B) (9-11) 


where R is between 1 and 2k, n is the overtone order, B is the bandwidth in 
kHz, and f, is the center frequency in MHz. Values of Z on the order of 500 
to 10,000 ohms are typical. The expression 


_ 0.0035f, 
Tae a 


B (9-12) 


Fig. 9-8 Frequency response of a four-pole monolithic crystal filter with center 
frequency f. =75 MHz. (Piezo Technology Inc., Model 4171F Crystal 
Filter. Courtesy of Piezo Technology Inc.) 
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gives the approximate maximum bandwidth for the tandem monolithic filter in 
the limiting case of no holder capacitance. For the bandwidth reduction 
caused by holder capacitance, see Fig. 7 of [5]. 

The poles of the filter transfer function control the passband attenuation 
and ripple, rate of cutoff, and stopband attenuation. As the number of poles 
(resonators) increases, the rate of cutoff can be increased. However, un- 
wanted modes may be difficult to control if too many resonators are 
established in a single wafer. Consequently, higher-order filters are made by 
connecting monolithic sections in cascade: the resulting unit is called a 
tandem monolithic crystal filter. 

The frequency response characteristic of a 4-pole monolithic crystal filter 
with center frequency of 75 MHz is shown in Fig. 9-8. Specifications on this 
filter, made by Piezo Technology, Inc., are 


Attenuation: 6 dB max, f, + 13 kHz 

60 dB min, f, +300 kHz 
Ripple: 2 dB max 
Insertion flat loss: 6 dB max 
Terminations: 4000 ohms, —1 pF approx 


Surface Acoustic Wave Filters. 


Surface acoustic wave (SAW) filters utilize the properties of acoustic waves 
that travel on the surface of piezoelectric material [6]. The acoustic wave is 
generated through the electric field produced between interleaved “fingers” 


Fig.9-9 Surface-acoustic-wave filter configuration with interleaved fingers for 
launching and receiving the acoustic wave. 
Finger spacing 
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plated on the surface, as shown in Fig. 9-9, and is converted back to electrical 
signals at the output end by a similar set of fingers. The finger spacing 
determines the wavelength of the acoustic wave that is preferentially excited, 
the finger overlap determines the strength of each source of the waves, and 
the number of sections (see Fig. 9-9) determines the bandwidth; that is, for N . 
sections, BW/f, ~ 1/N. By adjustment of the length and spacing of the fingers, 
the transfer function can be tailored to make delay lines, pulse compression 
filters, bandpass filters, and so forth. 

Filters with center frequencies in the range of 10 to 800 MHz have been 
manufactured with bandwidths of 0.3 to 20 percent. The insertion loss of 
these filters is 10 to 30 dB, which is somewhat larger than that encountered 
with crystal or ceramic filters. However, the wider bandwidth and possibility 
of shaping the transfer function of these filters makes them potentially very 
useful. They are now coming into use in television IF amplifiers. 


9-7 Diode Envelope Detectors 


The majority of AM receivers use diode envelope detectors that, with simple 
circuitry, reproduce with good linearity the envelope of the AM wave. 
Detectors of this type are also used as video detectors in television receivers, 
and in certain types of electronic voltmeters that respond to the peak value of 
the wave being measured. 

Figure 9-10 shows the simplest form of the diode detector circuit, with 
modulated input voltage Vay and output voltage V,. As will be shown, the 
choice of the RC time constant is a compromise between minimum inter- 
mediate-frequency ripple in the detector output and minimum distortion of 
the recovered audio signal. Also, the value chosen for R determines the 
detector ‘“‘loading” of the output IF transformer. With an unmodulated carrier 
of peak amplitude V, applied to the detector, the dc output voltage across R 
is Vog The ratio V,g/V. is defined as the detection efficiency n. The input 
resistance to the detector circuit can be shown to be approximately 


(9-13) 


input 
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With an amplitude-modulated input to the detector circuit, Fig. 9-11 shows 
waveforms to be expected, indicating that the diode conducts only near the 
peak of each cycle and charges the capacitor to nearly the peak value of the 
input voltage. As the input voltage decreases from its peak value, the diode is 
' reverse-biased and the capacitor discharges through the resistor. Clearly, the 
slope of the exponential discharge curve must be great enough to follow the 
downward modulation of the input voltage. Otherwise, diagonal clipping (a 
form of distortion) occurs as illustrated in Fig. 9-12. 


Fig. 9-11 Waveforms of modulated input voltage, output voltage, and diode 
current in a diode detector circuit. 
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Fig. 9-12 . Diagonal clipping in a diode detector, resulting from an improper 
choice of circuit values. 
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Analysis of Diagonal Clipping 
Let the envelope of the AM wave be given by the expression 
v,(t)= V.(1+ m, sin ant) (9-14) 


in which V, is the carrier amplitude, m, the modulation factor, and ,, the 
radian frequency of the modulating wave. The slope of this envelope is given 
by 


Sas Foil) = WmV-Mg COS Wmt (9-15) 


If w, is very large compared with w,, (e.g., w. > 100 w,,), the point in each 
carrier cycle at which the diode stops conducting and the RC discharge period 
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begins may be assumed to be a point on the modulation envelope (i.e., at a 
peak of a carrier cycle). The onset of diagonal clipping may then be assumed 
to occur at a time t, when the magnitude of the slope Src of the RC discharge 
curve is just equal to the slope S, of the envelope. 

During the discharge period, 


V(t) = Veto RC (9-16) 
in which V is a function of f¢,; 
V = v,.(to) = VA + m, sin @mto) (9-17) 


The slope of v,(t) can be evaluated at time ft, by differentiation of (9-16) with 
respect to (t —t,), yielding 


(9-18) 


The value of S, at t = t, can be found from (9-15). If the magnitudes of S, and 
Src at time tf, are equated and the value of V is substituted from (9-17), the 
resulting expression can be solved for an upper limit to the value of time 
constant RC. 


1 +m, sin @nto) 


RCs 
®@m MM, COS Oply 


(9-19) 
This expression is still a function of t,. However, by differentiation with 
respect to t,, the value of t, for which the expression is a minimum can be 
found and substituted back into (9-19) to yield the desired criterion. 


RG [ (—) iE i] (9-20) 


®m Ma 


Equation (9-20) indicates that the value of RC should be chosen to satisfy 
the inequality for the highest frequency and degree of modulation likely to be 
attained, and that, for m, =1, RC should equal zero. Since this defeats the 
purpose of the capacitor C, which is supposed to filter out the carrier 
frequency, a compromise value for the upper limit of m, must be selected 
with the recognition that some distortion will occur on signal peaks when this 
value of m, is exceeded. 


Example 9-7.1. As a rule of thumb, the input resistance to the circuit of 
Figure 9-10 at the carrier frequency is approximately R/2. Hence, if the 
loading effect on the output IF transformer is to be 5kQ, the value of R 
should be 10k. To evaluate C, specify m, =0.9, and @,, =27a X 5000 in 
(9-20). Use the equality sign to solve for C = 0.0015 wF. 
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Negative-Peak Clipping 


It is evident from Fig. 9-11 that the output voltage of the detector contains a 
dc component that is proportional to the amplitude of the unmodulated carrier 
wave. This direct voltage can be used to provide automatic gain control (see 
Section 9-9). However, it must be removed from the signal that is transmitted 
to the first audio amplifier stage to avoid undesirable shifts in the Q point of 
the audio stage. Figure 9-13 shows the diode detector with the addition of a 
coupling capacitor C, and load R, that represents the input resistance of the 
following amplifier stage. Capacitor C. is assumed to have a very small 
reactance at audio frequencies. The detector output voltage across C and R, 
consists of a direct component V,, plus a modulation-frequency component 
Vom, Whereas only V,,, appears across R>. 

If the detector is ideal (zero diode forward resistance and infinite reverse 
resistance and large RC time constant), the direct output voltage V,, is equal 
to the carrier amplitude V.. The direct component of diode current must be 
approximately equal to 


(9-21) 


For the output component at frequency w,,, the equivalent source voltage is 
the varying component of envelope voltage, V.m, sinw,,t, obtained from 
(9-14). The modulation-frequency load impedance consists of R,, C, and R>. 
Let the modulation-frequency load resistance be defined as 


R,, = R\||R> (9-22) 
and the impedance taking C into account as 
(hens foe . 
Zm = (z+ iwc) (9-23) 


Then the modulation-frequency component of diode current is 


ne 


ie Tbe 


(9-24) 


Fig. 9-13 Diode detector with capacitive coupling to the load. 
Co 
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Fig. 9-14 Diode current (a) and output voltage (b) in an envelope detector that 
exhibits negative-peak clipping. 
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Since it has been assumed that the diode has no reverse conduction, the 
total current Igq + Iam given by (9-21) and (9-24) must always be greater than 
zero, or the peak value Ij, must be <I,4. This limiting condition yields the 
requirement that m, be limited to the value 


m, = [2m | (9-25) 
R, 
If this value of m, is exceeded, the diode current and output voltage 
waveforms will have a flat spot at the trough of the modulated wave as shown 
in Fig. 9-14. This is commonly called negative-peak clipping. 


9-8 Product Detectors 


Prior discussion of the phase detector in Section 6-5 and of mixers in Chapter 
7 has shown that any nonlinear circuit will produce both the sum and 
difference of two frequencies present in its input signal. The product detector 
is the same circuit that was previously labeled ‘“‘phase detector” or ‘‘mixer.”’ 
The inputs consist of the received SSB, DSB, or AM wave plus a locally 
generated carrier signal; the difference-frequency output component is the 
demodulated audio signal. 
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SSB Detection 


The requirements on frequency and phase of the reintroduced carrier at the 
phase detector are not severe for single sideband, since only speech is 
transmitted. Small errors in frequency and phase of the recovered audio 
signal go unnoticed. (See Problem 9-8.1.) The local (carrier) oscillator can 
usually be manually tuned for best reception. 


DSB Detection 


Detection of a double-sideband wave requires the reintroduced carrier to be 
in exact frequency and phase to avoid distortion (see Problem 9-8.2). If the 
frequency is incorrect, the upper and lower sidebands will produce different 
beat frequencies with the carrier (instead of producing the same beat note). If 
the frequency is correct but the phase is not, the amplitude of the audio 
output is reduced. If a ‘‘pilot” (reduced amplitude) carrier is transmitted with 
the DSB wave, it can be used to synchronize a VCO ina phase-locked loop in 
the receiver to provide the required carrier signal. The process is the same as 
for AM detection discussed in the following paragraph. 


AM Detection 


Although the carrier component is present in the AM wave, the product 
detector requires a separate carrier input of the same frequency and phase. 
_ This is obtained from the VCO output of a narrow-band phase-locked loop 
that is locked to the carrier component of the AM wave as shown in Fig. 9-15. 
Since the phase detector in many phase-locked loops requires the VCO to be 
approximately 90° out of phase with the incoming signal, a compensating 90° 
phase-shift network is inserted as shown in Fig. 9-15. Although the PLL will 
provide the correct frequency, the phasing network may require adjustment 
to give maximum audio output. 


Fig. 9-15 Block diagram of a product detector for AM waves. The phase-locked 
loop provides the locally generated carrier. 
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9-9 Automatic Gain Control 


Automatic gain control (AGC) is necessary in AM and television receivers 
because of the wide range of signal voltages encountered at the antenna 
terminals as the receiver is tuned to different channels. To prevent overload- 
ing (and excessive distortion) in the mixer, gain reduction in the RF stage is 
required when strong signals are received. In the IF stages, AGC is desirable 
to prevent overload and to maintain a reasonably constant signal input to the 
detector, both for optimum detector operation and to keep the audio output 
constant. Because good mixer operation is a critical function of the Q point, 
AGC voltage is usually not applied to the mixer stage. In addition to its gain 
control function, the AGC voltage may be used to activate a tuning meter, S 
meter, squelch circuit, carrier-operated switch, and so forth. 

The AGC voltage can be obtained directly from the diode envelope 
detector. It was shown in Section 9-7 that the detector output includes a de 
voltage V,4 (see Fig. 9-14) that is proportional to the IF carrier input level. By 
correct connection of the diode, V,4 can be made either positive or negative; 
it can be amplified if necessary; and it can be used to shift the Q points (and 
thus the gains) of transistors, FETs, or integrated circuit amplifiers. To avoid 
feedback of the detected audio voltage, a simple RC low-pass filter circuit is 
used as shown in Fig. 9-16. (See also R.—C; in Fig. 9-19.) To prevent loading of 
the audio detector by the AGC circuit, a dc amplifier may be inserted at 
terminals a-b in Fig. 9-16 or the AGC voltage may be derived from a separate 
detector taken from the next-to-last IF stage. 


Fig. 9-16 Negative AGC voltage is obtained from a diode detector. 
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AGC in Field Effect Transistors 


Since the g,, of both JEETs and MOSFETs is a function of the Q point, and 
since the gate draws negligible direct current, these devices are excellent for 
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AGC purposes. The dual-gate MOSFET is ideal as an RF amplifier with AGC 
because, as shown in Fig. 7-20, the g,,(y,,) of gate 1 is a function of the bias 
on gate 2; thus the AGC voltage can be applied to gate 2 and the RF signal to 
gate 1. For optimum operation, the bias on both gates should be varied by the 
AGC voltage in order to follow the “locus of operating points for minimum 
second-order effects” shown in Fig. 7-20. 


AGC in Bipolar Transistors 


The g, of a BJT amplifier is proportional to I; and thus can be controlled by 
variation of the base-emitter bias. Unlike the FET, however, the current 
drawn by the base is not negligible and shifts in the Q point result in 
appreciable variation in input admittance of the device. The latter effect 
causes mistuning and changes in the bandwidth of the input circuit. One 
solution to this problem is illustrated by the schematic diagram, Fig. 9-17, of 
an RF-IF amplifier integrated circuit (Motorola MC1550). Transistors Q1 and 
Q2 form a CE-CB pair for the signal path from input at pin 1 to output at pin 
6. Positive AGC voltage applied at pin 5 shunts the signal through the AGC 
transistor Q3, causing a reduction in output without change of bias point or 
input impedance for Q1. 


Fig. 9-17 An integrated-circuit linear amplifier suitable for AGC opera- 
tion. (From Motorola MC1550 data sheet. Courtesy of Motorola 
Semiconductor Products, Inc.) 
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9-10 Squelch Circuit 


For reception of signals on a channel that is shared by a number of trans- 
mitters (as in citizens’ band radio), it is desirable to include in the receiver a 
squelch circuit that allows only those transmissions above a preset signal 
strength to be heard. This eliminates much background noise and chatter that 
the listener finds both annoying and tiring. Squelch circuits typically disable 
the first audio (AF) stage by biasing it to cutoff unless the received signal is 
strong enough to override the squelch by means of the AGC voltage. 

A simplified diagram of a typical squelch circuit is shown in Fig. 9-18. A 
strong RF input signal produces a negative AGC voltage that reduces the 
positive voltage at the base and the emitter of RF amplifier Q1. The positive 
voltage on the base of the squelch transistor Q2 is caused by the combined 
effect of the emitter voltage from Q1 and the squelch control voltage. If the 
squelch control is off (i.e., at the bottom), Q2 will be biased to cutoff and the 
AF amplifier Q3 will be biased on. If the squelch control is advanced far 


Fig. 9-18 A simple squelch circuit. 
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enough, Q2 can be biased in saturation, its collector voltage will drop, and Q3 
will be cut off. Then the AGC voltage must become more negative in order to 
turn Q2 off again. Adjustment of the squelch control determines the RF signal 
level at which Q3 will pass the audio signal. Resistance values depend upon 
the supply voltages and transistor parameters. 


9-11 The AM Receiver 


Amplitude modulation receivers are used in a wide variety of services from 
low frequencies through the VHF range, with broadcast band ‘‘entertain- 
ment” receivers comprising the bulk of the market. Because there is an AM 
radio station in nearly every city, the receivers need not have high sensitivity; 
hence an RF stage may not be needed. Coupled with the simple diode 
detector, this results in simple and inexpensive circuitry for small, battery- 
operated, portable receivers. 

To get an idea of the gain required in the front end of the receiver, assume 
a 2-volt signal into the detector due to a 10-microvolt signal at the antenna 
terminals, an overall voltage gain of 106dB. If the RF and mixer stages 
together yield a 20-dB gain, the IF section must have a gain of 86 dB plus that 
needed to make up the loss in the IF filters. Two or three transistor stages or 
operational amplifiers are sufficient, depending upon the sensitivity desired. 
For compact, inexpensive, AM and FM receivers the modern trend is to put 
all of the electronics from the mixer through at least the first audio stage on a 
single IC chip [7 to 9], leaving only the RF tuner, IF filters, audio section (another 
chip), and speaker to be added. 

In high-fidelity AM tuners, communications receivers, and other special- 
purpose receivers, the circuitry is much more sophisticated. The preceding 
sections of this chapter have emphasized the distortion-free components that 
would be used in such quality products. It is beyond the scope of this book to 
explore the design of such receivers. To conclude this chapter, therefore, an 
illustration will be given of the front-end of a very simple AM receiver in 
order to illustrate some design principles not mentioned previously. 

The schematic diagram of a superheterodyne receiver (audio stages omit- 
ted) that might be operated from a 9-volt battery is shown in Fig. 9-19. It 
differs markedly from the design philosophy advocated earlier in that it 
contains no RF stage and the mixer and local oscillator are combined in one 
stage called a frequency converter. The IF filters consist of single-tuned LC 
transformers. (The use of ceramic IF filters will be shown in connection with 

the FM receiver in Chapter 10.) 
Operation of the frequency converter is as follows: Transistor Q1 
operates as a grounded-base oscillator. The base is grounded at local oscil- 
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lator frequency through the secondary of the RF transformer T1; fio is 
determined by the tuned circuit coupled to the emitter through C., and 
feedback is achieved by the collector current flowing in the secondary of T2. 
The RF signal, picked up by the ferrite loopstick antenna, is injected into the 
base of Q1, which acts as a mixer as well as an oscillator. The IF component 
of collector current thus produces an IF signal across T3 and at the base of 
Q2. Tuning capacitors C, and C, are ganged together on a common shaft; 
trimmer capacitors Cry adjust the frequency tracking of the two circuits at the 
high-frequency end of the tuning range; the oscillator-coil adjustment (in- 
dicated by an arrow) provides low-frequency adjustment. 

Note that the dc supply to each collector circuit is decoupled through 
Rz—Cg. This prevents feedback from one stage to another through the 
common dc bus, which might cause oscillation. (A similar scheme may be 
used if AGC voltage is fed to several stages from a common bus.) 

The detector circuit differs from that shown in Fig. 9-14. In addition to the 
usual configuration involving R; and C;, an extra filter section R»—C, is 
included to further reduce the IF ripple. Note also that both the audio and 
AGC (dc) voltages are present on the line from the detector to point A. Since 
only the dc component is desired at point B, the audio is removed by the 
lowpass filter R,— Cs. Capacitor C, is included to bypass RF. 
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PROBLEMS 


9-7.1. A square-law balanced modulator with inputs V. cos w,t and V,, sin 


wnt produces the DSB/SC wave given by 


v(t) = Vcos wet sin ant = V, sin (@, + @m)t — Vs SiN (@e — @m)t 


This wave is transmitted to a receiver where the carrier is reinserted by a 
local oscillator and the resultant is then input to an envelope detector. 


(a) 


(b) 
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Show by means of phasor diagrams that the reinserted carrier must be in 
the proper phase. Draw phasors with the convention that the real-axis 
projection represents the (real) time function and the carrier phasor is 
stationary while the side-frequency phasors rotate as in Figure 8-20. Show 
that if a carrier phasor V, cos w,t of sufficient amplitude is added to the 
side-frequency phasors, an envelope detector can recover the modulating 
signal undistorted from the resultant. 

Repeat part (a) with reinserted carrier V, sin w,t. Show from the resulting 
phasor diagram that the output of the envelope detector would be dis- 
torted. 

9-7.2. A diode envelope detector can be used for detection of an SSB 
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wave if the carrier is reinserted prior to detection. Inputs of V. sin w,t and Vm 
COS w,t at the SSB transmitter produce a lower side-frequency component of 
the form V, sin (w, — @m)t. 

(a) Show by means of a phasor diagram of the carrier plus side-frequency 
component that the envelope detector will produce a distorted output 
unless the carrier is large compared with V,. Sketch the approximate 
output waveform for the cases where the carrier is (1) much larger than 
V,, and (2) only slightly greater than V,. 

(b) For a quantitative solution assume that the input to the detector has the 
form v;(t)= V. sin w,t+V, sin w,t, where w, =o, —@m. Assume that 

' V. > V;, and for convenience let h = V,/V.. Show that the input voltage 
can be put into the form 


v(t) = V.[1+2h cos wmt + h?]!? x sin (wt + 6) 
in which 
a tan~"( h sin @mt ) 


1+hcos opt 


The output of the envelope detector is given by the time-varying am- 

plitude of |v;(t)|. Sketch this function for h = 0.2, 0.5, and 1.0. 

9-7.3. Figure P9-7.3 shows a 455 kHz, single-tuned, output IF transformer 
driving a diode detector; the current source represents the last IF transistor. 
With a cup core, the transformer may have a coefficient of coupling greater 
than 90 percent, and the tuning capacitance Cr is typically 150 to 180 pF. 

(a) Assume that the transformer is to match 5 to 20k as indicated, with 

Cr = 180 pF and k = 0.95. Ignore transformer losses. Specify bandwidth 

B = 20 kHz. Find the values of L; and L, and the approximate position of 

the tap on L,. Use Table 3-8 and Figure 3-30. 

(b) What is the required value of R; if the detection efficiency 7 is 100%? 

Neglect the effect of R>. 

(c) What is the maximum allowable value of C, if diagonal clipping is to be 
avoided with m, = 0.9 and f,, = 500 Hz? 


Fig. P9-7.3 
C2 
alee 
a 
pst hs | 


Problems | 293 


(d) If a load R, = 50k) is coupled to the detector, what is the maximum value 
of m, at fm =500 Hz if negative-peak clipping is to be avoided? Neglect 
the effect of C, but take C, into account. 

9-8.1. Let a carrier V, cos w,t and modulating wave V,, COS Wt be 
combined in a single-sideband wave V, cos (@, — @m)t. Now input this wave 
to a square-law product detector along with a carrier of the form V, cos 
[(o. + dw)t +]. Assume that only the difference-frequency component 
remains in the product detector output after low-pass filtering. 

(a) How will a change in the angle @ affect the detector output? 

(b) If 5m is not zero, how will the recovered audio frequency be affected? 
How would it sound if the modulation were a speech wave instead of a 
pure tone? 

9-8.2. As shown in Chapters 7 and 8, introduction of carrier V. cos w,t and 
modulating signal V,, cos w,t into a square-law balanced modulator results in 
a DSB/SC wave with upper and lower side frequencies of the form 
Vu COS (w. + @m)t and V; cos (w,. — @m)t, respectively. Let these be input to a 
square-law product detector along with a carrier of the form V, cos [(@, + 
bw)t +d]. 

(a) If d5w and ¢ are zero, show that the audio signal can be recovered through 
a low-pass filter. 

(b) If 5m is zero but ¢ is varied, show that the audio output goes to zero for 
od = +90°. (This is the basis for the transmission of two DSB chrominance 
signals on a common carrier frequency in color TV.) 

(c) If @ is zero, what is the effect on the detected signal of small frequency 
errors 6a? 

9-8.3. Repeat Problem 9-8.2, where the signal input to the detector now 
includes the AM carrier V.. cos oct. 
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10 FM and PM 


Receivers 


Receivers for FM and PM differ from their AM counterparts in that they have 
(1) larger IF bandwidths, (2) amplitude limiters, (3) frequency or phase 
detectors, and (4) stereo multiplex capability. Except for the increased 
bandwidth (200 kHz for broadcast FM, less for other services), the front-end 
design is the same as for AM receivers. 


10-1 IF Amplifier Systems 


The wide bandwidths required by angle-modulated signals and the necessity 
for amplitude-limiting the IF signal before detection (because most detectors 
respond both to amplitude and frequency or phase variations) once neces- 
sitated such specialized design techniques as stagger-tuned transformers and 
multiple-stage limiters in FM IF systems. The present availability of low-cost 
wideband integrated-circuit (IC) amplifiers and crystal or ceramic filters that 
outperform discrete-component IF strips has obviated the need for such 
techniques; hence the following discussion is restricted to IC system design. 

The IF frequencies (or the last IF frequency in the case of multiple- 
conversion systems) are usually higher than in AM receivers; for example, the 
most common IF frequencies are 10.7 MHz for FM and 455 kHz for AM. The 
larger bandwidth required for FM dictates a higher IF frequency in order to 
ease the design requirements on the IF filter. This filter should have a sharp 
cutoff in order to reject adjacent channel signals, but at the same time to 


295 


avoid distortion it must exhibit phase linearity (vs. frequency) in the pass- 
band. 

Phase distortion in an FM or PM system is the counterpart of amplitude 
distortion in an AM system. It arises when the relative phase relationships 
between the FM carrier and sidebands are altered and it hampers accurate 
recovery of the modulating waveform [1]. If the overall IF system (tuned 
circuits, filters, and amplifiers) has a transfer function whose phase decreases 
linearly with frequency, it will amplify FM signals without phase distortion. 
This may be shown mathematically [2]; intuitively, it may be argued that a 
network with a linearly decreasing phase characteristic simply introduces a 
frequency-independent time delay and thus passes the FM carrier and side- 
bands without changing their relative phases. 

Unfortunately, there are no convenient formulas to relate phase non- 
linearity between the antenna and the detector to the distortion produced in 
an FM receiver. The designer seeks as linear a phase characteristic as can be 
justified economically and may achieve it by using components whose phase 
nonlinearities cancel each other. Phase distortion is obviously a more serious 
problem to the manufacturer of a high-quality home entertainment receiver 
than it is to the manufacturer of a taxicab radio. 

A typical IF system (Fig. 10-1) consists of an LC tuned circuit, an 
integrated circuit amplifier, a crystal or ceramic IF filter, and either a detector 
or a second IF amplifier and then a detector. Hard limiting is achieved by 
driving the last amplifier stages into saturation and cutoff for all IF signals 
within the intended dynamic range of the receiver. The result is that the signal 
fed from the last IF amplifier into the detector is a frequency-modulated 
square wave. 

Most commercial FM detectors are included in IC packages that also 
contain several stages of IF amplification. The detector specifications pub- 
lished by the manufacturer list the input voltages required for a variety of 
output characteristics such as decibels of quieting, SNR, recovered audio 
output, and limiting. The minimum input power required for satisfactory 
detector operation and the input power available from the antenna under the 


Fig. 10-1 Block diagram of an IC IF system. 
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Fig. 10-2 Block diagram of an FM receiver. 
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desired minimum-signal conditions determine the overall gain required be- 
tween the antenna terminals and the detector. The designer must apportion 
this gain between the RF amplifier, the mixer, and the IF system. 

As an example of the calculations involved in the preliminary design of an 
FM receiver IF system consider the block diagram in Fig. 10-2.. Assume that 
the minimum signal to be received will deliver 24V into a 300-ohm RF 
amplifier input resistance and that a detector IC has been chosen which 
requires 1 mV into 40 k(Y for full limiting. The detector is to be preceded by a 
ceramic filter requiring 700-ohm source and load resistances and having a 
6-dB insertion loss. Under full limiting conditions the detector receives 
2.5 x 10°"! W and the filter-terminating resistor draws 1.429 x 10° W. The total 
power output from the filter is 1.454 x 10°? W; if a 6-dB conversion loss is 
assumed, the IF stage must deliver 5.787 x 10°° W. The power input to the RF 
amplifier is 1.333 x 10°'* W, and the overall antenna terminals to IF filter gain 
required is 56.4dB. Since commercial IF amplifier ICs are capable of about 
40-dB gain, a conservative 10 to 15-dB gain each may be allotted to the RF 
amplifier and to the mixer. 


10-2 FM Detector Characteristics 


Basically, an FM detector is a circuit whose output voltage is proportional to 
the difference between a reference frequency and the frequency of an input 
signal. Normally, the detector is adjusted so that the output voltage has the 
same magnitude, but opposite polarity, for input frequencies equally spaced 
above and below the reference. The transfer characteristic of an ideal FM 
detector is shown in Fig. 10-3. The characteristic of a real detector has finite 
frequency and voltage limits and is not perfectly linear. 


Analysis of a Generalized FM Detector 


Those FM detectors that include tuned transformers function as a frequency- 
to-amplitude converter driving a conventional AM envelope detector and a 
low-pass filter. Although this also at least partially describes the phase-locked 
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Fig. 10-3 Transfer characteristic of an ideal FM detector. 
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loop (PLL) detector, other circuits discussed in this chapter develop a train of 
pulses whose width is proportional to the input frequency and then integrate 
the pulse train to recover the modulation envelope. Nevertheless, all of these 
detectors have the same kind of transfer function, and the analysis to follow 
will illuminate the common characteristics of them all. 

Following the approach of Taub and Schilling [3], and working in the 
frequency domain with the notation of Fig. 10-4, the frequency-to-amplitude 
transfer function H(jw) is given by 


5 is ta Vjo) © 
H (jw) = jow = Wie (10-1) 
in which o is a constant. In the time domain, (10-1) implies that 
dv((t 
v(t) =o ee (10-2) 


and the frequency-to-amplitude converter functions as a_ time-domain 
differentiator. The proportionality in (10-1) of output voltage to input 
frequency causes white noise in the upper part of the IF passband to produce 
correspondingly greater output than noise in the lower part. (See also the 
discussion in Section 8-7.) 
If a signal with fixed amplitude A, carrier frequency w,, and variable phase 
angle @(t) such that 
v(t) = A cos [wot + (t)] (10-3) 


Fig. 10-4 Representation of an FM detector. 
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is applied to the converter, the output will be 


v(t) = — cAl ow, a8 4 sin [wot + 6(t)] (10-4) 


With input v(t), the envelope detector output is 


v,(t)= cAw,+aA a (10-5) 
The first term in (10-5) is a dc component that will be filtered out along with 
oA(d6/dt) components above the maximum modulating frequency. In an FM 
signal with modulating voltage v,,(t) and modulation index my, 


0(t) = m; | Um(t) dt (10-6) 


and the alternating component of v;(t) is equal to oAmy,,(t). Thus the 
modulating waveform v,,(t) is recovered. 


Response to Interference and Noise 


When either noise or an interfering signal is present along with a wanted 
signal at an FM detector input, the SNR determines the nature of the detector 
output. For a given modulation index and detector type, a threshold SNR 
exists. So long as the input SNR is above this threshold, the output SNR will 
be significantly greater than the input SNR. Since the bandwidth of the IF 
signal at the detector input is larger than the bandwidth of the audio signal at 
the detector output, the SNR improvement with detection is commonly 
described as “trading bandwidth for SNR.” It comes about because (1) signal 
power in the entire signal bandwidth contributes to the output signal power, 
but (2) only noise power within plus or minus the highest modulating 
frequency of the carrier contributes to the output noise power. Hence, above 
threshold, if the highest modulating frequency is fixed and the modulation 
index is increased, the output signal power will increase but the output noise 
power will not. However, raising the modulation index will raise the detector 
threshold and ultimately the input SNR will fall below threshold. Below 
threshold the output SNR improves with decreasing modulation index and IF 
bandwidth. This behavior resembles that of an AM detector. Figure 10-5 
illustrates the general threshold behavior of a hypothetical FM detector. 

The threshold sets the ultimate sensitivity limit of an FM detector, and 
considerable effort has been devoted to development of detectors with the 
lowest possible threshold. At present, one of the lowest thresholds is offered 
by the phase-locked loop [4]. 

The improvement of SNR with detection above threshold is responsible 
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Fig. 10-5 Threshold in an FM detector. 
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for the phenomenon called capture, in which only the stronger of two or more 
interfering signals is audible at the receiver output. If the ratio of desired to 
undesired signal is sufficiently high at the detector input, it will be so much 
higher at the output that the undesired signal effectively disappears. This 
behavior is in sharp contrast to AM systems, in which annoying interference 
can result even with a large ratio of desired to undesired signals. With today’s 
crowded spectrum, the capture effect is one reason that mobile radio com- 
munications use FM. 

Capture is measured by a quantity called the capture ratio. For practical 
purposes this is essentially the ratio in decibels of wanted to unwanted signal 
that will cause a 30-dB suppression of the unwanted signal. The formal (and 
exact) definition gives the capture ratio of an FM receiver as the result of a 
complicated measurement process in which the suppression of the signal from 
one signal generator by the signal from a second signal generator is observed 
at a series of standard input levels. The reader who needs to make capture 
ratio measurements should consult [5]. Typical values for good-quality home 
entertainment receivers lie between | and 2 dB. 

Capture is responsible for an effect called quieting, where the audible 
noise output from an FM receiver decreases sharply or vanishes entirely with 
the appearance of a sufficiently strong input signal. What happens is that the 
large increase in postdetection SNR, which occurs above threshold, makes 
the output signal so much stronger than the noise that the noise is no longer 
heard. 

Quieting may be described mathematically [1] by representing the noise 
input to the FM detector as a phasor with random amplitude and phase. 
Sudden phase and instantaneous frequency changes by this noise voltage 
produce audio noise at the detector output. When a signal is present, the input 
voltage to the detector can be represented as the phasor sum of the signal plus 
noise; when the signal amplitude is greater than the noise amplitude the phase 
and instantaneous frequency changes of the composite waveform are much 
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smaller than those of the noise alone and very little noise is present at the 
detector output. 

The quieting sensitivity of an FM receiver is defined as the unmodulated 
carrier amplitude measured in microvolts rms that produces a specified 
reduction in output noise over the output noise present under no-signal 
conditions. A quieting sensitivity specification for a typical narrow-band FM 
receiver would be 0.5 microvolts for 20-dB quieting; a broadcast receiver 
might require 1.7 microvolts for 30-dB quieting. 


10-3 Practical Detectors 


FM detectors have existed for over 40 years, and many detector circuits have 
been manufactured that emphasize the technology available at a particular 
time. In vacuum-tube days, active devices were expensive, bulky, short-lived, 
and hot, and engineers designed FM receivers around circuits that required 
the fewest possible active components. Thus the earlier Foster-Seeley dis- 
criminator was later supplanted in many applications by the ratio detector, 
since the ratio detector was less sensitive to amplitude variations in the 
incoming signal and could tolerate IF amplifiers with fewer stages. With the 
advent of ICs, the economics of detector design were reversed and active 
devices became much cheaper to produce and package than tuned circuits; 
hence the design goal became one of eliminating inductors and transformers 
whenever possible. This effort was encouraged by the availability of ICs with 
hard-limiting IF stages, since the older tuned-transformer detectors could not 
demodulate a frequency-modulated square wave. 

Which FM detector should be selected for a particular application? There 
seems to be no consensus among design engineers in industry at present. 
Some manufacturers are still using ratio detectors and discriminators; others 
have gone to fully digital detectors, and still others are using quadrature 
detectors or phase-locked loops. Although from an academic point of view it 
would seem that digital detectors are the simplest to install and align and that 
phase-locked loops offer the best weak-signal performance, economic 
arguments (particularly the cost of retraining service personnel) and personal 
and corporate feelings about achievable levels of AM rejection and distortion 
play important roles in today’s market. For this reason this chapter will 
describe a variety of detectors, some of which may seem obsolete to acade- 
mic readers and others of which may seem unproved to designers in industry. 
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Discriminators 


The basic Foster-Seeley discriminator shown in Fig. 10-6 uses a frequency- 
sensitive phase shift to demodulate FM. To analyze its operation, consider 
first the voltage relationships in the coupled circuits L;C;— L2C, of Fig. 10-7. 

If the impedance coupled into the primary circuit is negligible in com- 
parison with the primary self impedance,' then the primary current J, will be 


peas 


Peis (10-7) 


The voltage induced in the secondary by J; is jwMI,; at the secondary 
resonance frequency , the secondary current will be 


mi Jo-MI, xd M Vi 
Led orp yar BcreeRs (10-8) 
The voltage across the capacitor is 
2V2= jo,Crh (10-9) 
therefore, 
= Jo-C,M eS 
V2= "SLR V, (10-10) 


Fig. 10-6 The Foster-Seeley discriminator. 
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'This condition will be met in practice; see [6, p. 607]. 
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Fig. 10-7 Circuit used to illustrate phase relationships in the Foster-Seeley 
discriminator. The resistors shown represent the internal resistance of 
the coils. 


and at resonance V; leads V, by 90° as in Fig. 10-8a. At frequency w slightly 
different from ,, 


y, ieCoM , Vi _ jwC.MV; 
> 21,R, 1+ /R)joL.+ (AlioC,)) 2L,R> 
Tad Be 1 
x1 @ [ieols+ |} (10-11) 
and the phase angle between V, and V, is given by 
7) a (i wl, _ 1 ) a =I (“2 - 1 ) F 
Arg i Arg (j+ RB tOR = cot Ro Paar, (10-12) 
Then if 
@=o,+ Aw (10-13) 
the phase angle formula reduces to 
Are (7) ~ cot”! (“3~) = cot! (S22) (10-14) 
V, R, We 


where Q is the Q of the secondary circuit. For Aw >0 (w > w,) the angle is 
less than 90°, and for Aw <0 (w <@,) the phase angle is greater than 90°. 
These two conditions are illustrated in Figs. 10-8a and b. 

To carry this analysis over to the Foster-Seeley discriminator of Fig. 10-6, 
assume that C, and C, are RF short circuits and the RFC is an RF open 
circuit. These conditions place point A at RF ground, and the RF voltage V’, 
applied to the top diode and the R,C, network is 


Vi= Vit V2 (10-15) 


Practical Detectors | 303 


Fig. 10-8 Phase relationships in the discriminator transformer. (a) Resonance: 
w=; (b) below resonance: w<w.; and (c) above resonance: 
WD > We 
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Under the same conditions the RF voltage Vj; applied to the bottom diode and 


filter network is 
Vi = Vi = V> (10-16) 


The phase relationship between V, and V, is as shown in Fig. 10-8; Fig. 10-9 
illustrates the variation with frequency of Vj, and Vj. The basic relationships 
are 
Vi= Vi when @ = w, 
IVil<|Vi] when wa<a, 
and 
IVii>|Vil when wo >, 
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Fig. 10-9 Phase relationships in the discriminator showing the diode voltages. 
(a) Resonance w = w.; (b) below resonance: w <«,; and (c) above 
resonance: w > w.. 


If the diode rectification efficiency is n, then the output voltage V, is given 
by 
Vo=Va-—V,="l|Va—nlVil (10-17) 


A plot of V, versus frequency is shown in Fig. 10-10. The principal short- 
coming of the discriminator is evident from (10-17); any change in the input 
signal amplitude will be reproduced in V!, Vj}, and V, and any AM on the 
incoming signal will be demodulated. A good limiter must precede the 
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Fig. 10-10 Foster-Seeley discriminator output characteristics. 
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discriminator for satisfactory operation. This requirement has eliminated the 
Foster-Seeley discriminator from almost all mass production entertainment 
receiver circuits in favor of the ratio detector, and many integrated circuits 
that are popularly called discriminators are actually ratio detectors. 

The primary problem in discriminator design is the transformer; most 
designers avoid this by specifying off-the-shelf units. For a detailed discussion 
of the procedure and further references, see [7, pp. 300-311]. 


The Ratio Detector 


The ratio detector offers better AM rejection’ than the discriminator and will 
operate satisfactorily with poorer limiting in the preceding stages. For many 
years ratio detectors were standard in almost all FM receivers, and many 
manufacturers still feel that they offer superior audio performance. 

The theory of ratio detector operation will be developed using Fig. 10-11. 
The ratio detector differs from the discriminator of Fig. 10-6 in three ways: 
the lower diode is reversed; an extra pair of resistors R; and a capacitor C; 
have been added; and the output voltage is taken between different points. 
From one viewpoint the circuit behaves as a half-wave rectifier with two 
diodes in series and an RC filter; the filtered output appears as V3. If the diode 
rectification efficiency is y, V; is proportional to y|V3|, where V, is the phasor 
IF voltage on either side of the secondary center tap. Over the operating 


2AM rejection is the ratio in decibels of the FM detector audio output power for a specified 

FM input to the audio output power for a specified AM input. The characteristics of the FM 
and AM signals vary with detector application and manufacturer; for example, RCA 
specifies that in measuring AM rejection in the CA 3013 IC the FM signal shall have an 
amplitude of 10 mV rms, a carrier frequency of 4.5 MHz, a modulating frequency of 1 kHz, 
and a +25-kHz frequency deviation. The corresponding AM signal is required to have the 
same carrier frequency, carrier amplitude, and modulating frequency with 50 percent 
modulation. 


306 / FMand PM Receivers 


Fig. 10-11 The basic ratio detector. 


bandwidth of the detector |V2| and V; are essentially frequency independent. 
Since V3 is divided across equal resistances (R;) symmetric with respect to 
ground, the voltages V, and V, are of equal amplitude and 


V. Eat (10-18) 
a 

Va =e (10-19) 
2 

V3;=V.+ Va (10-20) 


In terms of V2 and the phasor primary voltage V,, the phasor IF voltage 
V, between the anode of the upper diode and ground is 


Vi= Vit V2 (10-21) 


and the phasor IF voltage Vj} between the cathode of the lower diode and 
_ ground is 


Vi= Vi-V> (10-22) 
The corresponding rectified voltages are’ 
V. = |Vi+ V)| (10-23) 
and 
V, = nlVi ig V2 (10-24) 


se a a a a ee Se eee, 5 ae es) Pee eee ed 
’The reader may note that, in Fig. 10-11, V, and V, have the same polarity but V, and Vi 
have opposite polarities. This is because the top and bottom diodes also have opposite 
polarities. 
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By elementary circuit analysis 


V,=Vi- Vi (10-25) 
and 

V;= V,+ Vs (10-26) 
From (10-19) 

Vo= _ V, (10-27) 
or 

AVE Vice enn evs Aol 
Vom ra: ti V, = 5 (10-28) 


For the same circuit parameters the ratio detector is thus 6dB less 
sensitive than the discriminator. The difficulties in obtaining optimum com- 
ponents (particularly transformers) for these circuits tend to reduce this 
difference, and in practice the sensitivity of the two circuits is about the same. 

When the ratio detector is in steady-state operation, the diodes conduct 
during a small portion of each IF cycle to recharge the capacitors (i.e., to 
replace the charge supplied by the capacitors to the resistors and to the load). 
For the diodes to conduct, the instantaneous IF voltages V, and V; must be 
larger than the instantaneous values of V, and V,. If the input signal level 
drops, the peak values of V, and V; also drop and the diode conduction 
period is shortened. This reduces the secondary circuit dissipation and raises 
the secondary circuit Q because the diodes now connect the secondary 
windings to the resistors for a smaller fraction of each cycle. By (10-14) the 
phase angle between the primary and secondary voltages is a function of Q; at 
a given frequency deviation Aw, an increase in Q makes Arg (V>/V;) smaller 
and increases the ratio detector output voltage in the same way as an increase 
in Aw. This compensates for the decrease in output brought about by the 
decrease in IF amplitude that started the discussion. Similarly, an increase in 
input signal level would tend to raise the output voltage while at the same 
time causing a decrease in Q and a corresponding decrease in the detector 
output. The compensating effects of signal amplitude and circuit Q on the 
output voltage can be balanced by the insertion of additional resistors R» as in 
Fig. 10-1la and the ratio discriminator made relatively insensitive to am- 
plitude variations whose period is short in comparison to the discriminator RC 
time constant. For details on this and other design considerations in maximiz- 
ing ratio detector AM rejection, see [1, pp. 392-401]. 

The ratio detector can be modified in a number of ways to reduce costs or 
to suit particular applications. For example, the R, resistors in Fig. 10-11 are 
unnecessary (R, and the load provide a suitable dc path) and, if the ground 
point is shifted as in Fig. 10-12a, the choke may be eliminated. Another © 
variation (Fig. 10-12b) adds a third winding to the transformer and eliminates 
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Fig. 10-12 Ratio detector modifications. 


(a) 


both the choke and the coupling capacitor. This technique is popular with IC 
users because almost all of the external components can be housed inside the 
transformer can. The third winding is nonresonant and tightly coupled to the 
primary so that its voltage is proportional to, and in phase with, the primary 
voltage [7]. It thus serves the same purpose as the coupling capacitor in Fig. 
10-11: to connect the primary voltage in series with the secondary. The 
resistor in series with the extra winding improves AM rejection. Fig. 10-13 
illustrates the ratio detector modification used in the RCA CA 3013 IC. 
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Fig. 10-13 Ratio detector used in RCA 3013 and 3014 ICs. All labeled components 
except Cz, are on the IC chip itself; the capacitors with D labels are 
realized with diodes. (From ‘RCA Linear Integrated Circuits,” SSD- 
201C, 1975. Courtesy of RCA Solid State Division.) 
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Coincidence or Quadrature Detectors 


A quadrature detector is a circuit that (1) splits the IF signal into two parts, (2) 
passes one part through a network with a phase shift of 90° plus some 
constant times the IF deviation from center frequency, (3) multiplies the 
shifted and unshifted components together, and (4) selects the audio 
frequency portion of the multiplier output spectrum. Mathematically, this 
operation is easy to describe. For the IF center radian frequency w, and 
instantaneous radian frequency w, let the phase shift A@ in radians be given 
by 
28 


0 => — K(w- &)= i KAw (10-29) 


The inputs to the multiplier are V, sin (wt) and 


V, sin (wt + at Kho) = V, cos (wt — KA) (10-30) 


Multiplied together, these produce V,” sin (wt) cos (wt - KAw), which has a 
low frequency component given by 


a Ve: 


sin (kAw) 


For KAw < 0.25 rad so that 
sin (K Aw) ~ KAw (10-31) 


this term is linear in Aw and reproduces the modulating waveform. 
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¢ 


Figure 10-14 illustrates a quadrature detector broken down into functional 
blocks. The parallel RLC circuit resonates at @, and the phase shift A@ 
between V, and V,, is given by 


Aé = Arg 


oO 
Vin 


where Q, is the resonant-circuit Q at w, and 


~~ tan" (Q,8) (10-32) 


pS oa eek otthcad 
® @ 


(10-33) 


For small frequency shifts, A@ is sufficiently linear with frequency for the 
circuit to produce acceptable quality audio. 

Analog multiplication and good IF limiting were difficult to achieve in 
vacuum tube circuits, and special purpose multigrid tubes like the 6DT6 were 
developed for service as quadrature detectors in TV receivers [1]. Here the 
lower quality required in TV audio as compared with FM broadcasting, the 
lack of a tuned transformer, and the relatively high audio output of the 
quadrature detector gave this circuit an economic advantage over the other 
FM detectors available at the time. 

The TV quadrature detector depended upon special vacuum tubes that 
have no single-transistor counterpart. Solid-state quadrature detectors 
evolved with the analog multiplier replaced by a digital AND gate. This is a 
circuit, illustrated schematically in Fig. 10-15, that produces an output (+5 
volts is a standard value) only if both of its inputs are positive. Since an AND 
gate may properly be called a coincidence circuit (because it produces an 
output when there are coincident signals at both inputs), the solid-state 
quadrature detector is frequently called a coincidence detector. 


Fig. 10-14 Symbolic quadrature detector. 
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Fig. 10-15 Idealized AND gate. 
Input-Output Relationships 


\ 4 Vv, Vo V3 


V3 >0 >0 +5 
¥ <0 >0 ) 
2 >0 <0 0) 

<0 <0 0 


In the coincidence detector, the IF signal is hard limited to a square wave. 
The square wave is split; part of it goes directly to one input of the AND gate 
and the other goes through the phase shifter of Fig. 10-14 and then to the 
other AND input. Since the phase shifter contains a high-Q resonant circuit, 
the phase-shifted component will be essentially a sine wave at the IF center 
frequency. When the sine wave and the square wave are both positive, the 
AND gate output will be +5 volts. When one or both are negative, the output 
will be 0 volts. The circuit is sketched in Fig. 10-16. 

The output of the AND gate is a train of pulses whose length is propor- 
tional to the phase difference between the sine and square waves. When the 
two are in phase, the pulse length is half the IF period, and when they are 180° 
out of phase the pulse length is zero (no output). Representative waveforms 
appear in Fig. 10-17. If the AND gate feeds an RC integrator, the integrator 
output voltage is proportional to the average value of the input pulse train and 
hence to the frequency deviation of the input signal. Thus integrator output 
reproduces the modulating waveform. 

If the phase shift without modulation is not + 90°, the coincidence detector 
is not truly a quadrature detector, but it will still demodulate FM. At +90° 
phase shift the sine and square waves overlap for one-quarter of a period; at 
0° they overlap for a half period and at 180° they do not overlap at all. At 180° 


Fig. 10-16 Coincidence detector using an AND gate. 
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Fig. 10-17 Waveforms in the coincidence detector. (a) Output for a 45° phase 


shift (@ > w.); (b) output for a 90° phase shift (no modulation); and (c) 
output for a 135° phase shift (w < w,). 
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the AND gate has no output and at 0° it delivers its maximum output of 5 
volts for half of an IF period. If the no-modulation phase shift is set at +90°, 
the detector can recover modulation corresponding to sine wave phase 
changes of +90°; at any other reference setting the Operating range is 
reduced. 

A reduced operating range is not a serious drawback in most applications, 
and a popular IC realization of the quadrature detector [8] shown in Fig. 10-18 
is designed to operate with a 45° phase shift under conditions of no modula- 
tion. In the notation of Figs. 10-14 and 10-16, this means that at the IF center 
frequency w,, R = 1/w,c>. At instantaneous frequency w the phase shift A@ of 
(10-32) is given by 

% a W/W 
2 Gpstan fi + Q,(@/w)[(w@/w,) — emit 


For unambiguous detection A@ must be in the first quadrant. This requires 


(10-34) 


Do 


Ono, 


and permits a maximum symmetric frequency swing with a modulation of 


e (w.- Tea) 


around w,. See Problem 10-3.2. 


Zero-Crossing Detectors 


The basic problem in FM detection after a hard-limiting IF section is deter- 
mining the instantaneous frequency of a frequency-modulated square wave. 
In principle this can be done by measuring the time interval + between 
successive zero-crossings and doubling its reciprocal 1/7 in a digital proces- 
sor. Doing this digitally provides a frequency resolution far beyond that 
required in communications FM receivers; since it is also expensive, a 
combination of digital and analog techniques is used to convert the time 
interval between zeros to an analog voltage. 

One of the earliest commercial applications of the zero-crossing detector 
was marketed in 1973 in the Heath Company’s AJ-1510 digital FM tuner [9]. 
The circuit is sketched in Fig. 10-19 and the waveforms appear in Fig. 10-20. 

The IF signal is applied to the input of an IC containing a trigger and a 
monostable multivibrator. The trigger fires the multivibrator whenever it 
senses a positive zero crossing in the input signal. When fired, the multi- 
vibrator puts a voltage (nominally +5 volts) on one of its outputs (called the Q 
output) and holds it for a fixed time interval equal to one-half cycle at the IF 


Practical Detectors | 315 


Fig. 10-19 A zero-crossing detector. 
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Fig. 10-20 Waveforms in the zero-crossing detector. (a) Signal frequency 
equal to IF center frequency; and (b) signal frequency above IF 
center frequency. 
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center frequency. When Q is at 5 volts, the other output Q (pronounced “not 
Q”’) is at 0 volts; when Q is at 0 volts, Q is at 5 volts. When an incoming 
unmodulated signal is tuned precisely to the IF center frequency, the Q and QO 
outputs are mirror images of each other, as shown in Fig. 10-20a. 

The Q and Q outputs each go to RC integrators and then to the input 
terminals of a differential operational amplifier. The op-amp output is a constant 
times the difference between the average value of Q and Q. If the signal 
frequency increases, Q pulses are initiated more frequently. The average 
voltage at Q increases and the average voltage at Q decreases, swinging the 
op-amp output positive. Similarly, a drop in signal frequency will make the 
Op-amp output negative. The result is a linear transfer function relating 
Op-amp output to IF frequency deviation. 


Phase-Locked Loop Detectors 


As described in Chapter 6 the phase-locked loop (PLL) is a feedback system 
that develops an error voltage proportional to the phase difference between an 
input signal and a signal produced by a voltage-controlled oscillator (VCO). 
The error voltage is filtered and applied to the VCO so as to make the VCO 
operate at the signal frequency. If the signal frequency increases, the error 
voltage will increase and raise the VCO frequency; the opposite will happen if 
the signal frequency decreases. The VCO control voltage thus follows the 
frequency modulation of the input signal and if the control voltage is ac- 
cessible outside of the PLL chip, the PLL will serve as an FM detector. 

Although phase-locked loops offer a low SNR improvement threshold and 
are a popular subject for mathematical analyses, very few receiver manufac- 
turers have adopted them as FM detectors. Apparently, PLLs that are 
commercially available at the present time have relatively poor AM rejection 
and relatively high distortion. In addition, they require about the same number 
of external resistors and capacitors as other IC detectors and have no 
inherent cost advantage. 


Detectors for Digital FM 


The detectors described in the previous paragraphs are suitable for recovering 
the analog frequency or phase modulation used in voice communications 
systems and in commercial broadcasting. However, modern satellite and 
terrestrial microwave communications systems employ pulse code modulation 
and digital PM almost exclusively. Systems in current use generally employ 
either differentially coherent phase shift keying (DCPSK) or quadrature phase 
shift keying (QPSK), and the detectors for these angle-modulation schemes 
are quite unlike those described here. 
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10-4 FM Stereo Reception 


In stereophonic sound reproduction, the sounds captured by two independent 
microphones are replayed through two sets of speakers. This requires two 
independent audio channels. With reference to the microphone placement as 
seen by a listener facing the sound source, these are called the left channel 
(L) and the right channel (R). 

After stereophonic disk recording became popular in the mid-1950s, there 
was a movement to extend this technique to FM broadcasting. Some stations 
holding dual AM and FM licenses conducted experiments in broadcasting one 
channel on their FM transmitter and the other on their AM transmitter, but: 
obviously this approach was unsatisfactory. It was soon replaced by the 
present technique of broadcasting both channels simultaneously with a single 
FM transmitter. 

In stereo broadcasting, the L and R signals are not themselves trans- 
mitted. Instead they are combined to form a sum (L+R) and a difference 
(L—R) channel. The sum channel is transmitted directly. The difference 
channel modulates a 38-kHz subcarrier, producing a DSB/SC signal. A 
19-kHz “pilot” signal phase coherent with the 38-kHz subcarrier is trans- 
mitted to synchronize the subcarrier oscillator in the receiver with the 
subcarrier oscillator at the transmitter. The complete spectrum is sketched in 
Fig. 10-21.4 The composite waveform modulates an FM transmitter in the 
usual manner. 

When stereo broadcasting was introduced, the FCC required that existing 
monaural receivers be capable of receiving stereo broadcasts as mono without 


Fig. 10-21 Spectrum of the modulating waveform used in FM stereo broadcast- 
ing. 


Amplitude 


(L +R) (L — R) channel 
channel Pilot Saas ues GEN SCA 


I 
| 
| 
| 
| 


Frequency 
in kHz 


‘The part of the spectrum labeled SCA is the Subscription Carrier Authorization band. It is 
used by some stations to transmit background music by subscription (i.e. for a monthly 
fee) to businesses. 
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modification. This is the reason that the L+R and L—R signals are trans- 
mitted instead of L and R. The L+R signal is identical to that broadcast by a 
monaural transmitter and this is all that a monaural receiver detects. 

The pilot is transmitted rather than the subcarrier because 19 kHz falls into 
an empty portion of the composite spectrum. If the 38-kHz carrier were 
transmitted, it would have to be separated from the L— R sidebands, which are 
only +30 Hz away. This would require expensive filtering. 

Conceptually, an FM receiver demodulates the stereo signal and recovers 
the spectrum of Fig. 10-21. Since modulating frequencies above 15 kHz are 
not transmitted in ordinary monophonic broadcasting, the audio amplifier 
stages of a monaural receiver simply eliminate the pilot carrier and the 
difference channel and the receiver behaves as if it were receiving a monaural 
broadcast. On the other hand, a stereo receiver coherently demodulates the 
L—R and L+R signals and, by adding and subtracting the recovered L+ R 
and L — R information, reproduces the original left and right channels. 

A common circuit used to decode FM stereo broadcasting is shown in Fig. 
10-22 [10]. It is similar to the phase detector of Section 6-5, and much of that 
discussion applies here. The composite signal is applied to the base of Q,. The 
Q, collector current is derived from the emitters of Q; and Q,. A 38-kHz 


Fig. 10-22 FM stereo decoding circuit. 
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square-wave phase-locked to the 38-kHz suppressed carrier switches Q; and 
Q,; on and off in turn. This will be called the switching waveform. 
Initially, ignore Q>, Q;, and Q¢. The voltage V, is then proportional to the 
product of the composite signal and the switching waveform F(t)’, Fig. 
10-23a, that drives Q3;. Since Q, is off when Q; is on, and vice versa, the 
voltage Ve is proportional to the product of the composite waveform and a 
switching waveform F(t) , shown in Fig. 10-235. 
The switching waveforms are related by 


F(t) =1+ F(t) (10-35) 


The function F(t)* is identical to the waveforms of Problem 7-3.1 with 
t = T/2, and its Fourier series representation is given by 


Eee oe cos terrae (10-36) 
Dar: 37 
Here 
Arse (10-37) 
Doe aT: 


is the radian switching frequency. Similarly, F(t)” can be expressed as 


F (ty 5— = cos Wot + == cos 3@,t=—--> (10-38) 


At any instant, the composite signal consists of an audio frequency 


component (L+R), a pilot carrier P, cos w,t/2, and the DSB/SC difference 


Fig. 10-23 Switching waveforms used in the FM decoding circuit. (a) The F(t)* 
waveform; (6) the F(t): waveform. 
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signal (L — R) cos wt. The total composite spectrum can be written 


Vas Ra iP cos Se + (L= R) cos (wt) (10-39) 
Multiplying V. with F(t)* and F(t) to obtain V; and Ve yields 
Ve= K{= a + A (L — R) + higher-frequency terms| (10-40) 


where K is a constant of proportionality. Similarly, 


L+R 
2 


The higher-frequency terms in (10-40) and (10-41) can be eliminated by a 
high-pass filter. We assume for convenience that K is unity; then combining 
terms yields 


Ve= K{ = 1 (L— R) + higher-frequency terms| (10-41) 


Vi=L(3+=)+R($-4) = 0.821 +0.18R (10-42) 
DD a9 IB gay 
eens Bag nea pues 
ae R(5+ =) + L(5--) = 0.82R +0.18L (10-43) 
PR 2) ar 


Hence V, is approximately L and Vp is approximately R. The channel 
separation S for this arrangement is 13 dB, where S is given by 


L component of V;, 


R component of Vp 
R component of V; 


L component of Vp 
(10-44) 


The channel separation can be increased to about 45 dB through small 
correction voltages supplied by Q), Q; and Qs. The collector current of Q, is 
proportional to the negative of the composite signal: — V.(t). Since transistor 
Q, is driven by F(t)’, its contribution to Ve is proportional to —V,(t)F(t)*. 
Call this contribution Vz,; its low-frequency components are 


S = 20 log 10 


= 20 logio 


Vr, = — K,{0.82L + 0.18R} (10-45) 
where K;, is a constant of proportionality. The total value of Ver is then 
Vr = (0.82 — 0.18K,)R + (0.18 — 0.82K,)L (10-46) 
Similarly, for the left channel the total value of V_, is 
V_ = (0.18 — 0.82K,)R + (0.82 — 0.18K,)L (10-47) 


If the circuit is adjusted so that K, = 0.18/0.82 = 0.220, theoretically infinite 
channel separation can be obtained. In practice 45 dB is adequate. 
Thus far, nothing has been said concerning generation of the phase- 
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Fig. 10-24 Scheme for generating a coherent 38-kHz switching waveform. 
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coherent 38-kHz switching signal. This is done by a PLL system mounted on 
the same chip as the stereo decoder; the circuit [11] is sketched in Fig. 10-24. 
In it the filtered output of a 19-kHz phase detector drives a 76-kHz VCO. The 
VCO output is divided by 2 to provide a coherent 38-kHz signal for the stereo 
decoder and divided by 2 again to provide a 19-kHz comparison signal for the 
phase detector. The VCO is an RC relaxation oscillator and does not need to 
produce a symmetric waveform output. Symmetry is supplied by the divide- 
by-2 circuit. 


10-5 A Note on Quadraphonic Sound 


At the present time there is some interest on the part of audio enthusiasts in 
four-channel sound recording and reproduction. Called “quad,” this system 
employs four independent microphone channels and a corresponding set of 
four speaker systems for reproduction. Quad is easiest to implement with 
four-channel tape equipment, but at least two mutually incompatible quad 
disk recording schemes are available. The situation with regard to broadcast- 
ing is confused; several systems have been proposed, but these are also 
mutually incompatible and have not been approved by the Federal Com- 
munications Commission for normal broadcasting use. For this reason, 
quadraphonic detectors and decoders will not be discussed here. The inter- 
ested reader should consult the Journal of the Audio Engineering Society for 
detailed articles on the subject. 


10-6 Audio Considerations: Preemphasis and Deemphasis 
In deriving the characteristics of a generalized FM detector, it was pointed 


out that noise in the part of the receiver IF passband farthest away from the 
carrier is demodulated with greater audio output than noise in the part nearest 
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the carrier. This means that the noise level in the higher-frequency part of the 
demodulated audio spectrum will be greater than the noise level at the lower 
frequencies. To a listener the signal-to-noise ratio will seem higher for a 
low-frequency modulating signal than for a high-frequency modulating signal. 
If the modulating signal were processed before modulation by a filter whose . 
transfer function was linearly proportional to frequency, the demodulated 
signal and the demodulated noise would have the same relative amplitudes at 
any modulating frequency. But this would introduce a further complication: 
distortion in the detected audio. This distortion could be removed by post- 
detection filtering with a filter whose transfer function varied inversely with 
frequency. 

Such a procedure is followed in FM broadcasting. The filtering process is 
called preemphasis at the transmitter and deemphasis at the receiver. By FCC 


Fig. 10-25 Preemphasis and deemphasis circuits and transfer functions. (a) 
Preemphasis; and (b) deemphasis. (From T. McMullen, FM and 
Repeaters for the Radio Amateur, The American Radio Relay 
League, Inc., © 1972.) 
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Regulations the preemphasis filter for broadcast applications must be an RL 
network with a time constant of 75 microseconds and the deemphasis filter is 
usually an RC network with the same time constant. Typical preemphasis and 
deemphasis circuits are shown in Fig. 10-25 [12]. Electrically, the preemphasis 
network is a differentiator and the deemphasis network is an integrator. 
Therefore, the portion of the audio signal above 2122 Hz is differentiated 
before transmission and integrated after reception. 


10-7 An Example of a Complete FM Receiver 


The complete design of an FM receiver is a complicated process involving 
much of the material presented in all the chapters ofthis text. For obvious 
reasons it is not possible to go through such a design here. To illustrate a 
typical result, Fig. 10-26 reproduces the FM tuner portion of the Pioneer 
Electronic Corporation Model KP-250 automobile FM receiver and cassette 
tape player. 

The KP-250 is typical of many commercial receivers in that it incorporates 
a blend of technologies to achieve a desired level of performance. The FM 
detector, for example, is a variation of the ratio detector realized with discrete 
components. On the other hand, the IF section employs IC amplifiers and 
ceramic filters. 
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PROBLEMS 


10-1.1. The receiver in Fig. 10-2 is to be redesigned around a filter that 
requires 2000-ohm input and load resistances and has an insertion loss of 
3.5 dB. Calculate the overall gain required between the RF amplifier input and 
the filter input. 

10-1.2. Show that a network whose transfer function has a constant 
amplitude and a phase angle that decreases linearly with frequency simply 
introduces a frequency-independent time delay and does not cause phase 
distortion. 

10-1.3. The detector portion of the receiver in Fig. 10-2 is replaced by an 
IC detector requiring 160 u.V (rms) into a 9-kQ input resistance for full 
limiting. The detector must see a minimum 10-dB SNR at its input for 
satisfactory operation. The receiver is designed to receive broadcast FM 
(200-kHz bandwidth) and must reach full limiting for a 3-1 V input signal at 
the RF amplifier input from an antenna with a 300-ohm source resistance and 
a noise temperature of 300K. Calculate the overall gain and the minimum 
overall noise figure required for the stages ahead of the filter. 

10-2.1. An AM receiver can be made to receive FM (after a fashion) by 
what is called slope detection. In it the receiver is tuned so that the carrier 
frequency (at IF) falls on the side of the IF response curve. To explore the 
slope detection process, imagine that the output of the receiver IF section can 
be modeled by a parallel resonant circuit with a Q,=50 and a resonance 
frequency f, of 455 kHz driven by a current source as in Fig. P10-2.la. The 
voltage v developed across the resonant circuit is applied to an envelope 
detector. The receiver is tuned so that the IF carrier frequency f, lies at the 
frequency below resonance, where |v/vmax| = 0.707, as in Fig. P10-2.1b. 

(a) Determine f,. 

(b) Assume that the FM signal has a peak deviation of +5 kHz. Plot the 
transfer characteristic of the detector and comment on its linearity. 

(c) Repeat part (b) for a peak deviation of +75 kHz. This should tell you why 
slope detection does not work at all for broadcast FM. 
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Fig. P10-2.1 (a) Equivalent circuit of a slope detector; and (b) response curve 
indicating slope detector tuning. 


IF 
stages 


10-3.1. Assuming that the integrated circuits are ideal, between what 
theoretical frequency limits will the zero-crossing detector of Fig. 10-19 
operate linearly? Express your answer in terms of multiples of the IF center 
frequency. 

10-3.2. Equation (10-34) gives the phase shift A@ for a ‘“‘quadrature”’ 
detector like the Motorola MC1357 in which the no-modulation phase shift is 
45°. With reference to Fig. 10-14, this means that w,C,R = 1, where w, is both 
the resonance frequency of the parallel combination of R, L, C; and the IF 
frequency without modulation. Remembering that Q, = w,C,R, derive equa- 
tion (10-34). 

10-3.3. For Q,=50 and f,=10.7MHz, plot A@ versus f over the 
frequency range é 
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10-3.4. For operation at f, = 10.7 MHz the Motorola MC1357 data sheet 
specifies that L=2.0 4H, C,;= 120 pF, R=3900 ohms, and C,=4.7 pF. It 
states that the Q of R and L is 20. Assume that L is slug-tuned and can be 
adjusted to resonate with C, at 10.7 MHz, and then calculate the lower 
frequency limit of the detector in two ways: 

(a) Assuming that Q, = 20. 
(b) Ignoring the data sheet value of 20 for Q, and using Q, = w,C2R. 
The measured value shown on the data sheet is 10.48 MHz. 

10-4.1. Verify that multiplying V. in equation (10-39) by F(t)” in (10-36) 
in an analog multiplier with gain K yields the expression for V; given by 
equation (10-40). 
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1 1 Television 


Receivers 


Color television receivers contain complex circuitry, often in the form of IC 
modules. A complete discussion of the operation of each circuit would 
occupy a small book, and particular circuits might be outmoded within a few 
years. Hence the aim of this chapter is to present the basic principles of 
picture transmission and reception, using block diagrams to describe the 
functions of the circuits. Monochrome (black-and-white) television will be 
described first because the basic transmission standards for monochrome also 
apply to color. For more information, the reader is referred to the references 
at the end of the chapter, and to application notes issued by manufacturers of 
the ICs used in television receivers. 


11-1 Monochrome Television 


At the transmitter, the scene to be transmitted is focused upon a light- 
sensitive camera tube and is scanned in a series of parallel lines by an 
electron beam. A voltage that is proportional to the light intensity at each 
point, called the video signal, is sent to the receiver where it controls the 
intensity of a scanning electron beam in the picture tube. Obviously, the 
picture tube must be scanned in synchronism with the camera scan at the 
transmitter; hence it is necessary to transmit synchronizing pulses in addition 
to the video signal. The transmission standards used in the USA for mono- 
chrome television are as follows [1]: 
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1. Scanning sequence. Horizontally, left to right. Vertically, top to bottom. 

2. Scanning rate. 525 lines per frame, 30 frames per second, consisting of 
two interlaced fields, each having 262.5 lines (See Figs. 11-la and b. There are 
60 fields transmitted per second, giving a flicker rate of 60 per second, even 
though the total picture repetition rate is 30 per second. Synchronization with 
power-line frequency minimizes the effect of locally generated interference 
patterns. 

3. Horizontal line frequency. 525 X 30 = 15,750 lines per second. 

4. Vertical scan frequency. 60 vertical scans per second. 

5. Aspect ratio. 4 units horizontal, 3 units vertical. 

6. Interlaced scan. Odd-numbered lines are included on one vertical scan, 
even-numbered lines on the next, with 262.5 lines in each field. This is 
illustrated in Fig. 11-2, in which the odd-numbered lines are solid and 
even-numbered lines are dotted. The first field scans the path 1-2-3-4---5-6; 
the alternate field scans path 7-8---9-10. 

7. Blanking pulses. During the horizontal retrace from 2 to 3, and so forth, 
and the vertical retrace from 6 to 7, the picture-tube beam is turned off by 
blanking pulses transmitted in the “‘black’’ picture level. (See Fig. 11-1.) 

8. Horizontal retrace blanking pulses. Horizontal blanking pulses occupy 
approximately 16 percent of the time of one horizontal line. 

9. Vertical retrace blanking pulses. Vertical blanking pulses occupy ap- 
proximately 7.6 percent of the time for one vertical scan. 

10. Synchronizing pulses. To synchronize the receiver scan with that at the 
transmitter, horizontal and vertical synchronizing pulses are superimposed upon 
the blanking pulses as shown in Fig. 11-1. 


The duration of one horizontal line is denoted by H in Fig. 11-1, where 
H = 1/15750 = 63.5 wsec. As shown in Fig. 11-la and e, the duration of the 
horizontal synchronizing pulse is 0.075 H, and that of the vertical synchroniz- 
ing pulse is 3H. Because of the difference in pulse lengths, the vertical sync 
pulses can be separated in the receiver by means of an integrating circuit, and 
the horizontal sync pulses by means of a differentiator. 

To maintain horizontal sync during the long vertical sync pulse interval, 
“slots” of duration 0.07 H are inserted in the vertical sync pulse as shown in 
Fig. 11-1d. The trailing edge of each slot occurs where the leading edge of a 
horizontal sync pulse would ordinarily be. Because the vertical sync pulses 
are shifted with respect to the horizontal sync pulses by 0.5 H in successive 
fields, it is necessary to introduce equalizing pulses in the vertical blanking 
interval and slots in the vertical sync pulse at twice the horizontal line 
frequency, as shown in the detail of Fig. 11-1b. During this time the pulse 
differentiator circuit produces triggering pulses at twice the normal rate, but 
only every other pulse triggers the horizontal sweep circuit in the receiver. 
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Fig. 11-1 Television composite-signal waveforms. (a) Field 1; (b) Field 2; (c) 
detail between 3-3 in (b); (d) detail between 4-4 in (b); and (e) detail 
between 5-5 in (c). (Adapted from Code of Federal Regulations, Title 47, 
Telecommunication, Part 73.699.) 
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Fig. 11-2 Television scanning sequence for interlaced scan. 


1 


An integrator circuit with the proper time constant will have an output 
voltage that builds up to a predetermined triggering level for the vertical 
sweep circuit during the long vertical sync pulses but does not reach this level 
of output during the horizontal sync and equalizing pulses. 


11-2 Bandwidth of the Composite Video Signal 


The composite video signal that amplitude-modulates the picture carrier is 
shown in Fig. 1l-la and consists of the video signal plus blanking and 
synchronizing pulses. The lowest frequency in this signal is the frame repeti- 
tion frequency, 30 Hz. The highest frequency, and thus the bandwidth, is 
dictated by the fine detail in the picture, as will be shown. 

First, consider the bandwidth necessary to yield the sync-pulse rise time 
of 0.004H as shown in Fig. 11-le. The bandwidth and risetime are related 


approximately by the expression 
RUSS 
t, 


Substitution of 0.004 H = 0.254 wsec for t, yields B ~ 1.38 MHz. 

For the video signal a ‘“‘worst-case”’ condition would be that in a horizontal 
line the transition from black to white takes place in a distance equal to the 
spacing between adjacent lines. Due to the vertical and horizontal blanking, 
the number of “active” lines in the picture is 525(1 — 0.076) = 485, and the 
unblanked portion of a horizontal line occupies 63.5(1 — 0.16) = 53.3 usec. If 
we take the 4:3 aspect ratio into account, the time required to sweep a 
distance equal to the line spacing is t = 1/(485 x 3) x 53.3 ~ 0.08 usec. If this 
value is substituted for t, in (11-1), the bandwidth becomes approximately 
4.3 MHz. Note that this is adequate for the synchronizing pulses also. The 
nominal bandwidth that is used is 4.2 MHz as shown in Fig. 11-3. 


B (11-1) 
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Fig. 11-3 RF amplitude characteristic of television picture transmission. 
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11-3 Vestigial-Sideband Transmission 


Each television broadcast station is allocated a bandwidth of 6 MHz in the 
frequency spectrum as shown in Fig. 11-3. The sound that accompanies the 
picture is transmitted via a frequency-modulated carrier (Af = +25 kHz) 
located 4.5 MHz above the picture carrier. The picture carrier is amplitude- 
modulated by the composite video signal, but a portion of the lower sideband 
is removed by filtering before transmission in order to save bandwidth— 
hence, the term vestigial sideband. 

Complete elimination of the lower sideband would require more compli- 
cated circuitry both for generation and detection. If the RF section of the TV 
receiver has a transmission characteristic like that of Fig. 11-3, and if the IF 
frequency response is as shown in Fig. 11-4, the video information can be re- 
covered by a diode envelope detector. (See Problem 11-4.1.) The response char- 
acteristic of Fig. 11-4 prevents overemphasis of the lower video frequencies. 


Fig. 11-4 Response characteristic of the receiver IF section. 
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11-4 The Monochrome Receiver 


A simplified block diagram of a monochrome TV receiver is shown in Fig. 
11-5. Design considerations for the front end are similar to those for AM and 
FM receivers except for the wider bandwidth required. The video IF section 
must be aligned properly to provide approximately the response shown in Fig. 
11-4, and it includes trap circuits to eliminate interference from adjacent- 
channel sound and picture carriers. Typically, the picture carrier IF is at 
45.75 MHz and the sound carrier appears at 41.25 MHz in the video IF stages 
if the LO frequency is above the received channel frequency. 

The output of the video detector contains the FM sound carrier at 
4.5 MHz, and this is picked off by the sound IF section of the receiver, 
amplified, and demodulated in (generally) a quadrature FM detector. The 
video signal channel must contain a 4.5-MHz trap to prevent the appearance 
of sound-channel interference patterns in the picture. The video amplifier 
drives the horizontal and vertical sync separators and the picture tube, and 
also drives the AGC amplifier that holds the detector input signal reasonably 
constant. 


11-5 Color Television 


Color pictures can be reproduced by superposition, in the correct proportions, 
of red, green, and blue light. At first thought, this would appear to require the 
transmission of three independent signals, each having 4.2-MHz bandwidth. 
However, by taking advantage of certain properties of the color perception of 
the human eye, and by some ingenious electronics, it is possible to transmit 
color pictures in the standard 4.2-MHz bandwidth and to make the trans- 
mission compatible with monochrome reception. 
The important color-perception properties of the eye are as follows: 


1. As the size of a colored object is reduced, perhaps by backing away 
from it so that a smaller visual angle is subtended, the colors ‘‘fade out” into 
shades of gray. In the standard 525-line TV picture, the fine detail represented 
by video frequencies in excess of 1.5 MHz is perceived in shades of gray; 
hence no color information need be transmitted above this frequency. The fine 
detail in the picture is transmitted in black and white. 

2. The next larger level of picture detail, represented by video frequencies 
in the 0.5-1.5 MHz range, is perceived primarily in the red-orange and 
blue-green regions of the spectrum. (These colors lie along the “‘I”’ axis of the 
color spectrum diagram of Fig. 11-7, to be discussed later.) At this level of 
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Color Television 


picture detail, colors in the green-yellow and blue-magenta (purplish-red) 
regions of the color diagram are perceived as gray. (They are on the Q axis.) 

3. The large color elements in the picture, represented by video frequen- 
cies up to 0.5 MHz, are perceived in all colors. 

4. Three distinct dots of red, green, and blue, as seen close-up, will merge 
into a single dot as the observer backs away from them; the resulting color 
depending upon the relative brightness of the individual dots. This principle 
permits any desired color to be reproduced on the receiver picture tube by 
groups of red, green, and blue dots. 


Color Terminology 


White light is composed of all colors of the spectrum. However, if proper 
amounts of red, green, and blue light are superimposed on a white screen, the 
result will appear to be white light. For this case, the relative brightness of the 
three colors is found to be 30 percent red, 59 percent green, and 11 percent 
blue because of the spectral response of the eye. Brightness refers to the 
apparent intensity of the light as seen by the eye. The observed color, from 
red at one end of the spectrum to purple or violet at the other, is referred to 
as hue or tint. 

The saturation refers to the degree to which a color is pure, undiluted by 
white light. If a pure red light is projected on a white screen, the result is a 
saturated color. If a white light of increasing brightness is superimposed upon 
the red projection, the display will change from ‘‘deep” or “‘dark” red to 
‘‘medium” red, and then to “light” red or pink. The dilution of the pure color 
by white light is said to reduce its saturation. 


Vector Representation of Color 


A color scene to be televised can be focused on three identical camera tubes 
with red, green, and blue filters, respectively, in front of them. Thus each tube 
will produce electrical signals for light components of its own color. 
However, since the bandwidth is not available to transmit each color signal 
separately, a way must be found to combine these color signals in a more 
efficient manner, utilizing the aforementioned color-perception properties of 
human vision. 

Since any color can be produced by a proper combination of red (R), 
green (G), and blue (B) light, any set of three signals that represent an 
independent set of combinations of these three colors will provide the 
necessary information to reproduce a specified color. These signals can be 
represented as 

Y =a,R+a,G+a3B (11-2) 
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I=b,R+b,G+b3B (11-3) 
Q=c,R+C©G+c3B (11-4) 


in which the a, b, and c coefficients must be chosen to suit the system 
requirements. 

Since the eye perceives all fine detail in black and white, and since one of 
the three signals must be compatible with monochrome reception, the Y 
signal was chosen to correspond with white light. The resulting proportions of 
R, G, and B are given by 


Y = 0.30R +0.59G +0.11B (11-5) 


The Y signal is called the luminance, or brightness, signal. 
The chrominance, or color, information in the signal is what is left over 
after the Y, luminance, information is removed. Hence, the signals are 


R- Y =R—-(0.30R + 0.59G + 0.11B) (11-6) 
G-—Y =G—(0.30R + 0.59G + 0.11B) (11-7) 
B-—Y = B-—(0.30R + 0.59G + 0.11B) (11-8) 


The foregoing expressions then become 


R—-— Y =0.70R — 0.59G —0.11B (11-9) 
G-— Y =—0.30R+0.41G —0.11B (10-11) 
B— Y =—0.30R — 0.59G + 0.89B (11-11) 


Now the latter equations do not form an independent set. For example, it can 
be shown that 0.51(R-— Y)+0.19.B-Y)=G-—Y. Hence all of the 
chrominance information can be represented by (11-9) and (11-11); that is, any 
value of hue and saturation can be represented by a suitable combination of 
the R-Y and B-Y signals. Figure 11-6 shows a color vector diagram in which 
the B-Y signal is at 0°, the R-Y signal is at 90°, and the primary colors and 
their complements are indicated at angles that correspond with vector sums of 
the R-Y and B-Y components that would produce these colors. 

For example, the hue red is obtained from (11-9) and (11-11) by setting 
B=0 and G=0, which yields the components R-Y =0.70R and B-Y = 
—0.30R. Combination of these components yields a saturated red signal 
vector of length 0.76 at an angle of 113°. By a similar process the vectors that 
represent saturated green and blue are 0.835/225° and 0.895/— 1°, respectively. 
In short, any color of the spectrum can be produced by a proper combination 
of R-Y and B-Y components to produce a vector whose angle determines 
hue and whose magnitude determines the saturation of the color. Further- 
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Fig. 11-6 Color vector diagram derived from Equations (11-9) through (11-11). 
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Fig. 11-7 Modified color vector diagram from Equations (11-12) and (11-13). 
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more, components from any set of quadrature axes can be combined to 
produce these color vectors. 

By taking into account the differences in color perception of the eye, the J 
and Q axes shown in Fig. 11-7 were chosen as the most suitable ones for 
transmission of the chrominance information. This was done because the eye 
perceives fine color detail, corresponding with frequencies in the 0.5 to 
1.5 MHz range only in the red-orange and blue-green regions of the spectrum. 
By aligning the I axis with this part of the spectrum and the Q axis at right 
angles, the Q-axis bandwidth can be limited to 0.5 MHz. Conversely, if the 
R-Y and B-Y axis information were to be transmitted, both would require 
1.5-MHz bandwidth. 

In order to maintain a relatively constant chrominance signal amplitude for 
saturated colors of different hue, it was found to be desirable to multiply the 
R-Y signal by 0.877 and the B-Y signal by 0.493 before converting to the J 
and Q axes. This is equivalent to choosing the following b and c coefficients 


Fig. 11-8 Ascheme for generation of Y, /, and Q signals with a resistance matrix. 
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in (11-3) and (11-4): 
I = 0.60R — 0.28G — 0.32B (11-12) 
Q =0.21R —0.52G + 0.31B (11-13) 


These two equations along with (11-5) for the luminance signal produce the 
modified color vector diagram of Fig. 11-7 and represent the information that 
is transmitted. The mixture of the three colors that produces each of the Y, J, 

and Q signals is determined by resistance networks as shown in Fig. 11-8. 


11-6 Transmission of Chrominance Information 


In order to transmit the chrominance signals without increasing the overall 
bandwidth, the J and Q signals are used to modulate a color subcarrier at 
f. = 3.579545 MHz (for brevity, this is often stated as 3.58 MHz). Spectrum 
analysis of the luminance (Y) signal showed that its energy was bunched 
about the horizontal line frequency fy and its harmonics; hence the color 
subcarrier frequency was chosen to be an odd multiple of fx/2 in order to 
place its sideband energy in the gaps in the Y-signal spectrum. With fx/2 = 
7875 Hz, a logical choice for f. was 455 x 7875 = 3.583125 MHz so that the 
chrominance information would be concentrated at the high end of the video 
spectrum. This, however, produced a beat pattern with the 4.5-MHz sound 
carrier. Therefore, f, was lowered to 3.579545 MHz, which required, in turn, 
that the horizontal and vertical scan frequencies be adjusted to fx = 
15.734kHz and fy =59.94Hz. These frequencies are close enough to the 
monochrome transmission standards so that there are no problems with 
sweep synchronization on black-and-white sets. 

The I and Q signals are transmitted by DSB/SC modulation of the color 
subcarrier. The subcarrier is supplied to the J and Q modulators with a 90° 
phase difference as shown in Fig. 11-9, and the modulator output spectra are 
band-limited as shown in Fig. 11-10. At the receiver the I and Q signals are 
recovered by product detectors supplied with a locally generated subcarrier. 
(See Problem 9-8.2.) To ensure the correct phasing of the subcarrier, and thus 
the correct hue, a “‘burst” of the color subcarrier is transmitted on the back 
porch of each horizontal blanking pulse as shown in Figs. 11-1c and e. 

Reference to Figs. 11-8, 11-9, and 11-11 shows how the composite color 
signal might be produced. In Fig. 11-11 the relative phase of the color burst 
and the various color axes are indicated. Note that the color burst is at 180° 
and the I axis at 123°; hence the 57° delay in Fig. 11-9 between the subcarrier 
oscillator and the J modulator. An additional 90° delay is introduced prior to 
the Q modulator in order to put the Q information on the proper axis. 
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Fig. 11-9 Block diagram representation of the circuitry for generation of the 
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composite color video signal. 
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Fig. 11-10 Spectra of the Y, /, and Q signals contained in the composite color 
video signal. 
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Fig. 11-11 Color vector diagram showing the phase of the color burst relative 
to other axes. 
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11-7 The Color Receiver 


A color television receiver has more complicated circuitry than a black-and- 
white model, and the picture tube contains three guns that separately excite 
the red, green, and blue phosphors in the tube. The additional circuitry is 
needed to demodulate the chrominance information and extract the separate 
red, blue, and green signals for the picture tube. 

The tuner of the color set and the sound channel are the same as for a 
monochrome receiver. The luminance (Y) signal passes directly to the video 
output and drives the red, blue, and green guns in the proper proportion to 
yield white light. (In a monochrome receiver, this signal drives the picture 
tube.) A burst amplifier detects the presence (or absence) or color bursts in 
the video signal. With no burst signal, the burst amplifier acts as a “color 
killer,” disabling the chroma circuits. If color bursts are present, they control 
the frequency and phase of the color subcarrier local oscillator. The color 
subcarrier is generated by a 3.58-MHz crystal oscillator (VCXO) in a phases 
locked loop that uses the color bursts as its reference signal. 


Chroma Demodulators 


The chrominance information is carried by the chroma signal, which consists 
of the two DSB/SC waves that carry the I and Q signals. By applying the 
chroma signal to a product detector along with a properly phased 3.58-MHz 
color subcarrier, a signal along any vector in the color diagram of Fig. 11-11 
can be obtained as the demodulated output. 


342 | Television Receivers 


For example, if the chroma signal is supplied to two product detectors 
along with subcarriers phased at 123 and 33°, the demodulated outputs will be 
the I and Q signals, respectively. A second alternative is to phase the 
subcarriers at 90 and 0° to recover the R-Y and B-Y signals, respectively, 
and to combine these to obtain the G-Y signal. A third possibility is to use 
three detectors with subcarriers phased at 104, 241 and 347° to obtain the red, 
green, and blue signals, respectively. The hue or tint control on the receiver 
introduces a phase shift that is common to all demodulators and thus permits 
the viewer to shift the color axis to suit his taste. 


Color Receiver Circuits 


Circuits in modern color TV receivers consist largely of integrated-circuit 
modules, and their technology is changing so rapidly that no attempt will be made 
to examine specific circuit details. However, the functional blocks in one type of 
color set will be discussed briefly in order to show the reader how the signal is 
processed. A block diagram of RCA’s CTC 85 color chasis [6] is shown in Fig. 
11-12. For brevity, the explanation will refer to the modules by the first three 
letters of their designation. The VHF/UHF tuners produce an IF output from the 
mixer at 45 MHz to module MCK. 


Module MCK. This unit provides IF amplification, video detection, and 
separation and amplification of the 4.5 MHz sound IF. It also supplies AGC 
(automatic gain control) and AFT (automatic fine tuning) voltages to the 
tuners. Outputs consist of the composite video signal to module MDL, filtered 
chroma signal to module MDC, and sound IF to module MDS. 


Module MDS. This unit contains the FM sound demodulator and audio 
amplifiers to drive the speaker. 


Module MDL. Here the composite video signal is amplified and passed on to 
module MDD. Also, the horizontal and vertical sync signals are separated and 
directed to their respective modules to drive the deflection system. 


Module MDC. This is the chroma demodulator. Its basic function is to 
demodulate the J and Q signals and to form the R-Y, G-Y, and B-Y signals 
that are fed to module MDD. Its input is the chroma signal from module 
MCK. 

The unit performs the following functions: (1) chroma bandpass am- 
plification; (2) regeneration of the 3.58-MHz color subcarrier; (3) automatic 
frequency/phase control (AFPC), which is part of the subcarrier phase-locked 
loop; (4) automatic chroma control (ACC), which compensates for variations 
in input signal level; (5) color killer that disables the chroma system in the 
absence of a color burst; and (6) burst keying to separate the color burst that 
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Fig.11-13 Block diagram of the U1 Chroma Processor. (From “CTC 85 Color 
Chassis Technical Manual,” 1977. Courtesy of RCA Consumer Elec- 
tronics, Indianapolis, Id.) 
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follows the horizontal sync pulse. Most, but not all, of the functions of 
module MDC are performed on a single integrated circuit, called the U1 
Chroma Processor Chip, whose block diagram is shown in Fig. 11-13. 


Module MDD. This module receives the luminance (Y) signal from module 
MDL and the R-Y, G-Y, and B-Y signals from module MDC. The signals are 
added in the correct proportions to form the R, G, and B signals that drive 
three separate cathodes in the color picture tube. 
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PROBLEMS 


11-4.1. It was shown in Chapter 9 (Problem 9-7.2) that a single-sideband 
wave can be demodulated with small distortion by means of an envelope 
detector if the resupplied carrier is large compared with the sideband am- 
plitude so that the resulting modulation factor is small. A similar statement 
applies to the detection of the vestigial sideband wave used for television as 
long as the overall transmission characteristic prior to detection has the form 
shown in Fig. 11-4. The sloping response with half-amplitude at the carrier 
frequency is necessary in order to obtain a ‘“‘flat’”’ video response from the 
envelope detector. Show this as follows: 

(a) For the region above 2 MHz in the figure only the upper sideband is 
present. For side-frequency amplitude S and carrier amplitude C>S, 
sketch a phasor diagram for these two components and find the peak-to- 
peak amplitude of the envelope variation as the side frequency rotates 
with respect to the carrier. 

(b) For the region within 0.75 MHz of the carrier, the two symmetrical side 
frequencies f,+f; and f, —f, have different amplitudes. If the amplitude 
of the transfer function at f, is S/2, the amplitudes of the side frequencies 
at f. +f, are S/2+k, and S/2—k, respectively. Draw the phasor diagram 
for a carrier of length C and this side-frequency pair. Again determine by 
inspection the peak-to-peak envelope variation, noting that the side- 
frequency phasors make equal angles with respect to the carrier. The 
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result should be the same as for part (a), indicating a flat frequency 

response. 

(c) Repeat part (b) with the assumption that the transmission characteristic is 
like that of Fig. 11-3, and show that this will yield a larger detector output 
at low video frequencies. 

11-5.1. In a purely resistive matrix such as that shown in Fig. 11-8 there is 
considerable interaction between the R, G, and B inputs to a given output 
such as the Y channel, unless the load resistance R; is very small compared 
with the resistors Rri, Roi, and Rg;. This can be avoided by replacing R, with 
the summing junction of a wideband operational amplifier. Design such a 
system that will satisfy the coefficients in (11-5), (11-12), and (11-13). Find the 
resistance values if the op amp feedback resistors have the value Rr = 2kQ. 
Assume that the red, blue, and green signals are from ideal voltage sources of 
equal amplitude. 

11-6.1. An ideal square-law double-balanced modulator has the transfer 
characteristic v, = kv,’, and by filtering unwanted components from the out- 
put it can produce a DSB/SC wave. 

(a) Assume that the input to the Q modulator is a carrier (V-) and a 
modulating signal (vg) given by v, = V. cos wt + Vg cos wot. Find the 
expression for the two DSB/SC output components. 

(b) A second J modulator has an input 


v, = V.. cos (wt + 90°) + V; cos wt 


Write the expression for its DSB/SC output components. 

(c) Now apply to a double-balanced demodulator (product detector) an input 
that is the sum of the output voltages from parts (a) and (b), along with a 
carrier of the form KV, cos (w,t + @) that has large amplitude compared 
with the other inputs. Show that the demodulated output due to the J 
signal consists of two components (at +w,) whose phasor sum has angle 
90° — ¢, that the corresponding phasor output due to the Q signal lies at 
angle — ¢, and that the magnitudes of these components are proportional 
to V; sin ¢ and Vg cos @, respectively. With wo = w, these phasors can be 
summed to yield the amplitude of the resultant color vector. 
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12. 


Power 
Amplifiers 


Power amplifiers (PAs) are used when the efficiency and output power of an 
amplifying circuit are the important considerations. The various types of PAs 
are identified by their classes of operation; that is, Classes A, B, C, D, E, F, 
G, H, and S. Except for Class A, all of these amplifier types are easily 
differentiated from small-signal amplifiers by their circuit configurations, 
methods of operation, or both. There is no sharp dividing line between 
small-signal and Class A power amplifiers; the choice of terms depends upon 
the intent of the designer. 

Class A and B linear RF power amplifiers are considered in this chapter. 
These PAs have appreciable power gain, produce a magnified replica of the 
input signal voltage or current wave, and are typically used in SSB and 
multimode transmitters where accurate reproduction of both the envelope and 
the phase of the signal is required. (Linear RF amplification can also be 
accomplished with other types of PAs by the use of techniques described in 
Chapter 16). Tuned circuits or low-pass filters are not integral components of 
Class A or B amplifiers; however, they are often included to ensure adequate 
harmonic suppression. 

Because the bandwidth of a typical RF signal is a small fraction of the 
carrier frequency (and of the bandwidth of the PA), the unwanted signals in 
the output of the power amplifier may be divided into three categories. Figure 
12-1 depicts the relationship of these signals to the desired signal, which 
consists in this case of two tones of equal amplitudes at frequencies f. + fmm. 
Amplifier nonlinearity produces two types of unwanted signals, called har- 
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Fig. 12-1 Distortion products in an RF power amplifier. 
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monics and intermodulation distortion (IMD) products. The IMD products 
(identified as third, fifth, seventh, and ninth orders in Fig. 12-1) are prominent 
near the carrier frequency. They cause distortion in the received signal and/or 
adjacent channel interference. Other unwanted signals include parasitic and 
subharmonic oscillations and mixer products; they are called spurious 
products or simply ‘‘spurs.” In an RF PA, the harmonics and some of the 
spurious products may be removed by filters; however, the IMD generated 
must be of an acceptably low level. 

Bipolar junction transistors (BJTs) were used in most RF power ap- 
plications prior to the publication of this text. The recently developed vertical 
MOSFET (VMOS) devices were being incorporated into many new designs 
because of their ease of biasing and immunity to second breakdown. Con- 
sequently, both BJTs and VMOS devices are used in the following chapters, 
with attention given to their relevant characteristics and the associated 
differences in design. (Similar. design principles are generally applicable to 
high-power vacuum-tube equipment.) Construction of both bipolar and 
VMOS RF power transistors is discussed in Appendix 12-1. 

To ensure PA reliability, the designer must pay careful attention to such 
transistor ratings as maximum base (gate) and collector (drain) voltages and 
currents, maximum junction temperature, and operating conditions that lead 
to second breakdown in BJTs. The meaning of peak voltage and current 
ratings is obvious, although the designer must note carefully how the given 
rating is related to other circuit conditions such as base bias. Junction 
temperature is discussed in Section 12-9. Second breakdown is caused by an 
excessive value of the instantaneous collector voltage-current product, resul- 
ting in hotspotting within the transistor. 

Device specifications must be interpreted cautiously, since values given on 
data sheets are often related to the intended use of the device rather than its 
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maximum ratings. For example, a ‘‘28-V” linear RF power transistor’ is 
intended for use in a Class B PA with a 28-V dc supply, and hence has a 
maximum voltage rating of at least 56 V. Similarly, the maximum dc supply 
current is sometimes given as a rating rather than the maximum instantaneous 
collector current. 

Two parameters that are very useful for comparing different PA 
configurations and classes of operation are the efficiency and power output 
capability. Collector power efficiency (n), or simply efficiency is defined as the 
ratio of the RF output power to the collector circuit dc input power. The 
normalized power output capability (Pmax) is defined as the maximum RF 
output power that can be obtained without exceeding the peak collector 
voltage and current of 1 V and 1A, respectively. The actual output power 
capability is obtained from P,,,x by multiplying it by the transistor collector 
voltage and current ratings. Values of Pmax, 7, and other parameters for 
various types of amplifiers are tabulated in Appendix 14-1. 

It will be convenient in this and the following chapters to express in- 
stantaneous voltages and currents in terms of angular time 


= wt =2nft (12-1) 


because most processes in power amplifiers are periodic and can therefore be 
described completely in terms of the behavior within a single RF cycle 
(0<60<2n7). 

Transistor characteristics have been simplified and high-frequency effects 
have largely been ignored to allow tractable equations and analytical modeling 
of PAs. Nonetheless, the designer will find the predicted results generally 
accurate to within a few percent and quite adequate for design purposes. 
Large signal transistor behavior is divided into three regions, designated 
cutoff, active, and saturation (Fig. 12-2). Note that the term saturation is used 
here with FETs in a manner analogous to its use with BJTs; many texts on 
semiconductor theory use saturation to refer to a limiting current. 

An NPN BIT (Fig. 12-2a) is placed in the cutoff region by application of 
Ver less than its cut-in voltage V, (~0.7 V for silicon devices); in this region 
the BJT is essentially an open circuit. As vgg is increased to just greater than 
V,, the transistor enters the active region. The base-emitter junction becomes 
a forward-biased diode and the collector-emitter junction becomes a current 
source whose current is linearly proportional to the base current. To operate 
in the active region, vce must be larger than the saturation voltage Vat 
(= Veesat ~ 0.3 V for a single BJT with a low collector current). If the load will 


‘Common designations and their uses are 8 V (portable), 12V (mobile and aircraft), 28 V 
(military), and 50 V (fixed). 
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Fig.12-2 Simplified device characteristics and models. (a) Bipolar junction 
transistor (BJT); (b) VMOS field effect transistor (FET). 
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not allow vce > Va, the device enters the saturation region, and the collector- 
emitter junction voltage is roughly equivalent to a constant voltage Var. 

An FET (Fig. 12-26) is similarly placed in the cutoff region by application 
of vgs less than threshold voltage V; (~ 2 to 3 V for VMOS power FETs); it 
is also essentially an open circuit under these conditions. As Ucs 1S raised 
above V7, the FET enters the active region and the drain-source connection is 
roughly equivalent to a current source. The value of the drain current in a 
VMOS FET is roughly linearly propertional to vgs — Vr although in small- 
signal FETs it is proportional to (vgs — Vr)’. (See Appendix 12-1.) An FET is 
roughly equivalent to a resistance R,, when in the saturation region; it is 
placed in this region if the load would produce a drain voltage less than ipR,, 
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if the FET were in the active region. Vacuum tube characteristics are 
somewhat similar to FET characteristics; however, Vr is negative and a 
positive grid-cathode voltage will cause significant grid current to flow. 


12-1 Class A Amplification 


The circuit of a grounded-emitter Class A power amplifier (Fig. 12-3a) is 
similar to that of the analogous small-signal amplifier. In a PA application, the 
load resistance is usually low enough to make the effects of the device shunt 
resistance and reactance negligible. Since the Q (quiescent) point (i.e., Ic¢g) is 
selected to keep the transistor in its active region at all times, the device is 
equivalent to a current source (Fig. 12-3b). The parallel-tuned circuit or 
equivalent filter is not a necessary part of a Class A amplifier. However, since 
no device is perfectly linear, a tuned circuit or filter is often included to 
prevent harmonic currents from reaching the load. 

In the amplifier of Fig. 12-3a the driving signal and bias applied to the base 
are assumed to produce the collector current ic(@) shown in Fig. 12-3c. 


ic(O) = Icg — Tem Sin 8 (12-2) 


(Methods of producing proper drive and bias are discussed later.) Harmonic 
components of ic(@) are omitted in (12-2) because they generally have little 
effect on the power or efficiency of a Class A amplifier. The dc and ac 
components of ic(@) must flow through the choke (RFC) and blocking 
capacitor (C,), respectively, and therefore become the input current Ig. = Icg 
and output current i,(@) = Izm sin 0, respectively. Harmonic currents produced 
by device nonlinearities are bypassed to ground by the parallel-tuned circuit. 
All of. the carrier-frequency component of ic(@) flows through the load 
resistance R (assuming proper tuning of the parallel-tuned circuit and negli- 
gible effects from RFC and C,) and produces the output voltage 


Vo(0) = IemR sin 6 = Vom Sin 6 (12-3) 


The collector voltage must have a dc component equal to the supply 
voltage and an ac component equal to the output voltage, thus 


Del ORV CO ELVAG Si Oren Vices UVaSine (12-4) 


Since current-source operation of the device can be maintained only when 
vc(@) is positive, it is necessary to limit the output voltage V,,, to values less 
than Vcc.’ (Actually, the maximum V,,, must be slightly less than Vcc due to 


?An analogous requirement applies to VMOS FETs and vacuum tubes. 
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Fig. 12-3 Class A amplifier. (a) Circuit; (b) equivalent circuit; and (c) wave- 
forms. 
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the saturation effects that will be discussed in Section 12-3.) Since the 
collector current ic¢(@) must similarly be positive, Ig. = Icg is usually set equal 
to, or slightly larger than, the peak output current [on = Voml R = VcclR. 
Consequently, the input power is 


Vec™ 
P; = Veclac = aRP (12-5) 
the output power is 
Lan 
P, = OR = aR (12-6) 
and the efficiency is 
oe Po = Voom” <= a 12 y 
TP Vel aD (ea 


The power P, dissipated in the transistor is the difference between P; and P,. 
The relationships of power and efficiency to the output voltage are shown in 
Fig. 12-4. A good design will assume the maximum value of P, = P; to allow 
for no-signal or reduced-signal conditions. 

Inspection of the waveforms in Fig. 12-3c shows that when the Class A 
PA is delivering its maximum output, the peak instantaneous collector voltage 


Fig. 12-4 Efficiency and power versus collector voltage swing in a Class A 
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and current are vcmax=2Vcc and Icmax = 2Ic¢g = 2VcclR. The normalized 
power output capability is therefore 


Po mak ee Vc/2R Cs 1 
Decaxle nny (2 Vec)(2 VeclR) 8 


If two devices operating as Class A amplifiers are combined in a com- 
plementary or a push-pull configuration (similar to that of Fig. 12-5a), 
Re eeaie This arrangement cancels most of the even harmonic currents 
generated by device nonlinearity. 

Class A RF power amplifiers most commonly are used as low-level driver 
amplifiers. In these applications, the power consumed by the Class A amplifier 
is a relatively small portion of the total transmitter power. Class A RF PAs 
are also used at microwave frequencies where it is difficult to employ other 
classes of amplification. 


eae 


(12-8) 


Example 12-1.1. Design (specify component values and ratings for) the 
output portion of a Class A PA that delivers 1W to a 50-ohm load at 
f = 10 MHz with a supply voltage of +12 V: First, the peak RF output voltage 
from (12-6) is Vom =(2RP,)'?=10V. The peak RF current is then Lom = 
VomlR = 200 mA; hence, Ij. = 200 mA, P; = 12 (0.2)=2.4W, and n = 1/2.4= 
41.7 percent. Peak device ratings are Vemax = 12+10=22V,  icmax 
200 + 200 = 400 mA. During normal operation, Pz = 2.4—1= 1.4 W; however, 
to allow safe operation with reduced signal amplitude, the heatsink must 
dissipate P, = P;=2.4W.. For Q=5, X,,=Xc,=2=10: hence L, = 
0.159 wH and C, = 1592 pF. The reactance of the RFC should be at least 10R 
to minimize its effect on the circuit, hence RFC =8 “#H. Similarly, for 
Xo, = R/10, C, = 3200 pF. 


12-2 Class B Amplification 


Class B operation is more efficient than Class A for linear RF amplification; 
hence Class B is frequently used in medium- and high-power linear PAs. The 
most common configuration is the push-pull transformer-coupled circuit of 
Fig. 12-Sa, but complementary versions similar to those used for audio 
frequency (AF) amplification are also used [1]. A tuned, single-ended version 
can be used for narrowband linear amplification: it is similar to the Class C 
amplifiers discussed in Section 13-1. 

The principles of operation of a Class B RF PA are similar to those of a 
Class B AF PA [2]. The two transistors are driven 180° out-of-phase so that 
each is active for half of the cycle and cut off during the other half of the 
cycle. When the transistors are in the active region, they are essentially 
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Fig. 12-5 Class B amplifier. (a) Circuit; and (b) waveforms. 
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current sources. The higher efficiency may be attributed to the zero collector 
current in the transistors when their collector voltages are highest. It is 
important to note that in Class B amplification, neither device by itself 
produces an amplified replica of the amplifier’s input. The signal is split apart, | 
amplified efficiently, and then reassembled. 

Assume that the devices are perfectly linear and that each device is a 
source of a half-sinusoid current of peak amplitude [.,, (Fig. 12-5b). During a 
given half-cycle, only one-half of the primary winding of transformer T1 
carries current. The transformation of the current in m turns of the primary to 
n turns of the secondary produces a sinusoidal output current 


16(0) = —Iem Sin 6 (12-9) 
which in turn produces the output voltage 
m : : 
v,(0) = 7 lemRo sin 06 = V,,, sin 6 (12-10) 
Transformation of this voltage to the primary winding gives the collector 
voltage waveform 
ve(9) = Voc + Vem sin 0 (12-11) 


where the collector voltage swing is 


m- 
Vien ae ean Vion Ge i lemRo - LemR ¢ (12-12) 
Above, Rzis the resistance seen across one-half of the primary winding with 
the other half open. 
Maintenance of a nonnegative collector voltage requires that Ven < Vcc, 
thus limiting the output power to 


V. 2 Vee Vee 
ait e 12-13 
He Tig Ris Ri OND Re ibe 


The center-tap current icr(@) = I-m|sin 0| is the sum of the two collector 
currents, and the input current Jy. is the dc component of the center-tap 
current, thus 


2Lem 


2a 
la=5-{ WeCayde aes & (12-14) 
277 Jo 7 7 


The efficiency is then 


2 on <—= (0.785 (12-15) 
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Fig. 12-6 Efficiency and power versus collector voltage swing in a Class B 
amplifier. 
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Since the peak collector voltage is Vcc + Vem =2Vcc and the peak collector 
current is I... < VcclR, 
Vcc'l2R 1 
Prax = =O = = 12-16 
QVecKVelR) 4 one 
The power dissipated in each device (P,;) is half of the difference between P; 
and P,. The maximum dissipation in each transistor is 


Vee 
Pai.max = Par,max = Spe (12-17) 


and occurs when V.m = 2Vccla (see Fig. 12-6). 


Example 12-2.1. Design a Class B amplifier to deliver 25 W to a 50-ohm load 
using a dc supply with Vcc = 28 V. Tuned matching networks are not to be 
used: From (12-13), R < 287/(2 x 25) = 15.7 ohms. The most convenient value of 
R is 12.5ohms, obtained with m/n =}. To obtain 25W, Vem = V2RP, = 
V2 x 12.5 25 = 25 V. Then Tem = VemlR = 2A, Tac = 2Ieml = 1.27 A, and P; = 
1.27 x 28 = 35.6 W. From these, 7 = 25/35.6 = 70.1 percent, and the maximum 
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collector dissipation in each device is (28)7/(7? x 12.5) = 6.35 W from (12-17). 
The transistors must withstand peak voltages of 28+25=53V and peak 
collector currents of 2 A. 


12-3 Practical Considerations 


The previous two sections have discussed idealized Class A and B power 
amplifiers. The performance of a real amplifier will not be quite as good as 
that predicted for the idealized model because real devices have saturation 
voltage and/or resistance and real loads can include reactance. At high 
frequencies, charge storage effects [3] can cause distortion of the collector 
current waveform, further reducing efficiency. In general, these effects may 
be neglected when f < f7/10 but are quite significant when f > f,/2. 


Saturation Voltage 


Bipolar junction transistors are characterized by a largely constant collector- 
to-emitter voltage during saturation (Fig. 12-2a). A BJT in the power amplifier 
circuits of Figs. 12-3 or 12-5 will enter saturation whenever the PA is driven 
_ hard enough so that the minimum instantaneous collector voltage is equal to 
the saturation voltage V... To avoid saturation, the driving signal must be 
small enough to keep the collector voltage swing below 


Viet = Vee ot (12-18) 


The maximum output voltage, output power, output current, and input current 
are calculated using the effective supply voltage Vg in place of Vcc. However, 
input power is still calculated using Vcc. This decreases the maximum 
efficiency by a factor of Veg/Vcc; for example, the maximum 
efficiency of Class A and B PAs is reduced to 3(Veg/Vcc) and (7/4)( Ver! Vc), 
respectively. 

At low frequencies (f <f7/10), Vsa is simply the specified Vcgga for the 
device (typically 0.3 V for silicon transistors at low currents). If a Darlington 
arrangement is used, Vya~ Versa) + V, Where V, is the forward-biased 
base-emitter voltage drop (typically, 0.7 V for silicon transistors). At higher 
frequencies (f > f7/10), Vs becomes’ larger than Vogt for steady-state 
operation. The increase in V.4 appears to be related to the time it takes for 
the entire transistor to become saturated. This ‘RF saturation voltage’ may 
be as high as 1 or 2 V and is sometimes specified in device data sheets. 
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Saturation Resistance 


The saturation (or ‘‘on’”) resistance (R,,) of FETs, like the saturation voltage 
of BJTs, limits the maximum output but does not affect operation in the active 
region. Saturation occurs when the minimum instantaneous drain voltage is 
equal to the product of drain current and saturation resistance; that is, for 
Class B, Vpp — IamR = TamRon. Consequently, to avoid saturation, Va, must be 
less than the effective supply voltage 


R 


Mel mi ipenR a 


Vpp (12-19) 
For Class A operation, or for a single-ended, tuned, Class B PA (see Section 
13-1), the effects of Ro, are doubled; that is, Veg = VppRI(R + 2R,,). In either 
case, the maximum output voltage and power and input current are computed 
using Veg, and input power is then computed using Vpp, as for the effects of 
saturation voltage. 


Reactive Loads 


Although most real-life loads include at least some reactance, most dis- 
cussions of PA design techniques ignore load reactance. The causes of load 
reactance include mistuning, the variation of filter impedances with 
frequency, the transformer inductance, and antenna impedance variations. 
The effects of load reactance include reduced efficiency, increased dis- 
sipation, and increased second-breakdown stresses. 

Standard circuit analysis techniques can be used to replace any passive 
linear circuit (at a single frequency) by a single conductance shunted by a 
single susceptance. These appear as 1/R, and B, in Fig. 12-Sa and are 
transformed to an admittance Y = 1/R+jB across one winding of the primary 
of Tl. Since the transistors are operated as current sources, the output 
current i,(@) is still given by (12-9). However, the output voltage v,(@) now 
has a magnitude (see Problem 12-3.2) 


ee p()LenRe (12-20) 

where 
ae Rae Les 
[GY ieee CBR): 
and it is shifted in phase with respect to the output and collector currents. 
Power output and input are still computed from Vom /2R and Vcclac, respec- 


tively. However, to achieve the same output power, the dc supply current and 
input power must be increased by the factor 1/p from those required if the 


(12-21) 
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reactance were not present. Consequently, the efficiency decreases by the 
factor p; for example, a Class B PA with a reactive load has a maximum 
efficiency of (7/4)p. 

A maximum power dissipation per device of 


Vee 
FF aignaxte rp R (12-22) 
is possible and occurs with a collector voltage of 
Vince (12-23) 
T™p 


(provided, of course, that this value is less than Vcc). In addition to the larger 
heatsinks required, the designer must also consider the instantaneous collec- 
tor voltage-current product, since this leads to second breakdown. The safe 
operating area is commonly specified in the data sheets for low-frequency 
power transistors; if this is available, the designer can simply determine 
several instantaneous values of collector voltage and current and check them 
against the boundaries given in the data sheet. However, data sheets for RF 
power transistors more commonly give the maximum voltage standing wave 
ratio (VSWR) that the transistor can withstand. The VSWR can be deter- 
mined from the load impedance using formulas given in Section 16-6. 


Example 12-3.1. Determine the effects resulting from a susceptance of 20 
mmhos across the load of the Class B amplifier of Example 12-2.1 if drive is 
increased to maintain the 25 W output: For a 25-W output, V,,, must remain at 
25 V. The 20 mmhos at the load becomes 0.08 mhos at the collectors; hence, 
[Y |= 0.113 mhos and Im = Vem|Y| = 2.83 A. Following Example 12-2.1, Ig. = 
1.80 A, P; = 50.4 W, 7 = 49.6 percent, and P,, = 12.7 W. The voltage rating is 
the same as in Example 12-2.1, but the current rating is increased to 2.83 A, 
and the dissipation rating is more than doubled. 


12-4 Intermodulation Distortion and Bias 


Intermodulation distortion (IMD) consists of those distortion products occur- 
ring near the carrier frequency (Fig. 12-1) and results from an RF PA’s 
inability to reproduce exactly the envelope and phase of the input signal. 
(Exact reproduction of the sinusoidal carrier is unnecessary, since harmonics 
are removed by the tuned output circuit or filter.) Two major causes of IMD 
are crossover effects (discussed subsequently) and gain reduction at high 
current (Section 12-5). Two other sources of IMD are device saturation and 
variation of collector capacitance with collector voltage. Saturation causes 
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both “‘flat-topping” of the envelope and unwanted phase modulation (due to 
storage-time effects) and is avoided by not overdriving the amplifier (i.e., by 
not exceeding the maximum output for the intended class of operation). The 
voltage-variable capacitance is inherent in semiconductor junctions, but its 
effect is usually small in most PA applications. 

Intermodulation distortion is usually measured with a test signal composed 
of two sinusoids of equal amplitudes that are separated in frequency by | to 
2kHz. The resulting products (Fig. 12-1) are called “third-order,” ‘‘fifth- 
order,” and so forth, in the same manner as mixer intermodulation products 
(Section 7-5). The most commonly used measure of IMD [4] is the ratio of the 
largest intermodulation product to the amplitude of one of the two tones; 
—30 dB is usually the worst allowable IMD ratio for a transmitter. This ratio is 
easily measured on a spectrum analyzer but is too small to be measured 
accurately (or even detected) with an oscilloscope. It is interesting (and 
useful) to note that mirror-image upper and lower sideband intermodulation 
products are the result of either pure envelope distortion or pure phase 
distortion; unequal intermodulation products of the same order indicate 
simultaneous envelope and phase distortion [5]. 

A less commonly used test of linearity employs noise-like signals [6]. 
Consider a band-limited white noise signal, which has a power spectrum that 
is flat from f. — fm to fe + fm and zero at all frequencies outside of this band. If 
this signal is: the input to an amplifier, any signals in the output that are 
immediately above f.+fm or below f.—fm are due to amplifier nonlinearity 
(this may be seen through use of the convolution integrals discussed in 
Section 7-1). Because it is difficult to produce a rectangular spectrum, it is 
convenient to use a noiselike signal with zeros in its power spectrum. Such a 
spectrum is provided by amplitude modulation of a carrier by a pseudoran- 
dom noise sequence of +1s and —1s; Zeros occur at +fn, +3fm, +5fm, and so 
forth, from the carrier where f,, is the “chipping” (bit) rate. Energy present in 
the output at these frequencies is then a measure of the amplifier’s non- 
linearity. The advantage of using a noiselike test signal is that it simulates 
more accurately the effects of a speech signal than does a two-tone test. 


Crossover Distortion and Bias 


Real devices (BJTs, FETs, or vacuum tubes) operated in Class B do not 
change abruptly from a cutoff mode to an active (linear current source) mode. 
The actual change is gradual and nonlinear, and usually involves an offset 
voltage. Consequently, an effect called ‘“‘crossover distortion” alters the 
waveform as one device enters cutoff and the other device becomes active. 
These effects are most pronounced with signals of relatively small amplitudes 
(with respect to maximum PA output). 
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Crossover distortion is minimized by biasing of the bases or gates of the 
active devices to produce a small quiescent current in the collector or drain. 
Too little quiescent current results in no output when the input is less than a 
certain amplitude. Too much bias results in an excess gain for small-amplitude 
signals. The amount of quiescent current required for minimum distortion is 
most readily determined experimentally, since theoretical prediction is quite 
complicated. Typically, the minimum IMD ratio occurs with a quiescent 
current between 1 and 10 percent of the peak collector or drain current; the 
exact value is seldom critical. Because of this quiescent current, each device 
conducts current during slightly more than one-half of an RF cycle. This led 
to the use of the term ‘‘Class AB” for vacuum tube PAs and some early solid 
State PAs; however, many authors simply use “Class B” with the under- 
standing that a quiescent current will be used. 


Bias Supplies 


Suitable bias for FET PAs is easily obtained from a regulated supply voltage 
through an adjustable resistive voltage divider and an appropriate bypass 
network [5,7]. However, a simple fixed voltage bias cannot be used with BJT 
PAs. The effect of increasing the temperature of a pn junction is ap- 
proximately equivalent to a shift of the device characteristics by about 
2mV/°C; that is, a 1°C increase in temperature produces approximately the 
Same increase in current as would a 2-mV increase in junction voltage.’ 
Suppose that a bias voltage Vg, is applied to the base of a BJT and is quickly 
adjusted to produce the desired quiescent collector current. The quiescent 
current causes power to be dissipated in the transistor, raising the tem- 
perature of the junction. This in turn increases the collector current, which 
increases the dissipation. Since there is little dc resistance in the collector 
circuit, there is almost no limit to the collector current that can be drawn. This 
process is called thermal runaway and leads to device destruction. 
Maintaining an essentially constant quiescent collector current then clearly 
requires a source of bias voltage that decreases with the junction temperature 
at approximately 2 mV/°C. Such a voltage source can be obtained by mount- 
ing a diode of construction similar to that of the RF power transistor on the 
heatsink and biasing it with a constant current. The diode voltage controls a 
“current amplifier” that supplies bias current to the bases (Fig. 12-7a). The 
current amplifier may be an operational amplifier [9] or voltage regulator [10]. 


‘This positive temperature coefficient is not obvious in (4-2), which does not show the 
temperature dependence of the reverse saturation current les. The overall effect [8] is 
approximately equivalent to a change in Vase of 1.7 mV/°C for germanium and 1.8 mV/°C for 
silicon. 
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Fig. 12-7 BJT bias circuits. (a) Using operational amplifier; and (b) using 
emitter follower. 
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An alternative current amplifier (Fig. 12-7b) uses a pair of diodes and an 
emitter (voltage) follower [11]. In all cases, current is supplied through the 
input transformer center-tap and a bypass network (CI-RFC-C2). Reference 
diodes are built into some RF power transistor packages, and special biasing 
components are available that match the temperature characteristics of RF 
power transistors and mount on the heatsink. 

The current that the bias supply must furnish varies with the drive level. 
In Class B operation, each transistor base requires an approximately half- 
sinusoidal driving current of peak amplitude (I,m + Ic)/B, where B is the 
current gain of the RF power transistor and I¢ is the quiescent collector 
current. The center-tap current is then a full-wave rectified sine wave added 
to the bias current, and the maximum bias supply current (required at peak 
amplifier output) is 

, | be Ic 


Tppmax = 7B nf B (12-24) 


Bias supplies for Class A operation are similar to those for Class B 
operation. Although more base current (gx = Ic/B) is required, a slightly 
larger fractional variation of I; with temperature is allowable, since its effect 
on IMD is small. 

Real bias-current amplifiers require some input current (J, in Fig. 12-7b), 
and therefore tend to load the reference diode. Since any variation of the 
diode current degrades the ability of the bias amplifier to maintain constant 
quiescent current, the reference diode is typically biased to conduct 10 to 100 
times the current required by the amplifier loading it. Exact analysis of bias 
circuits containing resistive voltage drops may require the use of graphical or 
numerical techniques. Effects of temperature differences can, however, usu- 
ally be estimated through the 2 mV/°C equivalence. 


Example 12-4.1. Design the bias supply circuit of Fig. 12-7b for the PA of 
Example 12-2.1, and determine the effects of 10°C temperature difference 
between the reference diode and the RF power transistor. Assume that B = 20 
for all transistors and that a quiescent current of 25 mA per device gives the 
minimum IMD ratio: From Example 12-2.1, Ig. = 1.27 A without the quiescent 
current, and hence Ipgmax = (1.27 + 0.025)/20 = 66 mA, and I, = 0.066/20 = 
3.3mA. A diode current of 10 times J, is selected so that Ip = 33 mA and 
IT, = 36.3 mA. Since the 28 V supply is much larger than the approximate 1.4 V 
drop across the two diodes, a resistor R, = (28 — 1.4)/0.0363 = 733 ohms will 
behave like a current source. (R, would actually be a 2-kQ variable resistor.) 
The effect of 10°C temperature difference will be about the same as that of a 
20-mV change in Vg; the quiescent current will therefore increase by a 
factor of exp(0.02/0.026) = 2.16 to a value of 53.9mA per device. 
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12-5 Drive and RF Feedback 


Large-signal operation of any device—BJT, FET, or vacuum tube—is quite 
different from small signal operation. Most noticeable are the increased 
effects of device nonlinearities at higher outputs. The discussion of distortion 
in small-signal amplifiers may have caused the reader to give up hope for 
linear power amplification. Linear large signal operation is possible, however, 
and is achieved by the careful design of drive and feedback circuits. Although 
design principles for output circuits are similar for all devices, the design 
principles relating to input circuits vary greatly from one device to another. 


Drive 


BJTs. The relationship of the collector current to the base-emitter voltage in 
a BJT is exponential, and is therefore inherently nonlinear for large-signal 
operation. For this reason, power amplifiers often use current drive rather 
than voltage drive. The collector current and the base current are nearly 
linearly related [12] because the base-emitter voltage is a logarithmic function 
of the current driven into the base. Ideally, the logarithmic and exponential 
functions cancel each other, but in practice, there is not perfect linearity. 
Most notable is the decrease in current gain B at high collector currents. 

To understand how a Class B PA using BJTs is driven, suppose that a 
sinusoidal current is driven into the primary winding of transformer T1 in Fig. 
12-8a. During the positive half-cycle of this current, there is a tendency for 
current in the secondary winding to flow from the base of Q2 toward the base 
of Q1. Since this direction of current flow is in the reverse direction for the 
base of Q2 and the forward direction for the base of Q1, current flows only 
from the center-tap to the base of Q1. The current flowing into the base of Q1 
causes the voltage vg;(@) to rise above the bias voltage Vgz. The transformer 
reflects this as a decrease in the voltage vg.(0) on the base of Q2, as shown in 
Fig. 12-8b. During the negative half-cycle of the driving current, the base of 
Q2 is similarly forward-biased and the base of Q1 is similarly reverse-biased. 
If stray reactances and transistor capacitances are ignored, only one base is in 
the circuit at a given time. 

If a constant current gain B is assumed, each base requires a _ half- 
sinusoidal driving current of peak amplitude [,,,/8. The sinusoidal driving 
current thus has a peak amplitude (J,,,/B)(n/m). At any instant, the driving 
voltage vp(@) is formed by the transformation by T1 of the voltage waveform 
on the forward-biased base. Although the waveform vp(@) is nonsinusoidal, it 
is convenient to assume that it is sinusoidal. Its peak amplitude is then (m/n) 
(IemlB)Rp, where Rg is the large-signal equivalent base resistance. This resis- 
tance may be defined as (m/n)’ times the ratio of the fundamental frequency 
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Fig. 12-8 Drive of a Class B BUT PA. (a) Circuit; and (b) waveforms. 


0 6 
vB1 (A) 
; igi (0)Rp 
VB 
0 6 
vp2 (0) 
Vep ip2 (0) RB 
0 6 
0) 1 2a 
(b) 


component of the driving voltage to the amplitude of the driving current. 
Values of Rg (or impedance Zz) are usually given in transistor data sheets: 
typically, values range from one to several ohms. This value may be used to 
determine the required driving power 

Tom 


Ppr = (42) & (12-25) 
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and the driving-point resistance Rp, which is (m/n)’Rz. The power gain can be 
computed as the ratio of the output and driving powers. 

Driver amplifiers are typically Class A or B PAs, and predrivers are 
typically Class A PAs or small-signal amplifiers (Chapter 16). Ideally, the 
driver should be a current source (with infinite shunt resistance), since the 
base voltage to collector current relationship is nonlinear. However, shunt 
resistances and reactances inherent in the transistors and coupling networks 
often make achievement of ideal current source operation difficult at low 
power levels. For this reason, negative feedback, a shunt resistance (Rs in 
Fig. 12-8a) or hybrid couplers (Section 12-7) are often used in the input 
circuitry of a PA. 


FETs. In Class A operation, the ideal square-law relationship between the 
gate-source voltage and the drain current introduces no distortion in the 
fundamental frequency signal [13]. However, in Class B operation, the ideal 
square-law characteristic results in a square-law (i.e., nonlinear) relationship 
between the amplitudes of the fundamental frequency components of the 
input and output signals. Fortunately, the VMOS power FETs [14] have 
characteristics that are square-law at low levels and linear at medium and high 
levels. The effects of the square-law region appear as crossover distortion and 
are minimized by proper choice of the bias voltage. 

The drive of an FET PA must produce gate voltages corresponding to the 
desired drain currents. The input impedance of a MOSFET is primarily a large 
capacitive reactance with a small resistive component due to gate to drain to 
load coupling. Consequently, the input impedance of an FET PA is generally 
higher (and drive power is generally lower) than in a PA using comparable 
BJTs. It is important to note that current simultaneously flows in the gates of 
both the active and the cutoff FET. The input impedance of a single FET is 
therefore multiplied by 2(m/n)’ to obtain the driving impedance of a circuit 
similar to Fig. 12-8a. Because of the high, capacitive driving impedance, 
transformers used to couple the driving signal and bias voltage to the gates 
can be quite different [25] from those used in BJT PAs. 


Emitter Feedback 


An emitter resistor (Fig. 12-9a) can help to linearize the input voltage to 
output current transfer characteristic of a Class A or B power amplifier by 
suppressing the effects of variations in 8 with current, temperature, and 
frequency. Some emitter resistance (‘‘ballast’’) is often included in RF power 
transistors to cause even division of current within the device (see Appendix 
12-1) so that some emitter feedback is inherent in most PAs. 

Insertion of resistance Re in the emitter lead (Fig. 12-9a) produces an 
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Fig. 12-9 RF feedback. (a) Emitter feedback; and (b) collector feedback. 
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= (iota Rake ( 1+ A) ERAeIERS (12-26) 
As long as f is large, it is apparent that the emitter voltage will be essentially 
proportional to the collector current, in spite of variations in B. By design, the 
variations in vgg required to produce the collector current are small in 
comparison to vg. Consequently, the base voltage vg is simply vg + V, when 
the transistor is active. The driving voltage (applied to the base) and the 
collector current are thus forced to be proportional to each other. 

Through a straightforward analysis, the driving impedance of the circuit of 
Fig. 12-9a can be shown (Problem 12-5.1) to be 


Ree = (8 + 1)Ret Re (12-27) 


Similarly, the PA voltage gain can be shown to be R/Rp. These two expres- 
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sions are identical to those for small-signal amplification. The primary 
difference is that in a Class B PA, emitter feedback must act on the total 
instantaneous collector current rather than only its ac component. Shunting 
Re with a capacitor can thus distort the current waveform. 

Since Rgr depends directly upon B, it is often desirable to provide a fixed 
resistance shunt (Rg in Fig. 12-8a) for ac drive current. Also, it is important to 
note that emitter feedback has no effect if current (rather than voltage) drive 
is used. Source feedback in FET PAs is not generally practical because the 
large gate voltages produce large voltages on the source resistor and hence 
excessive power dissipation. 


Collector Feedback 


Another form of RF feedback that can be used with BJTs feeds a small 
portion of the collector current into the base. This is most easily accom- 
plished with a simple resistor Rp (Fig. 12-9b) and a blocking capacitor Cr. If 
device gain falls off at higher frequencies, an inductor Le may be added to 
decrease feedback action at those frequencies. (Effects of phase shifts due to 
Ly, the transistor, and the lead must be remembered in evaluating the PA’s 
stability.) This form of feedback linearizes the amplifier’s input current to 
output voltage transfer characteristic. 

Since the base current is the sum of the drive and feedback currents, and 
since the feedback current is proportional to the output voltage and V,, is small 
in comparison with vucg 


= ip —s ip ee (12-28) 
For large values of 6, the base current is very small, and the ac collector 
voltage is therefore forced to be proportional to the drive current. (Note that 
if the driver is a voltage source, collector feedback will not improve linearity.) 
For large values of 6, the resultant equivalent current gain (ic/igf) is ap- 
proximately R;/R, and the equivalent base input resistance is 


Rp 


Rer = Ty BRIR; 


(12-29) 


Other Forms of Feedback 


The use of a transformer to couple a portion of the output current into the 
bases can be used to linearize a BJT amplifier’s input current to output 
current transfer characteristic. Transformers may similarly be used with FET 
PAs to linearize the input voltage to output voltage characteristic. Envelope 
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feedback, discussed in Chapter 16, controls the driver (or a previous am- 
plifier) to provide the drive amplitude that produces the desired output in spite 
of amplifier nonlinearities. 


Example 12-5.1. Determine the drive requirements of the PA of Example 
12-2.1 if 8 = 20 and Rz = 4 ohms. Then select a value of Rz that will result in 
an approximate voltage gain of 10. Further, determine the effects of the 
emitter resistance on amplifier efficiency and drive if B can vary from 20 to 
40: First, with B = 20, each base requires a half sinewave of current whose 
peak amplitude is 2/20=0.1 A. The drive power is then Ppr = (0.1)? x 4/2 = 
20 mW; hence the power gain is 31dB. To get a voltage gain of 10, Rg = 
R/10 = 1.25 ohms. Efficiency is reduced according to the ratio of resistances: 
that is, now 7 = 78.5 x (12.5/13.75) = 71.4 percent. The use of feedback in- 
creases the equivalent base resistance to 1.25(8+1)+4, and hence values 
from 30.25 to 55.25 ohms are possible. The drive power required with emitter 
feedback is determined by first finding the current needed and then using the 
value of Rgr corresponding to a given current gain. The drive power varies 
from 151 to 69 mW, causing the power gain to vary from 22.2 to 25.6 dB. 


12-6 Wideband Transformers 


Linear RF power amplifiers are often used in applications (such as HF SSB) 
that require operation over a large range of frequencies. Class B and D PAs 
generally require good transformer response to at least 3 times the output 
frequency, since the collector waveforms contain harmonics. Consequently, 
wideband transmission line transformers must be used rather than the con- 
ventional (colloquially called ‘“‘wire-wound’’) type of transformers, which 
have discrete windings. 

The bandwidth limitations inherent in conventional transformers may be 
understood by considering the autotransformer of Fig. 12-10a, which has been 
tapped in the center to provide a 4:1 impedance transformation. Low- 
frequency performance is degraded by the shunt susceptance (magnetizing 
inductance) of the windings (Fig. 12-10c), while high-frequency performance 
is degraded by the series reactance (leakage inductance) of the windings 
[12, 16]. 

_ Transmission line transformers employ a simple but clever concept that 
allows improved high-frequency performance. Figure 12-10b shows the 
above-mentioned autotransformer rearranged into distinct primary and 
secondary windings. Since these remain connected, the 4: 1 impedance trans- 
formation is preserved. Ideally, the current in each winding has the same 
magnitude, and the voltage across connections a and c is the same as the 
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Fig. 12-10 Transmission-line transformer models. (a) Autotransformer; (6) 
transmission-line transformer; (c) low-frequency model; and (d) 
high-frequency model. 
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voltage across connections b and d. The two separate windings may therefore 
be replaced by the two conductors in a single transmission line as in Figs. 
12-lla, b, or c. . 

At low frequencies, the shunt susceptance degrades performance, as with 
ordinary transformers. However, at high frequencies, the series reactance 
combines with the interwinding capacitance and the circuit behaves as a 
transmission line, greatly extending the high-frequency response. 
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Fig. 12-11 Construction of transmission-line transformers. (a) Twisted wire; (b) 
coaxial cable; (c) stacked cores; and (d) brass tube. 


Configurations 


A variety of transmission line transformer configurations [17, 18] is depicted 
in Figs. 12-12 to 12-14. Easily recognized are the 1:1 (balun) and 4:1 
configurations of Fig. 12-12a and b. Figure 12-12c and d shows how an n2:1 
impedance transformation can be obtained. A current J/3 driven into the 
upper winding of the upper transformer in Fig. 12-12c will cause a current of 
I/3 to flow in the lower winding of the upper transformer. This current then 
similarly produces a current J/3 in the lower winding of the lower transformer, 
resulting in a current J driven into the load R. A voltage V appearing on the 
load also appears across connections g and h of T2, causing it to appear 
across connections e and f as well. The voltage from e to f added to the 
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Fig. 12-12 Transmission-line transformer configurations. (a) Balun (1:1); (b) 4:1; 
(c) 9:1; and (d) 16:1. 


voltage on the load produces 2 V across connections c and d of T1. This 
similarly results in a voltage 3 V appearing at the input to the combination of 
T1 and T2. Figure 12-12d shows a similar arrangement that produces a 16:1 
impedance transformation. Figure 12-13a shows an alternative to Fig. 12-12d 
that also produces a 16:1 impedance transformation. Note that in all cases, 
the characteristic impedance of the transmission line is specified by the 
voltage across the end of the line and the current flowing through the line. 
Push-pull amplifiers such as Class B and Class D require slightly different 
arrangements. Figures 12-13b and c show how two or more transmission line 
transformers may be combined to enable push-pull operation (either for drive 
or output). As shown, the upper transistor (current source) is active, while the 
lower one is off and therefore forms an open circuit. In (b), a current J in the 
load results in a current J in the upper winding of T2, and hence a current I 
in the lower winding of T2 (whether or not the load is grounded). The current 
in the lower winding must also flow through the right-hand winding of T1, 
which then produces a current J in the left-hand winding. The total current 
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Fig. 12-13 Transmission line transformer configurations. (a) Alternate 16:1; (b) 
push-pull 1:4; and (c) push-pull 1:9. 
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Fig. 12-14 Transmission line transformer configurations. (a) ‘Brass tube”; and 
(b) “Bootstrap.” 
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supplied by the upper device is therefore 2I. A voltage V/2 appearing on the 
device causes a voltage V/2 to appear across the right-hand winding of T1. 
This causes a voltage of V/2 to appear across T2, as shown, producing a 
voltage V on the load. Transformer T1 is commonly called a ‘“‘hybrid,”’ while 
T2 is commonly called a “‘balun.’’ (Balun T2 could be connected as in Fig. 
12-14a rather than as shown in Fig. 12-13b; however, the high-frequency 
response would be degraded.) 

A commonly used version of the transmission line transformer employs a 
pair of brass tubes as a single-turn winding, as shown in Fig. 12-11d. Ferrite 
cores are stacked over the two tubes to provide the required minimum shunt 
reactance. The secondary winding is formed by wires running through the 
brass tubes. This arrangement may easily be visualized as a transmission line 
transformer when the secondary has only one turn. To visualize transmission 
line operation for other turns ratios, suppose that the secondary winding is 
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formed by winding and connecting two pieces of wire in parallel. The same 
voltage and current relationships are still present so that transmission line 
operation is preserved. Now suppose that the two pieces of wire are rear- 
ranged to form a two-turn secondary winding. The current flowing in one 
direction through a brass tube is equal to the sum of the currents flowing in 
the other direction in the two wires inside that tube. The voltage across each 
secondary winding is the same as in the 1:1 version. The transmission line 
mode of operation at high frequencies is therefore preserved, even though the 
secondary winding has been split into two (or more) turns. This type of 
transformer is often used in the arrangement shown in Fig. 12-14a, where an 
impedance transformation of 4n7/m*:1 is obtained for push-pull operation. 
Note that either m or n = 1 if a “brass tube” transformer is used. 

The transformer shown in Fig. 12-14b “‘piggybacks”’ a few extra turns onto 
a transmission line transformer to obtain a slightly different transformation 
ratio. Although high-frequency performance is not as good as with an ideal 
transmission line arrangement, this configuration can usually be used to pro- 
vide up to a 6:1 transformation with only slight degradation [19,20]. The 
high-frequency response of a variety of other configurations may also be 
improved by forming some sort of transmission line with the windings. 


Design Considerations 


The first step in any design involving transmission line transformers is to 
select a configuration that gives the desired impedance transformation. The 
next step is to determine the characteristic impedances of the transmission 
lines needed (and to make sure that they are realistic). The performance of 
transformers in small-signal circuits is often given in terms of a 3-dB insertion 
loss [18]. However, since PAs act primarily as current (or voltage) sources, 
the insertion loss definition of bandwidth is not especially useful. More 
important to the design of PAs is the impedance seen by the PA (or devices) 
at different frequencies. As discussed in Section 12-3, any reactance appear- 
ing in the load of a Class A or B amplifier results in a decrease in efficiency 
and an increase in device stress. 


Low-Frequency Response. As mentioned earlier, the low-frequency res- 
ponse of a transformer (transmission line or conventional) is degraded by a 
shunt susceptance that appears across the primary winding in Fig. 12-10c. 
This susceptance is due to the magnetizing inductance of the transformer [18], 
which is given by 


Lm = An - dan? = nA, (12-30) 


where n is the number of turns in the primary winding, uw the core per- 
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meability, A, the effective area of the core, and L, the average magnetic path 
length. These effects are often combined in one quantity A,, which is given 
(typically) in millihenrys per thousand turns squared. 


High-Frequency Response. The designer may incorrectly assume that the 
upper-frequency limit of a transmission line transformer is determined by the 
quality of the transmission line used. However, the transformer does not 
employ the line as a transmission line, feeding power into one end and taking 
it from the other. The current is driven into only one (not both) of the 
conductors at a particular end of the transmission line, and the voltage is 
applied from end to end, rather than across one end. Compatibility with both 
ideal transformer and ideal transmission line operation is therefore. only 
possible for frequencies at which the length of the line is a relatively small 
fraction of a wavelength (0.1 to 0.3 A, maximum). 

The voltages and currents (Fig. 12-10d) at the ends of a transmission line 
of characteristic impedance Z, and length / are related by [21] 


V,= V.cos yl + jlhZ, sin yl (12-31) 
2V ons 
I, =I,cos yl +iZ sin yl (12-32) 


where y is the propagation constant of the line (y = w/v, where v is the phase 
velocity in the line). These equations can now be used to solve for the other 
voltages and currents in a circuit employing a transmission line transformer 
[22]. For the 4:1 configuration of Fig. 12-10d, 


Z, cos yl + jZ, sin yl 


Zi,(low end) = OVA WEIR METAS TI! (12-33) 
with Z, loading the high end and 
FahighendVeaZs 2Z,(1+ cos yl) + jZ, sin yl (12-34) 


Z, cos yl + jZ; sin yl 
with Z, loading the low end. 


Transmission Line 


Since deviations of the characteristic impedance of the transmission line from 
the desired value (or deviations of the load from its intended value) cause a 
degradation of the transformer’s high-frequency response, careful selection of 
the line is important. Coaxial cable is desirable when it is available in the 
required impedance. Twisted wire [23] may be used to produce impedances 
between about 10 to 200ohms. Thin wire and large spacing (insulation) 
produce a high characteristic impedance, while large wire, tight twisting, and 
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close spacing (enamel insulation) produce low characteristic impedances. It is 
also possible to connect two transmission lines in parallel to obtain a lower- 
impedance line. Empirical measurements made with the aid of a time-domain 
reflectometer or an RF impedance meter are most helpful in achieving the 
desired characteristics. 


Flux Limits 


The ferrite cores commonly used in RF transformers saturate at high flux 
densities. It is therefore necessary to design the transformers to keep the flux 
considerably below the saturation level. Failure to do so results in non- 
linearity, generation of harmonics, and inefficiency. At low frequencies the 
flux in the core is given by [23] 


8 
B= Viena 10 


eC AdA oe ae 


where V,, is the rms voltage on the winding, n the number of turns in the 
primary, f the frequency, and A, the effective area in square centimeters. At 
higher frequencies where the transmission line effects take over, the flux 
decreases below that given by (12-35). The maximum flux is thus determined 
by using the lowest frequency of operation in (12-35). The flux levels for core 
saturation and nonlinearity are usually given in the manufacturer’s data 
sheets. 


Example 12-6.1. Select broadband transformers for use with the PA of 
Example 12-2.1 and specify the characteristic impedance of the transmission 
lines needed. Match R = 12.5 ohms and Rz = 4 to 50 ohms: Since the output 
requires a 4:1 transformation, two transformers arranged as in Fig. 12-13b are 
used: Z,(T1)=25 ohms, and Z,(T2)=50ohms. To transform 4ohms to 
50 ohms is awkward for a transmission-line configuration, but a 9:1 trans- 
formation will yield 36 ohms, which should be good enough. The configuration 
shown in Fig. 12-13c is therefore used to drive the bases, Z,(T 1) = ZA) = 
12 ohms, and Z,(T3) = 24 ohms. 


12-7 Power Combiners and Splitters 


When a larger output is needed than can be obtained from a single device or 
pair of devices, “hybrid coupler” [25] circuits can be used to combine two or 
more power amplifiers. Direct parallel operation of the devices is unsatis- 
factory because the currents do not divide equally among the devices. 
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Basic Hybrid Transformer 


The basic hybrid transformer (Fig. 12-15a) can be used to combine the 
outputs of two PAs that are driven 180° out of phase with respect to each 
other. Shown here are two PAs operating as current sources and producing 
sinusoidal current outputs represented by J; and I. Since the sum of the 
ampere-turns in an ideal transformer must be zero, 


L= matt +5) (12-36) 


that is, the transformed sum of the two output currents is delivered to the 
load. The difference in the two output currents (J,— 1,) flows through the 
resistor R,. (Note that the hybrid coupler technique is not used to combine 
the outputs of the two transistors in push-pull operation; to attempt this 
produces a different mode of amplification [26].) 

When I,= 1, no current flows in R,, and V,;= V.=(m/n)V,, so it is 
apparent that both PAs deliver equal power to the load and each sees a load 
resistance of R =(m/n)(2R,). If R, = R/2, both PAs see a constant load of 
value R even when I, # I, (see Problem 12-7.1), which is one advantage of the 
hybrid coupler. 

The hybrid coupler is not, however, a cure-all for all possible problems 
encountered by a PA. If, for example, the load is shorted or opened, that 
effect is reflected to the collectors of each PA. Load reactances and variations 
are similarly transformed to the PAs. 


Power Splitting 


Figure 12-15b shows the basic hybrid transformer splitting the power from a 
current source driver into two loads, which might be the inputs of the PAs of 
Fig. 12-15a. If R,; = R2, the power and current are, of course, evenly divided. 
In general, however, 


fy _ mf 2R, + R ) 


To WidRee ROR, (12-37) 


and the current is not equally split when R,; # R2, for any value ofR,. 

To obtain equal drive currents in both PAs in spite of base resistance 
variations, the center-tap of the transformer may simply be omitted (R, = ©). 
Failure (open circuit input) of one PA will shut off the drive current to the 
other. This is not undesirable, since the resistor in the output coupler would 
have to dissipate half of the output of one of the PAs, and the net efficiency 
would be cut in half as well. 
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Fig. 12-15 Hybrid couplers. (a) Basic hybrid combiner; (b) hybrid splitter; and (c) 
broadband hybrid combiner. 
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Broadband Hybrids 


The broadband transmission line transformer techniques discussed in the 
previous sections can also be used to make broadband hybrid couplers. For 
example, the previously discussed basic hybrid transformer is often made 
using brass tubes, as in Fig. 12-11d. 

Figure 12-15c shows how a pair of transmission line transformers may be 
combined to make a hybrid coupler (commonly called a “180° hybrid’’). The 
actual hybrid coupler is T1, and T2 is a balun. Using the same analysis as was 
used for the PA hybrid combiner, one can show that the load gets the sum of 
the driving currents (with m = 2n), while the difference in the driving currents 
flows through R, Now, however, R=R,/2 (for [;= 1), and R, =/R7/42to 
maintain a constant PA load resistance. Other aspects are similar to those of 
the basic hybrid coupler. 


Other Hybrids 


A variety of types of hybrid couplers exists. Reversal of the phase of J, in any 
of the previously discussed couplers will dump all of the power into R,; Ro 
then receives that power due to differences between J, and J,. Four PAs can 
be combined through a set of three splitters and three combiners. However, it 
is also possible [25] to make n-way hybrids directly. An example of the use of 
such a coupler is a 1-kW HF linear PA made by combining four smaller PAs 
paar 


Example 12-7.1. Design hybrid couplers to combine two of the PAs from 
Example 12-2.1 to get a total output of 50 W. Assume that Rg = 4 ohms and 
that I, and I, are within 10 percent of each other. Match (approximately) to 
50-ohm input and output impedances: To get a 50-ohm load for the PAs 
requires that n/m = V2 in the circuit of Fig. 12-15a. A more practical choice 
is m = 2, n = 3, which gives R = 44 ohms. This will produce an 11-ohm load on 
the collectors, so slightly more current will be required to produce 25 W per 
PA. Since R = 44 ohms, R, = 22 ohms. Assuming that the current difference is 
the maximum 10 percent, the power in R, will be (0.2)? x 22/2 = 440 mW. 
Since the PAs are current driven, the center-tap of the input hybrid will be 
omitted. The 4:1 transformer in the example gives a 64-ohm input to each PA. 
A splitter transformer with m = 2 and n = 3 will give a 56.9-ohm input, which 
is close to the desired 50 ohms. 


12-8 Output Filters 


Real power amplifiers produce harmonic currents that must be filtered out if 
the PA is connected to an antenna. Crossover distortion is primarily respon- 
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sible for the odd harmonics, which are typically 15 to 20 dB below the signal 
level. Current-gain variations are responsible for the even harmonics, which 
are typically 20 to 40 dB below the signal. Typical specifications require the 
harmonics to be attenuated to at least 60 dB below the carrier. 

Since this is not a text on filter theory, the discussion will be limited to 
those topics particularly applicable to modern power amplifiers. Along with 
the introduction of the broadband transformer came the use of a bank of 
filters rather than the tuned “tank” circuit that was common to vacuum-tube 
transmitters. The output filter must, for all frequencies for which it is to be 
used, pass the fundamental frequency while rejecting (bypassing) the har- 
monics; this limits the bandwidth of a given filter to a maximum of 1 octave 
(practical filters usually have a_half-octave bandwidth). Since (assuming 
proper operation of the PA) there are no signals below the carrier frequency, 
low-pass filters are used instead of bandpass filters. 


Fig. 12-16 Elliptic filter for a power amplifier. (a) Example of a circuit; and (b) 
example of a frequency response. 


Elliptic section Low-pass section 


m2) 

> 
, aN 
Fe cae es 
, | 

AA wee 
Family) a — 

r- 

fe) 

® 

(ol 


(a) 


Output 
signal Passband 
amplitude ripple 


| 
| 
| 
| 


Useful Minimum harmonic 

| passband attenuation 
| 

=a ba a: 
| | 
| | 
| | 

Frequencies is =< L_» Frequencies 
passed 9) ie He rejected 


Output Filters | 383 


In principle, the filter response could be based on Butterworth (maximally 
flat) or Chebychev (equal ripple) characteristics. Because both a large pass- 
band and a large harmonic attenuation are normally desired, an elliptic (or 
Cauer or m-derived) section is normally used in conjunction with a low-pass 
section. The elliptic section of the filter of Fig. 12-16a has both the passband 
ripple (as in a Chebychev characteristic) and zeros in its response that give it 
a very rapid roll-off. An increasing attenuation at higher frequencies is 
ensured by the low-pass section. 

Available references [29, 30] can be used to design a filter with specified 
characteristics. However, the designer must be aware [31] that the input to the 
filter is a high-impedance current source (if it is a Class A or B amplifier 
without feedback). The first element of the filter must therefore provide a 
path for the harmonic currents; a series inductor will have no effect on filter 
response (but will cause the PA to saturate at a lower output). Variations in 
load impedance can also alter filter response. Many filter design manuals and 
computer analysis programs are based on a noninfinite source impedance and 
purely resistive loads, and are therefore nearly useless for determining the 
response of the output filter of a PA. 


Example 12-8.1. Specify the passbands (i.e., the cutoff frequency and the 
lowest usable frequency) for a set of output filters for 2 to 30 MHz operation. 
Assume that in the prototype design, the maximum acceptable passband 
attenuation occurs at f,, which equals three-fourths the cutoff frequency feat 
which the minimum acceptable harmonic attenuation is obtained: Adequate 
harmonic rejection requires that no frequency lower than half the cutoff 
frequency be used. The ratio of the upper and lower passband frequencies is 
thus 0.75/0.5 = 1.5. The number n of filters required then satisfies 2 x (1.5)" = 
30 MHz, and hence n =7 is selected. The ratio r of passband frequencies then 
satisfies 2r’ = 30 so that r= 1.47. Filter passbands are then 2-3, 2.94-4.42, 
4.34-6.5, 6.38-9.58, 9.4-14.1, 13.84-20.76, and 20.38-30.56 MHz. The lower 
frequencies were obtained by successive multiplication of 2 MHz by 1.47. The 
upper frequencies were obtained by multiplication of the lower frequencies 
by 1.5. 


12.9 Heatsink Design 


The reliability of transistors decreases with increasing junction temperatures. 
Since PAs in general dissipate a significant amount of power, it is important to 
provide them with a heatsink to dispose of the unwanted heat. In Class A 
operation with a resistive load, the maximum power dissipation is twice the 
maximum output power. In Class B operation with a resistive load, the 
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maximum total power dissipation is 2 Vc°?/7?R, about 40.5 percent of the peak 
output power. In either Class A or Class B operation, the presence of 
reactance in the load will increase the maximum dissipation above these 
values, as discussed in Section 12-3. 

Heat flow can be analyzed with a thermal circuit in the same way that 
current flow can be analyzed with an electrical circuit. In Fig. 12-17, the 
dissipated power is analogous to a current-source driver, temperatures are 
analogous to voltages, and each element in the thermal path has a thermal 
resistance © associated with it. Capacitors can also be added [9, 18] to model 
time conStants due to heat storage. 

The first element in the heat flow path is the junction-to-case thermal 
resistance @jc, which is typically in the range of 1 to 10°C/W. The next 
element is the thermal resistance @cy associated with mounting the device on 
the heatsink. This is typically a few tenths of a °C/W, and is minimized by the 
application of a silicon thermal grease and the correct mounting torque [18]. 
(The case-to-air thermal resistance often quoted for small transistors iS 
usually so high that it may be ignored when dealing with large power 
transistors.) The last element in the circuit shown is the heatsink-to-ambient 
thermal resistance @;,4. This resistance may include two parallel components 
corresponding to convection and radiation, as well as a series component 
corresponding to conduction from the mounting site to the surfaces. The 
convection component is usually nonlinear, but fortunately decreases with 
increasing temperature. 

Heatsinks used in PAs are usually extruded-aluminum finned structures 
with a high area-to-volume ratio. The size of the heatsink is determined by 
comparing its required maximum thermal resistance with the curves given by 
the manufacturer. The maximum allowable thermal resistance is determined 
from the maximum allowable junction temperature (typically 200°C), the 
maximum ambient temperature, the amount of power dissipated, and the 
other thermal resistances in the circuit. 


Fig. 12-17 Thermal circuit. 
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Example 12-9.1. Determine the maximum allowable thermal resistance of the 
heatsink for the PA of Example 12-2.1 if Py =8 W, @jc = 3°C/W, and Ocy = 
0.3°C/W; T; must be less than 200°C; and the ambient temperature may be as 
high at 100°C. Assume a purely resistive load: The minimum junction-to- 
ambient temperature difference is 100°C, and 8 W must be dissipated; hence 
the total thermal resistance in the circuit can be no more than (100)/8 = 
12.5°C/W. Since the junction-to-case and case-to-heatsink resistances already 
total 3.3°C/W, the heatsink can have no more than 9.2°C/W. 


1 
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PROBLEMS 


12-1.1. Design a single-ended Class A PA to deliver 25 W to a 50-ohm load. 
Assume that Vcc = 28 V and f = 2 MHz. Specify the performance. Hint. Use 
a transformer to convert 50 ohms into a more suitable load resistance. Note 
that for RF power transformers, the number of turns in a given winding is a 
small integer (usually <5) so that an exact ‘‘match”’ may not be possible. 

12-2.1. Design a Class B PA to deliver 100 W to a 50-ohm load. Assume 
that Vcc = 28 V and f = 2 MHz. Specify the performance. 

12-2.2. Design a complementary version of the Class B PA of the previous 
problem. Select Vcc for maximum efficiency. Specify the ratings and per- 
formance. . 
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12-2.3. Suppose that the load of a Class B amplifier is a parallel pair of 
diodes of opposite polarity (representing an unbiased pair of emitter-base 
junctions, the input to a Class D PA). The secondary of T; in Fig. 12-4a is 
replaced with 2n turns whose center-tap is grounded. The ends of this 
winding are connected to the anodes of the two diodes; the other ends of the 
diodes are grounded. Determine the power input, output, and dissipation for 
sinusoidal current drive, and the best choice for (m/n). Assume that the 
diodes have an infinite reverse resistance and a zero forward resistance with 
voltage drop V,. 

12-3.1. Assume that a battery voltage (Ven) can vary from 24 to 28V 
during its useful life. Design a 27 MHz Class B PA that will deliver 16 W PEP 
to a 50-ohm load over this entire supply voltage range. Use FETs with 
R,, = 2.5 ohm and specify the performance with both high and low values of 
V pp. 

12-3.2. Verify (12-21), (12-22), (12-23), and (12-24) for a Class B PA. 

12-3.3. Consider the PA designed in Problem 12-2.1. Determine the mini- 
mum and maximum load resistance R, (with no load reactance) for which the 
PA can deliver a full 100-W output. Also determine the minimum value of 
shunt reactance and maximum value of series reactance (with a 50-ohm 
resistance) for which the PA can deliver a 100-W output. Specify the 
performance in each of these four cases. Assume that V,., = 1 V and that the 
transistors have 9-A peak current ratings. 

12-4.1. Design a bias supply for the FET PA of Problem 12-3.1 if 
Vos =2V gives the minimum IMD. Use a Zener diode with Vz = 3.3 V and 
Iz = 10mA. 

12-5.1. Derive (12-28) and the expression for the voltage gain of a PA with 
emitter feedback. Assume, when necessary, that ic = B(vge — V,) = is/ Re, 
where B and Rg may vary. 

12-5.2. Design an RF feedback system using transformers to accomplish 
current to current linearization, and describe its characteristics (gain, eu 
impedance, etc.). 

12-6.1. Design a network of transmission line transformers to allow opera- 
tion of the PA of Problem 12-2.1 over the entire 2 to 30 MHz range. Assume 
that Rz; = 1.4ohms and that the driving impedance is to be approximately 
50 ohms (unbalanced). Use the results of Problem 12-3.2 to establish per- 
formance criteria for the transformer nearest the collectors. Then use these 
criteria to design the transformer using a core with the following charac- 
teristics: OD = 3.6cm, thickness = 1.5cm, A, = 3639 mH/(1000 turns)’, A, = 
0.977 cm’, and B,, = 3000 gauss. 

12-7.1. Show that the load presented to PA, in Fig. 12-15a is R for any 
value of I, when R, = R/2. [Remember that R = (m/n)*(2R,).] 

12-7.2. Derive (12-38). 
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12-7.3. Design a hybrid power-splitting and combining network using 
transmission line transformers to combine four of the PAs of Problem 12-6.1 
into an amplifier with a 400-W output. The transformers specified in Problem 
12-6.1 may be modified if necessary. 


Appendix 12-1 R F 
Power 
Transistors 


Detailed discussions of semiconductor theory and RF power transistor con- 
struction can be found in the literature [9]. Three aspects that are of special 
interest to the designer are discussed in this appendix. 
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Packaging 


There are three basic case styles commonly used with RF power transistors, 
and many variations of each style. Figure 12-18a shows a simple stud- 
mounted package, commonly used on older RF power transistors. The stud 
provides for mounting with low thermal resistance. 


Fig. 12-18 RF power transistor package types. (a) Stud-mounted; (b) Stud- 
mounted SOE; (c) flange-mounted SOE; and (d) flange-mounted 
improved stripline. 
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Figures 12-18b and 12-18c show “stripline opposed emitter” (SOE) pack- 
ages with low-inductance “ribbon” leads that connect easily to PC board 
wiring. The emitter is sometimes connected to the case, allowing the two 
emitter leads to be omitted. A problem sometimes encountered with packages 
(a) and (b) is that excessive mounting torque can break the mounting stud, 
ruining the transistor. The flange-mounted package (c) overcomes this prob- 
lem by providing two holes for screws and a large, flat surface for low thermal 


FIG. 12-19 Construction of a bipolar RF power transistor. (From Solid State 
Power Circuits, SP-52, 1971. Courtesy or RCA Solid State Division, 
Somerville, N.J.). 
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resistance. Package (d), commonly identified by various manufacturers’ 
trademarks, provides a better input and output transmission line charac- 
teristics. 


Construction of Bipolar RF Power Transistors 


The ‘“‘overlay”’ and “‘interdigitated” techniques [9] are commonly used to make 
high-power RF transistors. As shown in Fig. 12-19, the base and emitter 
contacts are arranged like interlocking fingers. Along the emitter contact, 
there are several emitter sites. 

The interdigitated construction allows for even distribution of the base 
current, a smaller distance from the base to the emitters, and lower contact 
resistances. The use of many small emitters makes possible local “hotspot- 
ting,” which can lead to a thermal runaway chain reaction. To prevent this, 
resistance (‘emitter ballasting’’) is often introduced in each emitter lead to 
force the current to divide evenly among the emitters. 


Construction of RF Power FETs 


The recently developed VMOS technique [14,28] has made possible FETs 
suitable for RF power applications. In a VMOS FET, the current flows 
vertically (hence the name Vertical MOS) rather than horizontally as in an 


Fig. 12-20 Cross section of a VMOS power FET. “Try mospower ™ FETs in your 
Next Broadband Driver,” 1976. Courtesy of Siliconix, Incorporated, 
Santa Clara, Calif.) 
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ordinary FET. Figure 12-20 depicts a cross section of a VMOS FET, showing 
the V-groove structure not present in conventional FETs. A positive gate 
(and body) potential with respect to the source creates an electric field that 
induces an N-type channel on both faces of the body adjacent to the gate. 
This completes the circuit from the N+ source through the N-channel and 
N-epi-layer, to the N+ substrate. 

VMOS devices are characterized by high current density and a consequent 
low gate to drain capacitance. A low output conductivity results in nearly 
ideal current-source operation. At low current levels, the square-law gate 
voltage to drain current relationship. holds. However, above a certain level, 
increased field strength does not increase the drift velocity. Because of this 
“velocity saturation”’ effect, the transfer characteristic for medium and high 
current levels is linear. 

FETs for RF power applications had just been introduced when this was 
written. However, FETs offer several significant advantages over BJTs, 
including lower drive power and absence of storage time. Also, since there is 
a negative temperature characteristic, FETs are not subject to thermal 
runaway, current hogging, hotspotting, and second breakdown. In switching- 
mode operation (discussed in Chapter 14), VMOS FETs can pass drain 
current in either direction (i.e., they are bilateral); BJTs are, for the most part, 
unilateral. 
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1 3 Tuned Power Amplifiers 


Many applications do not require linear RF amplification and can therefore 
make use of the greater efficiency and simplicity offered by Class C tuned 
power amplifiers. Such applications include amplification of CW, FM, and 
AM (double-sideband, full-carrier) signals. The CW and FM signals have at 
most two possible amplitudes; the amplitude variation required for an AM 
signal is accomplished by variation of the supply voltage of the PA. 

A tuned output circuit or filter is a necessary part of a Class C amplifier, 
rather than just a means of. reducing harmonics in the output. In most 
applications where Class C is used, a narrow-band tuned circuit or matching 
network (rather than a broadband filter) is acceptable. The narrow-band tuned 
circuit or matching network can, of course, also be used with Class A and B 
linear PAs when broadband operation is not required. 

It is important for the designer to be aware of the considerable difference 
between vacuum-tube and solid state versions of the Class C amplifier. The 
classical or true ‘‘Class C’’ PA that is widely used in vacuum-tube trans- 
mitters [1] uses its active device as a (possibly saturating) current source. The 
operation of its solid state equivalent is considerably more complex and is 
quite difficult to analyze analytically. It will be called ‘“‘Class C mixed mode” 
to differentiate it from the classical “Class C” PA. 


13-1 Current-Source Class C Amplifiers 
The circuit topology (Fig. 13-1a) of the classical C power amplifier is the same 


as that of the Class A amplifier of Chapter 12. The active device is also driven - 
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Fig. 13-1 Class C amplifier. (a) Circuit; (b) waveforms; and (c) drain current in 
a saturating Class C amplifier. 
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to act as a current source; however, the current waveform it produces is not 
(even in the absence of device nonlinearities) the sinusoidal current desired in 
the load. The current waveform may be a variety of shapes but is most often 
modeled as a biased sine wave of the form 


5 [ —Ipp sin 6, [ — Ipp sin@=0 
is ie hg Laie oe 
This drain current waveform (Figure 13-1b) is thus a piece of a sinewave when 
the device is active or zero when the device is driven into cutoff. Note that 
current Ipg (analogous to the quiescent current in a Class A or B PA) is 
negative in a Class C PA, while the current Ipp (resulting from drive) is 
positive. 

The portion of an RF cycle that the device spends in its active region is 
called the conduction angle and is represented here by 2y. The conduction 
angle is related to both the amount of bias current Ipg and the amount of 


driven current [pp by 


0, Ipp + Ing < 0 (transistor cut off) 
y= 4 7, Ipg—Ipp > 9 (class A operation) (13-2) 
arccos (—Ipo/Ipp), otherwise (class B or C operation) 


Conversely, bias may be written as a function of a drive and conduction angle 
as 


Ing = —Ipp cos y (13-3) 


Note that these expressions include both Class A (y=7) and Class B 
(y = 7/2), as well as Class C, which is defined by conduction for less than 
one-half of the RF cycle (y < z/2). 

The supply current Jy, required with this drain current waveform is its dc 
component 

1 ace 1 Bee! 
Tac = =| ip(@) dd = — Upoy + Ipp sin y) = ——(siny—ycosy) (13-4) 
27 Jo T T 

and the input power is then P; = Vppla:.. Since the dc component of the drain 
current flows through the RF choke RFC, the ac component ic,(@) flows 
through the blocking capacitor C, and ultimately through the load or tuned 
circuit. The tuned circuit provides (ideally) a zero impedance path to ground 
for the harmonic currents contained in ic,(6), thus (ideally) preventing the 
generation of harmonic voltages on the output. (Note that this requires the 
use of a parallel-tuned circuit, rather than a series-tuned circuit.) The parallel- 
tuned output circuit has, however, an infinite reactance to the fundamental 
frequency component of ic,(@), thus forcing it entirely into the load R, where 
it generates output voltage vo(6) = Vom sin 0. 
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The magnitude V,,, of the output voltage is determined by multiplying the 
fundamental frequency component of —ip(@) by R, thus 


2ar 
Ves = =| ip(@)R sin 6d0 = « (4Ing sin y oF 2Ippy te Ipp sin 2y) (13-5) 
0 


foo (2y— sin 2y) (13-6) 
27 
=? 

The second step above is accomplished by using (13-2) to replace Ipg in 
(13-5). The output power is then P, = Vo,7/2R and the efficiency is 7 = P,/P.. 
Note that the relationship between the driven current Ipp and output am- 
plitude V,,, is generally nonlinear (Fig. 13-3), since the conduction angle 2y is 
a function of the driven current Ipp (13-2). Exceptions occur when y= 7 
(Class A) and when y = z/2 (Class B). Single-ended Class B linear operation is 
thus possible if a parallel-tuned output circuit is provided. 

The efficiency of a Class C amplifier, like that of a Class A or B amplifier, 
is generally highest at its peak output, that is, when the drain voltage swing 
Vam = Vom = Vpp. Class C is most often used in applications where there is no 
variation of signal amplitude and where matching networks can be used. 
Consequently, it is usually possible to design a Class C amplifier to operate 
near its peak output and near its maximum efficiency. 

The efficiency at peak output can be related directly to the conduction 
angle; this is especially useful when designing an amplifier to have a specified 
efficiency. Substitution of (13-2) into (13-4) gives Iy, and hence P; in terms of 
Ipp and y. Fixing Vim = Vpp in (13-6) gives Ipp as a function o y. Since the 
output power is then P, = Vpp’/2R, Adel 

Se cy sinly 
- 4(sin y — y cos y) a) 


7] max 


The power output capability (Section 12-1) can also be related to the conduc- 
tion angle. Since ipmax = Ipg + Ipp and Upmax = 2 Vpp, 
Paar ely SIN y 
Prmax 7 UDmax!D max a 87(1 — COS y) (Oe 
The variation of efficiency and power output capability with conduction 
angle are shown in Fig. 13-2. First, observe the familiar efficiencies of 50 and 
78.5 percent for Class A and B operation, respectively. The efficiency of Class 
C operation can be increased toward 100 percent (in an ideal amplifier) by 
decreasing the conduction angle toward zero. The increase in efficiency can 
be attributed to drawing the drain current when the drain voltage is near its 
minimum. However, since this results in increasing the peak value of the 
drain current to maintain the same output, P,,,, decreases toward zero as the 
efficiency increases toward 100 percent. Designing a Class C amplifier there- 
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Fig. 13-2 Efficiency and power capabilities of Class C operation. 
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fore involves a trade-off between efficiency and design ratings, among other 
things. Note that with a single-ended (one transistor) PA for either Class A or 
B operation, Pmax = 4%; this is consistent with Pyax = i for the push-pull Class B 
amplifier of Chapter 12, which has two transistors. 

As mentioned previously, the drain voltage waveform need not be a piece 
of a sinewave. In fact, it usually differs somewhat from the idealized model 
used here. Several other models [2-5] have been used, including exponential, 
quartic, and rectangular shapes, as well as shapes derived from vacuum-tube 
characteristic curves. Results are generally similar [2]. An interesting aspect 
of a rectangular drain waveform is that the amplitude transfer characteristic is 
linear, regardless of the conduction angle [4]. 
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Practical considerations prevent the attainment of the efficiency and 
power output indicated by the foregoing idealized equations. The effects of 
saturation voltage can be determined by using Veg = Vcc — Vea in place of Voc 
in all computations except for input power, just as for a Class B PA. Because 
of saturation resistance R,,, an FET enters saturation (Fig. 12-2) during a 
portion of the RF cycle if the minimum drain voltage Vpp — Vam iS equal to or 
less than IpnRon = (po — Ipp) Ron; note that this differs from the form given in 
Section 12-3 for Class B PAs. The effects of reactance in the load of a Class 
C PA are similar to those in a Class B PA and are treated in the same way 
(Section 12-3). Of 27 


Example 13-1.1. Design a (lass C PA to deliver 25 W to a 50-ohm load with 
an efficiency of 85 ecco CEASE saturation effects). Operation will be at 
50 MHz and the power sour¢ge-will be +12 V: First, Vpp = 12 V and P, = 25 W 
imply a load of R eighres = 2.88 ohms, which should be obtained by 
using a pi-matching ne With a Q of 5 or more. Iterative solution of (13-7) 
aided by Fig. 13-2 (or inspection of Appendix 14-1) gives y = 73.5° (1.282 rad) 
for max = 85 percent. Inserting y and Vm = 12 into (13-6) gives Ipp = 12.97 A; 
(13-2) then gives Ipg =-—3.70 A. From these, the maximum device current is 
Ipmax = 12.97 — 3.70 = 9.27 A: the maximum device voltage is 2X 12=24V. 


The bias and driven currents (Ipg and Ipp) are obtained by application of 
analogous voltages to the gate. 


13-2 Saturating Class C Amplifiers 


Class C power amplifiers are typically driven hard enough to cause the 
transistors to enter saturation during a portion of each RF cycle [6,7]. 
Saturated operation is advantageous because it produces an RF voltage 
source whose amplitude depends primarily upon the drain supply voltage and 
is largely insensitive to variations in the amplitude of the driving signal. This 
property enables the generation of amplitude-modulated signals through vari- 
ation of the drain supply voltage. Additionally, some increases in the output 
power and efficiency are possible. 

The parallel-tuned output circuit is assumed to maintain sinusoidal output 
and drain voltages at all times, as in a nonsaturating Class C PA. While 
saturated, an FET is conveniently modeled as a constant resistance R,,, (Fig. 
12-2). BJTs must be modeled as having both a saturation resistance R,, and a 
saturation voltage V,.,. (The subsequent discussions show only R,,; saturation 
voltage effects are included by using Veg = Vcc — Vsat in place of Vec every- 
where except in the calculation of P;). The collector current waveform (Fig. 
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13-1c) can then be described by 


0, device cut off 
ip(9) = 4 Ipg — Ipp sin 9, device active (13-9) 
(Vpp + Vam sin 0)/ Ron; device saturated 


(In practice, the drain waveform can deviate slightly from a sinusoid, especi- 
ally if R,, and/or the Q of L, —C, is small. However, the resulting operation 
differs only slightly from that described here.) 

The driven current Ipp and bias Ipg determine the overall conduction angle 
2y in the same manner [see (13-2) and (13-3)] as ina nonsaturating amplifier. 
Since saturation begins when the drain voltage equals the voltage drop 
produced by the drain current flowing through the saturation resistance, the 
saturation angle y, (see Fig. 13-1c) is related to the other parameters by 


(cos y,— cos y)IppRon = Vop — Vam COS Ys (13-10) 


As in the nonsaturating Class C PA, the harmonic components of the drain 
current flow through the parallel-tuned output circuit, while the fundamental 
frequency component flows through the load and generates the sinusoidal 
output voltage. The magnitude of the output voltage V,,, can be computed by 
a Fourier integral as in (13-5); however, since Vom = Vam appears in the drain 
current description (13-9), it emerges on both sides of the equation. Rear- 
rangement then produces 


v,, — Ubo(2y = sin 2y) + 4Upp cos y + Vp! Ron) sin ys — Inn@2ys + sin 2ys)IR 
dm 27{1 + (2y, + sin 2y,)R/(27Ron)] 
(13-11) 


Note that Van depends upon y,; substitution of this expression into (13-10) 
produces a single equation with one unknown, y,. A closed form analytic 
solution for y, is difficult because the equation contains both linear (y,) and 
trigonometric functions (sin y,, etc.). However, numerical or graphical solu- 
tions are easily done. 

Once y, has been determined, Vz, may be computed by rearrangement of 
(13-10), and power output is then simply P, = Vom /2R. The supply current I4. 
is determined by integrating the current waveform as in (13-4), producing 


I : SuhaV) Life ; 
ife -> (sin y—ycos y) He Gat Ipp cos y) ai: ea + Ivp) sin y, (13-12) 


Now the input power can be computed as P; = Vppla-, and efficiency is then 
n = P,/P;. The peak drain voltage is Vpmax= Vpop + Vam and the peak drain 
current is [using (13-2)] 


ipmax = [pg + Ipp cos ys = Ipp(cos y, — cos y) (13-13) 
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The power output capability P,ax can then be computed by dividing the actual 
output by the peak voltage and current, as in (13-8). 

The behavior of Class B and C PAs as drive is varied is illustrated in Fig. 
13-3. The output voltage, power, and efficiency increase rapidly with increases 
in the drive level while the transistor remains a current source. Once the drive 
level is sufficient to produce device saturation during a portion of the RF 


Fig.13-3 Characteristics of a saturating Class C PA with R = 10, R., = 0.10, and 
Voo = 1V. 
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cycle, further increases in drive produce only very small increases in output 
voltage. Efficiency peaks just after the drive level that first produces satura- 
tion, and power output capability begins to decrease immediately when the 
device begins to saturate. Since all of the above characteristics vary with 
drive level rather slowly after saturation has begun, stable operation with 
nearly maximum efficiency and output capability can be achieved by driving 
the PA just hard enough to produce saturation of the transistor. 


Example 13-2.1. Determine how the circuit of Example 13-1.1 behaves if an 
FET with R,, = 0.288 ohm is used and other parameters are unchanged: First 
note that R./R=0.1 so that the curves in Fig. 13-3 can be used by nor- 
malization. To get output voltage of the example amplifier, the value of Vo» in 
Fig. 13-3 is multiplied by 12; the current is similarly multiplied by 12/2.88 = 
4.17. Thus in Fig. 13-$, Ipp = 12.97/4.17 = 3.11 A. Using that value, y = 1.25 
radians, y,=0.39 radians, V,,, = 0.89 x 12= 10.32 V, »=72 percent and 
Prax = 0.1 from Fig. 13-3. Using the above, P, = 10.327/(2 x 2.88) = 18.5 W, 
P; = 18.5/0.72:= 25.7 W, and Iq, =12/25.7=0.47 A. Also tpmax — 12402 
20.32 V; hence, ipmax = Pol(PmaxUpmax) = 9-1 A- 


13-3. Solid-State Class C Mixed-Mode Amplifiers 


Although most narrowband solid state tuned power amplifiers are commonly 
called ‘‘Class C,’’ they resemble the previously described classical Class C 
mode of operation more through their use than in their method of operation. 
The solid state version is therefore ‘called ‘“‘Class C mixed-mode”’ in this text 
to distinguish it from the true Bass C”’ mode of operation discussed in 
Sections 13-1 and 13-2. The reader will occasionally encounter other terms 
(such as “Class C/D” and ‘‘Class D’’) in the literature. 


Differences Between Mixed-Mode and True Class C PAs 


Early solid state (BJT) tuned power amplifier designs [2, 6-8] used the Class C 
concept as in the then prevalent vacuum-tube PAs. However, problems 
encountered in drive and bias, the output circuit, the varactor capacitance of 
the transistor, and its very low saturation resistance forced the nearly uni- 
versal adoption of the Class C mixed-mode concept. (The “‘adoption” of Class 
C mixed-mode appears to be somewhat accidental, having been recognized [9] 
only after it had been in use for some time). A simplified circuit is shown in 
Fig. 13-4. 

One reason for the use of Class C mixed-mode in PAs using BJTs is the 
difficulty in providing the drive and bias necessary for true Class C operation. 
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Fig. 13-4 Class C mixed-mode PA. (a) Circuit; and (b) typical waveforms. 
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An FET may be biased and driven for true Class C operation simply by 
applying the sum of a negative bias voltage and a sinusoidal voltage to the 
gate. (A vacuum tube is similarly biased and driven but requires a parallel- 
tuned circuit to allow the necessary nonsinusoidal grid current.) In principle, 
this technique can also be applied to a BJT. However, in practice, it requires 
unrealistically small inductances in the tuned circuit. Without the parallel- 
tuned circuit, any current driven into or out of the base tends to drive the 
base-emitter voltage immediately to a forward-biased (transistor-active or 
saturated) or a reverse-biased (transistor cutoff) value. This makes it quite 
difficult to control the duty cycle and the collector-current waveform. 

Another reason for the use of Class C mixed-mode in PAs using BJTs is 
that the low saturation resistance and high amount of varactor (voltage- 
variable) capacitance (relative to a vacuum tube or FET) make it difficult to 
maintain a sinusoidal collector voltage waveform. A nonlinear capacitance in 
parallel with an inductance does not act as a simple resonant circuit; instead, 
it produces a voltage waveform containing harmonics in response to a 
sinusoidal current. A sinusoidal collector voltage waveform is therefore not 
obtained even if the transistor is not driven into saturation. The ratio of the 
saturation resistance to load resistance is much lower for BJTs than for FETs 
(or vacuum tubes). As a result, a saturated BJT usually dominates the 
parallel-tuned circuit, flattening the collector voltage waveform. 

It is also somewhat difficult in practice to implement the parallel-tuned 
output circuit required for true Class C operation in PAs employing either 
FETs or BJTs. Suppose, for example, that an output circuit with Q=5 is 
desired for a 50-MHz PA whose load is 50 ohms. To accomplish this with a 
simple parallel-tuned circuit requires 50/5 =10-ohm reactances; hence in- 
ductance of 0.032 wH and a capacitance of 320 pF. In contrast, the series- 
tuned circuit used in Class C mixed-mode PA requires reactance of 50x 5= 
250 ohms, and hence an inductance of 0.8 wH and a capacitance of 12.7 pF. 
The parallel-tuned circuit (or equivalent pi-network) for vacuum tube PAs 
was much more easily implemented because the plate end of the matching 
network required a relatively high impedance. The parallel-tuned output 
circuit facilitated current-source operation of the transistor or tube by provi- 
ding a path for harmonic components of the collector current that did not 
produce harmonic components in the collector voltage. However, the series- 
tuned output circuit has quite different characteristics, since it allows the 
presence of harmonic components in the collector voltage, while preventing 
harmonic currents. Harmonic currents generated by current-source operation 
are forced into the capacitance Cs shunting the transistor. 

There are several additional difficulties in implementing true Class C 
operation in solid state PAs, especially at VHF and UHF. Lead lengths and 
stray reactance become significant. Self-resonant effects make it difficult to 
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obtain nearly perfect bypass and blocking actions. Coupling of the base and 
collector circuits also becomes significant, adding further complexity and 
interdependence of the circuit elements. 


Class C Mixed-Mode Operation 


Class C mixed-mode operation is quite complex and varies considerably from 
one amplifier to another. It is convenient to describe it through a simplified 
example of the operation of the circuit of Fig. 13-4a. The choke RFC1 is 
assumed to have a high reactance at the carrier frequency so that it permits 
only direct current to pass through it. Similarly, the output circuit is assumed 
to have a high Q, thereby preventing passage of all currents except that at the 
carrier frequency. The transistor is considered to be an ideal switch or current 
source, depending on the region of operation, and it is assumed to be shunted 
by a capacitance Cs, which is inherent in the transistor, rather than a discrete 
circuit element. During a single RF cycle, the transistor is driven through its 
cutoff, active, and saturated regions, as shown in Fig. 13-4b. 

At any instant, the difference between the transistor-capacitor current 
[is(@) + ic.(@)] and the output current i,(@) must be the supply current J. 
Therefore, when the transistor is in its active region, the collector voltage 
vc() is determined by the difference between the dc, output, and transistor 
current-source currents charging the shunt capacitance Cs. Operation during 
transistor cutoff is similar, with is(@)=0. When the transistor is saturated, 
vc(@) = V.a, most current flow is bypassed around Cs, and the collector 
current is the difference between the dc supply current and the output 
current. 

Example waveforms for such operation are shown in Fig. 13-4b. The 
magnitudes of the dc input current and the RF output currents are determined 
by several simultaneous constraints that relate one waveform to another. In 
particular, the output voltage and the fundamental frequency component of 
the collector voltage must differ by the fundamental frequency voltage drop 
across the net fundamental frequency reactance of L, — C,. Similarly, the dc 
component of the collector voltage is equal to Vcc, and the de supply current 
Ij, is the dc component of the collector current waveform. Needless to say, a 
general analytic solution for Class C mixed-mode operation is difficult or 
impossible to obtain. Output power may be estimated [10] from 


ra V cat) 4 


eS, Verne (Vcc 
P, ~ 0.625 R = 0.625 R (13-14) 


if the large-signal impedances discussed subsequently are not known. Maxi- 
mum collector voltage and current may be estimated at 4 and 3 times the 
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supply voltage and current, respectively. Both the power output and maxi- 
mum voltage and current values vary considerably from one PA to another. 
The operation of Class-C mixed mode PAs can be predicted through 
numerical analysis [11, 12]. Differential equations are used to relate the state 
of each element of the circuit at a given instant to the previous state of that 
and other circuit elements. For example, when the transistor is active or cut 
off, the collector voltage is 
velts) = vel) + a fog HAE (13-15) 
where At = f,—t,. The equations for the circuit elements are then arranged 
into systems of equations for each circuit state (cutoff, active, saturated). 
Between 25 and 100 steps per cycle are usually sufficient. The program can be 
initiated with either zero or approximate (guessed) initial values. When stable 
waveforms are obtained, a Fourier transform of one cycle will give output 
voltage and power. When analytic solutions for one or more circuit states can 
be found, computation time can be saved by jumping directly from the 
beginning to the end of that state. More elaborate models for the transistor 
may also be used [13]. Also, many computers contain ready-to-run programs 
for numerical solution of differential equations. 


Large-Signal Impedances 


The design of a Class C mixed-mode PA would be a formidable task if 
numerical analysis were the only design tool available. Fortunately, manufac- 
turers often specify large-signal impedances [14] to aid the designer in 
duplicating a given circuit. However, large-signal impedances must be used 
cautiously, since they are valid only at the specified frequency and power and 
in the specified circuit. 

Large-signal impedances are generally determined in the following man- 
ner. The designer optimizes (often by trial and error) the performance (usually 
output power) of a circuit using a particular transistor at a specified frequency 
and supply voltage. The designer then removes the transistor from the circuit 
and measures the impedances (at the carrier frequency) seen by the collector 
and base. The complex conjugates of the measured impedances are then the 
large-signal impedances (Zc and Zz, in Fig. 13-4a) of the transistor at that 
frequency, supply voltage, and output power. For example, if the input to the 
combination of RFC1, L,, C,, and R in Fig. 13-4a measures 2+ j2 ohms, then 
Zc =2-—j2ohms. Although output power is usually the parameter optimized 
by the designer, large-signal impedances could similarly be used to specify 
conditions for maximum power gain or efficiency. 

The large-signal output impedance Zc of bipolar VHF power transistors 
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typically includes several ohms of resistance in series with zero to several 
ohms of capacitive reactance. Power FETs may be expected to have similar 
resistive components but smaller capacitive components in their Z. values. 
The value of Zc is commonly estimated [15] by considering it to be the result 
of a parallel combination of the transistor’s C,, and R, = Vcc’/2P,. However, 
this estimate is not very accurate, since it assumes Class B collector wave- 
forms and ignores the nonlinear component of C,,. 

Large-signal impedances are valid only at the frequency and power levels 
at which they are measured. Since they are the result of several nonlinear 
variables in the circuit, they may be expected to vary considerably (Fig. 13-5) 
with frequency, drive, output power, and supply voltage [16, 17]. The parti- 
cular circuit arrangement may also affect the value of Zc for the same 
frequency, output, drive, and supply voltage, since some harmonic currents 
can circulate in the input and output networks. Large-signal impedances are 
therefore best regarded as an approximation that is useful in making the “first 
cut” design. The designer should expect to do some “tweaking,” even when 
using a design quite similar to the test circuit. 

The maximum ratings for Class C mixed-mode operation are often con- 
fusing and inaccurately stated. Since the collector voltage and current wave- 
forms are not easily observed for VHF operation, manufacturers often state 
maximum values of the supply voltage Vcc and supply current I, instead of 


Fig. 13-5 Variation of large-signal parameters of a 2N3632 with power output and 
frequency [16]. (a) Input parallel resistance and capacitance; and (b) 
output capacitance. (From R. Hejhall, ‘“Systemizing RF Power Amplifier 
Design,” AN282, 1968. Courtesy of Motorola Semiconductor Products, 
Inc., Phoenix, Ariz.) 
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Vcmax and icmax. Even if the maximum instantaneous ratings were stated and 
maximum instantaneous values were known, it would be difficult to utilize 
them properly, because they are somewhat frequency-dependent. For exam- 
ple, the instantaneous collector voltage can exceed the maximum safe dc 
collector voltage if the time duration is very short [18]; this is the case in 
many VHF Class C mixed-mode PAs. In addition, lead inductances prevent 
short-duration voltages from reaching the collector junction, further increas- 
ing the allowable voltage on the collector lead. The safest design procedure is 
to adhere to the manufacturer’s intended use of a given transistor. Although 
this does not guarantee that a thorough analysis of the stresses has been 
made, it probably indicates that a considerable amount of testing has been 
successfully completed. 


Example 13-3.1. Design the output portion of a Class C mixed-mode PA for 
146-MHz operation from a 12.5-V supply. The PA is to deliver 20W to a 
50-ohm load. Use a transistor for which »=60 percent and Zce= 
3.3—j1.7 ohms at the desired output, voltage, and frequency: The 50-ohm 
load is matched to the transistor by a network that produces an input 
impedance of Zé=3.3+jl.7ohms. The choke RFC1 should have an im- 
pedance much greater than this; 25 x |Z-| = 92.8 ohms requires that RFC1 ~ 
0.1 wH. Since n = 0.6, P; = 20/0.6 = 33.3 W and Ig. = 2.67 A. The design of the 
matching network is discussed in Section 13-7. 


13-4 Drive and Bias 


Providing the drive and bias necessary for Class C amplification is a nontrivial 
problem for which there are many varied solutions. In particular, the tech- 
niques for true Class C are quite different from those for Class C mixed-mode 
operation. 


Class C 


Since the input impedance of a VMOS FET is high and constant (relative to 
that of a comparable BJT), proper bias and drive are provided by applying a 
bias voltage added to a sinusoidal voltage to the gate. The gate current 
required is sinusoidal, and any power required is due to capacitive coupling of 
the gate to the drain. Techniques for BJTs are similar in principle but difficult 
to implement in practice, as discussed in the previous section. 

The power required to drive a BJT Class C PA is a complicated function 
of the conduction angle and the device used. Since true Class C operation is 
not commonly used in solid state PAs, the lengthy analysis required to obtain 
exact formulas is not warranted here; such analyses can be found elsewhere 
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for both BJTs [2, 6] and vacuum tubes [1, 3]. However, common to most Class 
C designs is the characteristic that the power gain decreases as the conduction 
angle is decreased to produce a higher collector efficiency. This can be 
understood by assuming a rectangular driving current pulse that dissipates 
power in a roughly constant base input resistance R,z. As the conduction angle 
is decreased, the amplitude of the pulse must be increased to maintain the 
Same output power. The power dissipated in Rg therefore increases roughly in 
inverse proportion to the conduction angle. A trade-off between drive power 
and collector efficiency must therefore be considered in the design of an 
efficient transmitter. 


Class C Mixed-Mode Input Circuit 


The processes involved in the input portion of a Class C mixed-mode PA are 
as complicated as those occurring in the output portion of that circuit. As 
before, it is convenient to explain the operation of the Class C mixed-mode 
PA through an example. A simplified typical driving circuit is shown in Fig. 
13-4a. Components L, and C; (and the capacitance in the transistor) form a 
matching network, and the use of a bias resistor Rpg is optional (discussed 
later). 

Suppose that the drive input is a roughly sinusoidal current source and 
that the instantaneous base current ig(@) is positive. The base diode is 
therefore forward-biased with vg(@)~ V, and the transistor is in either the 
active or saturated region, depending upon the collector voltage v-(6). The 
current flowing in the choke RFC2 is essentially constant over an RF cycle, 
and all ac current thus flows through L,. The transistor remains in an active or 
saturated state until current ig(@) changes polarity and has removed the 
charge stored in the base. At that instant, the base diode becomes reversed- 
biased, and the sum of the currents in L, and RFC2 flows into C, and the 
capacitance of the transistor base. This generates a base voltage that first 
swings negative and then returns to positive. The transistor remains cut off 
until this voltage reaches approximately V,,. 

Driving the base to a positive voltage V, causes it to draw current; since 
that current contains a dc component, a dc path must be provided in the base 
circuitry. If the direct current flows through a resistor Rpg, a negative bias 
voltage Vzgz will be produced. Although this biasing technique is often used in 
Class C mixed-mode PAs, its advantages are not clear, since the conduction 
angle is not readily controlled if the base is driven by an ac current source. A 
disadvantage of using Rgz is that the power that is dissipated in it must be 
supplied by the driver. An alternative is simply to connect RFC2 to the 
ground. Note that the matching network should have a capacitor shunting the 
base to ground to provide an ac current path during cutoff. 
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Since analysis of the driving portion of Class C mixed-mode PAs is quite 
complicated, large signal impedance Zg and power gain G,=P,/Pp are 
commonly specified. These parameters specify the output impedance of the 
base matching network and the amount of drive power required. For BJTs, 
typical values of Zz are a few ohms of resistance in series with a few ohms of 
inductive reactance; typical power gains range from 5 to 14 dB. (Note that this 
reactance is not necessarily inductive.) FETs may be expected to have a Zg 
that includes a few ohms of resistance in series with a few ohms of 
capacitance. In general, both |Z¢| and G, should be higher for FETs than 
those for BJTs for similar applications. 


Example 13-4.1. Specify the input requirements for the PA of Example 
13-3.1 if Zs = 1.64+ j0.78 and G, = 10.8dB: The matching network consis- 
ting of L,; and C, in Fig. 13-4a should provide an output impedance of 
1.64 — j0.78 ohms. Choke RFC2 should have an impedance considerably lar- 
ger than Zg; 25 x|Zs|= 45.4 ohms gives RFC2 = 50nH. The drive power is 
Pp = P,/10'8 = 1.66 W. Determination of the values of L,; and C, is discussed 
in Section 13-7. 


13-5 Amplitude-Modulation Characteristics 


When a Class C power amplifier is used in an AM transmitter, the amplitude 
variation of the carrier is usually produced by variation of the PA collector 
voltage supply (Section 15-3) rather than by variation of the PA drive (as in a 
linear amplifier). The fidelity of this modulation process is a function of the 
drive level and saturation characteristics of the PA, as well as the amount of 
drive feedthrough and voltage-variable capacitance in the collector circuit. 

The capacitive coupling between the base and collector of a BJT produces 
a minimum output signal that is present even when Vcc = 0 (similar effects 
occur in FETs, although the magnitude is different). The amount of ‘“‘feed- 
through”’ can be estimated by considering it to be the result of applying the 
fundamental frequency component of the base-emitter voltage to C,, and the 
collector parallel-load impedance Z,, in series. As shown in Fig. 13-6, this 
feedthrough signal results in nonlinear amplitude modulation at low-signal 
levels. 

Since the feedthrough signal is coupled through a reactance that is generally 
somewhat larger than the collector load resistance, the feedthrough signal is 
generally in phase-quadrature with the amplified output signal. This causes 
phase variation in the carrier (AM-PM conversion) at low-signal levels. 
Although this incidental phase modulation will not be observable by an envelope 
detector, it will produce unwanted sidebands that can interfere with signals in 
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Fig. 13-6 Amplitude-modulation of Class C power amplifiers. (a) Feedthrough 
equivalent circuit; and (b) amplitude and phase of output voltage. 
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adjacent channels. Similar AM-PM conversion effects can be caused by a 
voltage-variable characteristic in the collector capacitance. 

The effects of drive level and saturation resistance upon a classical Class 
C PA can be evaluated using the techniques described in Section 13-2 by 
holding the drive at a fixed level and varying the collector voltage. As 
illustrated in Fig. 13-6, at very high values’ of Vcc, device saturation does not 


'The voltage supplied to the PA is denoted here by Vcc, and is understood to vary with 
modulation. In Chapter 15, it will be denoted by Vccrr to distinguish it from the unmodulated 
supply Vcc. 
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occur and the output of the PA is independent of the collector voltage (as in a 
linear amplifier). At moderate levels of Vcc (and at low levels, if feedthrough 
is ignored), the device is saturated during a portion of each RF cycle and the 
output voltage is a very nearly linear function of the collector supply voltage. 
At moderate to high levels of Vcc, the saturation angle varies with Vcc and 
the output increases nonlinearly with Vcc. It is therefore evident that the 
drive must be just large enough to ensure that the device saturates during a 
small portion of each RF cycle when the maximum desired collector supply 
voltage is supplied. 

Somewhat similar characteristics can be observed for mixed-mode Class C 
PAs. When the transistor is saturated for nearly half of each RF cycle, the 
mode of operation is relatively fixed and the output is a nearly linear function 
of the supply voltage (ignoring feedthrough). Amplitude modulation of the 
Class D and E switching-mode PAs (Chapter 14) is very linear, since their 
active devices are saturated for a fixed portion of the RF cycle. 

Too much drive results in nonlinearity at low outputs, while too little drive 
results in nonlinearity at high outputs. The combination limits the dynamic 
range or modulation index that can be obtained with a given PA at a given 
frequency if the deviation from linear modulation is to be limited to a 
specified level. A practical means of improving the amplitude-modulation 
capability is to modulate both the driver and the PA (Chapter 15). This 
provides both adequate drive for peak output signals and a reduction of 
feedthrough at low output levels. 


Example 13-5.1. Given a PA with Zc =3.3—jl.7ohms, C,, =25 pF, and . 
f =146MHz, determine the maximum modulation index (for amplitude 
modulation) for no more than a 5 percent deviation of the instantaneous 
output amplitude from its desired value. Assume that vge(@) and vc(@) have 
1-V and 11-V fundamental frequency components, respectively: At 146 MHz, 
the reactance of C,, is —j43.6 ohms. When C,, is then combined with the 
+j1.7 ohms of the matching network, it is equivalent to —j42.9 ohms in series 
with a 3.3-ohm load. This implies V, = +j0.051 V;,,.. Since this is in quadrature 
with the desired output, the desired output must be greater than 0.159 V. 


13-6 Frequency Multipliers 


Frequency multiplication is commonly used in FM, AM, and CW transmitters, 
as discussed in Chapter 15. Frequency multipliers usually operate at inter- 
mediate power levels but are sometimes used as output stages in transmitters. 
Many aspects of frequency multipliers are common to power amplifiers. A 
variety of frequency multipliers is discussed subsequently; sometimes these 
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discussions are somewhat qualitative, since useful design data is often not 
available. The designer should note that the input-to-output amplitude 
characteristic of a frequency multiplier is seldom linear and any phase 
variation present in the driving signal is multiplied by the same ratio as the 
frequency. 

A nonlinear transfer characteristic is required to generate harmonic sig- 
nals. The amplitudes of the harmonics depend upon both the amplitude of the 
driving signal and the abruptness of the nonlinearity. Fourier analysis [19] 
shows that the asymptotic decrease in the output voltage or current spectrum 
can be related to the first derivative of the signal waveform that contains an 
impulsive discontinuity. Thus a waveform consisting of a series of impulses 
has a flat (line) voltage spectrum, while a square wave has a line voltage 
spectrum that decreases as 1/f, and a train of half sinusoidal pulses (Class 
B PA) has a voltage spectrum that decreases as 1/f*. The designer may find 
this rule useful in estimating the harmonic output of a multiplier. 


Class A Multiplier Using BJT 


The nonlinearity inherent in the base-emitter voltage to collector-current 
transfer characteristic of a BJT is utilized in the Class A frequency multiplier. 
Such a multiplier has a circuit similar to that of the small-signal amplifier in 
Fig. 4-1, with the output circuit tuned to the desired harmonic of the input 
signal. Operating principles are otherwise the same (i.e., the BJT is biased and 
driven so that it is always in its active region), and the amplitude of the 
harmonic currents generated are given by (4-3) and (4-4) as a function of 
x = Viq/kT. 

As the amplitude of the driving signal (equivalently, x) is increased, the 
collector current changes from a sinusoidal waveform to a waveform with flat 
bottoms and sharp impulsive peaks. Simultaneously, the amplitudes of the 
harmonics increase; the ultimate amplitude of the harmonic currents can be 
calculated using tables of Bessel functions or estimated by noting [20] that for 
large values of x, I,(x)=0.4e*/Vx. Maximum efficiency is obtained by 
selecting a load resistance that results in a voltage swing from V. to 
2Vcc — Vsa, aS IN a power amplifier, and by maintaining the minimum neces- 
sary quiescent current. Increasing the drive amplitude increases the efficiency 
but decreases the power output capability. Design procedures are generally 
similar to those of power amplifiers. 


Class A Doubler Using FET 


The use of an FET with a square-law transfer characteristic in a Class A 
frequency multiplier is limited to applications requiring only frequency dou- 
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bling. The reason for this is that the square-law characteristics procedures only 
dc, carrier-frequency, and second-harmonic components in the drain current. 
Design procedures are similar to those for FET PAs. However, the efficiency 
and normalized output power capability are only 16.7 percent and 0.03125, 
respectively (see Problem 13-6.1). Note that a VMOS power FET has an 
essentially linear transfer characteristic and is therefore undesirable in a Class 
A frequency multiplier. 


Class C Multiplier 


The collector (or drain) current waveform in a Class C, B, or AB power 
amplifier inherently contains harmonic frequency components. Circuits of this 
type may therefore be used as frequency multipliers by making the tuned 
output circuit resonant at the desired harmonic frequency and adjusting the 
conduction angle to maximize the selected harmonic rather than the fun- 
damental. 

Design principles and procedures are generally the same as for Class C 
power amplifiers. The dc input current is given by (13-4) but may be rewritten 
as 


--lemax SUL YY COS-Y : 
paar: Uy PERG (13-16) 


to show its relation to the peak collector (or drain) current. Considerations of 
symmetry show that the components of ic(@) are cosine waves at even 
multiples of the carrier frequency and sine waves at odd multiples of the 
carrier frequency. The amplitude [,,,,, of the kth harmonic component of ic(@) 
is found by a Fourier integral similar to that in (13-5). Thus 


_ 2icmax(cos y sin ky — k sin y cos ky) 


Fema = wk(K— Il — cos y) Ree 


The output voltage is I,m, multiplied by the collector load resistance, and 
other parameters are calculated as for a PA. 

Figure 4.2-3 of [4] illustrates the variation of I,m, with y for k=5. The 
maximum amplitude of the kth harmonic (for a fixed maximum collector 
current) occurs with y ~ 120°/k = 27/3k. As in a Class C PA, reducing y from 
this value increases efficiency and decreases Pax. 


Example 13-6.1. Design a Class C doubler that will operate from Vcc = 12 V 
and deliver 500 mW to a load resistance of your choice. Use a transistor with 
Vat = 0.5 V and minimize the peak current required: Veg = 12—0.5 = Vom, and 
hence P, = 0.5 = 11.57/R and R= 132 ohms. Also, Igm = Voml/R =87mA and 
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Pax iS maximized with y = 45°= 60°. Using (13-17) in reverse, icmax = 316 mA, 


and using (13-16), I, = 68.8 mA. Then P; = 11.5 x 68.8 = 791 mW and n = 63.2 
percent. Finally, Pra, = 0.5/(11.5 X 2) x (0.316) = 0.069. 


Class C Mixed-Mode Multipliers 


Implementation of the high-Q parallel-tuned output circuit required by a Class 
C frequency multiplier is even more difficult than implementation of the 
analogous circuit in a Class C PA. For this reason and those discussed in 
Section 13-3, Class C mixed-mode frequency multiplication is used in most 
solid state frequency multipliers of the “amplifier” type. This mode of 
operation is essentially the same as Class C mixed-mode power amplification 
except that the output current is the selected harmonic frequency rather than 
the carrier frequency. 

In principle, Class C mixed-mode multipliers could be designed using 
large-signal impedances. However, few, if any, manufacturers have charac- 
terized their RF power transistors in a frequency-multiplication mode. Such 
measurements would be more difficult to make than those for Class C 
mixed-mode amplification, since the relative amplitudes of the harmonics 
entering the tuned output circuit are generally higher in a multiplier than in an 
amplifier. 

There is therefore often no convenient method for designing a Class C 
mixed-mode frequency multiplier. The large-signal impedances for Class C 
mixed-mode amplification might be used to make rough estimates of circuit 
parameters. However, in this case allowance should be made for increased dc 
input current (or decreased output current) due to the roughly 1/k decrease in 
the amplitude of the harmonic components of the collector voltage waveform. 
Additionally, experimental adjustment of the driving and load networks will 
be required to obtain the best performance. 

The tuning of a mixed-mode multiplier is generally more critical than that 
of a mixed-mode power amplifier. Also, “idler loops” [21] similar to those 
used in diode multipliers are often used to improve performance. Device 
stress may be increased not only because of the reduced harmonic output for 
the same input, but also because of the negative collector current that is 
sometimes required. 


Diode Multipliers 


The nonlinearity inherent in any semiconductor diode may be used to multiply 
frequency. The most popular diode frequency multipliers use either varactor 
diodes or step-recovery diodes. 

Figure 13-7 illustrates a varactor-diode frequency multiplier [22,23]; 
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Fig. 13-7 Varactor-diode frequency multiplier. 
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matching networks have been omitted for simplicity. The input and output 
ports are coupled to the diode through series-tuned circuits, causing the input 
current and the output current and voltage to be essentially sinusoidal. These 
circuits may be adjusted to have residual reactances at the frequencies they 
pass, and resistor R, is generally considerably larger than the magnitudes of 
the input and output impedances facing the diode. In principle, the varactor 
diode is simply a nonlinear (voltage variable) capacitor and therefore a 
dissipationless frequency converter. In practice, conversion efficiencies 
(P,/P;) of 70 to 80 percent can be achieved. 

The frequency conversion process in this circuit can be analyzed by 
applying the Manley-Rowe equations [24]. However, the designer will 
generally find it easier to modify designs from current application notes. The 
conversion process can be understood by assuming that the amplitudes and 
phases of the input and output currents are known. The diode current ip(@) is 
therefore known and determines through nonlinear integral relationships the 
diode voltage vp(6). This voltage will, in general, contain Fourier components 
at all multiples of the driving frequency. Its fundamental frequency com- 
ponent becomes the input voltage (with addition of the voltage produced by 
i(@) flowing through the net reactance of L,—C,), and its component at kf 
becomes the output voltage [with a similar addition of the voltage across 
L,—C, produced by i,(@)]. The input and output voltages and currents can 
then be used to determine the input and output impedances and power. In 
practice, of course, the multiplier is driven by a current or voltage and finds a 
“solution” consistent with the characteristics of the diode and the amplitude 
of the driving signal. 

Sometimes, the “solution” offered by a circuit with only input and output 
circuits may contain a very high or very low impedance, and will therefore 
convert only a relatively small amount of power without exceeding the 
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diode’s peak voltage and current ratings. Additional degrees of freedom, and 
hence additional ‘solutions,’ can be obtained by adding an idler circuit or 
circuits. These are series-tuned circuits (L2—C, and L;—C; in Fig. 13-7) 
resonant at harmonic frequencies other than the desired output frequency. As 
before, a solution can be determined based upon the diode characteristics by 
assuming values of the amplitudes and phases of the input, output, and idler 
currents. These determine ip(@), hence vp(6), and ultimately the input, output, 
and residual idler impedances. Idler circuits are in practice empirically selec- 
ted and adjusted to improve the power-handling capability of a multiplier 
circuit. 

Frequency multipliers employing step-recovery diodes place an inductance 
in series with the diode. The value of the inductance is selected [25] so that 
energy is stored in the inductor at the instant the charge is completely drained 
from the diode and it switches from a conducting to a nonconducting state. 
This abrupt change in impedance then causes the inductor to generate a 
voltage impulse and hence a relatively flat spectrum. The desired harmonic- 
frequency component is then extracted by a narrowband tuned circuit. 

Any frequency multiplier (including amplifier types) simply multiplies the 
phase or frequency variations of the input signal (i.e., Af in the input 
produces kAf in the output) without distortion as long as the passband of the 
tuned circuits is wider than the bandwidth of the signal. However, frequency 
multipliers seldom have a linear amplitude input-output characteristic and 
often generate phase variations in response to amplitude variations of the 
input. 


Other Frequency Multipliers 


Circuits analogous to the Class D, E, and F PAs in Chapter 14 can also be 
used to multiply frequency. A high-frequency oscillator can also be locked to 
a lower-frequency source through a frequency divider in a phase-locked loop 
(see Section 6-7). 


13-7 Impedance Matching 


Class C PAs (both classical and mixed-mode) are generally used over rela- 
tively narrow frequency ranges and generally require driving and collector 
impedances that include both resistance and reactance. Since the devices are 
driven hard enough to be saturated during nearly half of each RF cycle, the 
output power is a function of the collector supply voltage (usually dictated by 
the application and therefore not a design parameter) and the collector load 
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impedance. Providing the desired collector load impedance is therefore espe- 
cially important in the design of Class C power amplifiers. 

The most obvious purpose of the matching network is to convert the load 
or driving impedance into the collector load impedance (Zé) or the base 
driving impedance (Zg) required to produce the desired output power at the 
specified supply voltage and frequency. The output matching network is also 
often used to reduce harmonics in the output to an acceptable level (although 
this can be done with filters that perform no impedance conversion). It is 
necessary that the matching networks produce the desired impedances at the 
collector or base to the harmonics of the carrier frequency. The simplified 
discussion of mixed-mode Class C PA operation was based upon an essen- » 
tially sinusoidal current flowing into (or from) the matching network con- 
nected to the collector (or base). However, some harmonic currents do flow 
into (or out of) the matching network; hence a change in the matching 
network from that used when Zc or Zz was measured may cause a change in 
the impedances at the harmonic frequencies. This is perhaps an important 
reason why mixed-mode PAs do not always perform like the ones described 
in applications notes. 

There are a number of ways to provide the desired impedance trans- 
formations. Either conventional (‘‘wirewound’’) or transmission line trans- 
formers can multiply or divide impedance but usually cannot add a desired, 
reactive component to match that in Zc or Zz. Discrete circuit elements are 
commonly used in the HF and VHF ranges, while transmission line tech- 
niques are often used at UHF and microwave frequencies. Combinations such 
as transformer and discrete elements or discrete elements and transmission 
lines may be used where convenient. 


Discrete Matching Networks 


There are many types of matching networks that are described in a variety of 
sources [21, 26, 27] as well as in Chapter 3 of this text. The configuration most 
commonly used with PAs is an L-network with a series inductor and shunt 
capacitor. The equations given in Table 3-3.1 can readily be used for deter- 
mining the values of the inductance and capacitance. The ratio of the input 
and output resistances gives the Q of the network, which in turn is used to 
determine first the inductance and then the capacitance. Note that the 
capacitor side of the L-network is connected to the higher of the two 
resistances being matched. The designer will also find the series-parallel 
transformations of Tables 3-5.1 and 3-5.2 useful. 

Figure 13-8a illustrates the use of a single L-network to provide the 
collector load impedance Z%# required for Class C mixed-mode operation of a 
PA. To simplify this discussion, assume that at the carrier frequency, the 
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Fig. 13-8 Discrete matching networks. (a) Single L-section for output; (b) double 


L-section for output; (c) T-section for output; and (d) L-section for 
input. 
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choke RFC has an infinite impedance and the blocking capacitor Cg, has zero 
impedance. The values of C; and L,, are selected to transform load resistance 
R, into the resistive component Rc of the collector load resistance Z%. 
Inductor Li, then provides the reactive component of Z@. In practice, Li, 
and L,, are combined as a single inductor Ly, and the effects of RFC and Cz, 
may have to be considered. The amount of harmonic current allowed to flow 
in the collector circuit is determined (in part) by the reactance of L, at the 
harmonic frequencies. 

The disadvantage of the single L-network described above is that there is 
no freedom in selection of the component values. Consequently, the required 
components may be unrealizable or undesirable and the bandwidth of the PA 
is fixed. For these reasons, impedance transformation is often accomplished 
by.a series of two or more L-networks, as shown in Fig. 13-8b. Elements 
L, and C, transform R, into an intermediate resistance R,; elements L; and 
C, then transform R, into the desired collector load impedance Z%. As 
discussed below, bandwidth is approximately maximized by selecting equal Q 
values for each L-section. The intermediate resistance(s) are therefore selec- 
ted to form a geometric progression from Rc to R, (i.e., R,;/Rc = R,/R)). 

If the various sections of the network did not load each other, each section 
would respond as predicted for a resistive load and the Q of the total network 
would be the square root of the sum of the squares of the Qs of the individual 
sections (i.e., Of = O07 + Q,+---). However, this rule gives only rough 
estimates of the response of a network in which one section may present 
another with a reactive load at frequencies other than the design frequency. 
The response of the total network can be estimated using numerical tech- 
niques by replacing the transistor with an impedance Zc in series with a 
voltage source. However, the assumed linear voltage source iS a poor ap- 
proximation to a transistor in Class C mixed-mode operation; hence the 
numerical response calculation is only approximate. In principle, the input 
impedance of the network could be calculated numerically at a number of 
frequencies; however, few if any manufacturers have characterized the 
performance of their transistors for arbitrary collector load impedances. 

When a higher Q than that possible with a single L-network is desired, 
two approaches may be taken. Figure 13-8c illustrates a T-network, which 
may be thought of as a pair of L-networks back to back with an intermediate 
resistance somewhat larger than R,. A second approach is to increase the 
reactance of L, above that required for the impedance transformation while 
reducing the value of Cz, (increasing its reactance) to cancel that added to L;. 
Thus the net reactance of Cz and L, at the center frequency is that required 
for the impedance transformation, but it is greatly increased at the harmonic 
frequencies. 

Figure 13-8d illustrates the use of a single L-network for matching the 
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large-signal impedance Zg, exhibited by the base of a typical transistor in 
Class C mixed-mode service to a convenient driving resistance Rp. The choke 
RFC is assumed to have a very high impedance, and provides a dc current 
path to the base. Capacitor C, is used to cancel the equivalent parallel 
inductive component of Zz. The L-network (L,; and C,) then transforms the 
resistive component Rg of impedance Zz, into the driving resistance Rp. 
Because L, usually has a high impedance to harmonic frequencies, the 
circulation of harmonic currents generated by driving the (nonlinear) base 
impedance is confined to the base-emitter C, path. Variations of the network 
shown, including multiple L-sections, are also used. 


Immittance Chart 


The Smith chart [28, 29] commonly used for transmission line calculations 
provides a convenient and useful mapping of all possible impedance or 
admittance values to points within a single, finite circle. The immittance chart 
[30] is formed by overlaying two Smith charts so that both impedance and 
admittance coordinates are available on the same chart (Fig, 13-9). The 
immittance chart is very useful in the design of discrete matching networks 
for several reasons. First, series-parallel conversions are made by plotting Z 
or Y values with one set of coordinate values and reading the values of Y or 
Z on the other coordinates. Second, the effects of both shunt susceptance and 
series reactance are readily observed. Third, the Q of an individual L-section 
may be included on the chart, allowing the designer to estimate the Q of the 
network being designed. (When phase-angle lines are included on the chart, Q 
is simply the tangent of the phase angle. Otherwise, constant-Q lines may be 
drawn by remembering that Q =|X|/R.) The use of the immittance chart is 
most clearly explained by an example. 


Example 13-7.1. Design a discrete matching network with Q <3 for a 50- 
ohm load (R,) if the Class C mixed-mode PA requires Zé = 3.3+j1.7 ohm: 
Plot Zé, as shown in Fig. 13-8, and note that R, = 50 ohms is at the center of 
the chart. First, consider a single-section L-network. The addition of the 
shunt susceptance of C,; to the load conductance 1/R, is seen on the 
immittance chart as movement along the 20-mU conductance circle. The 
desired value of C, will result in a 3.3-ohm series resistance component of the 
\ parallel combination of R, and C,. This value is determined by first noting the 
intersection point (Z,4) of the 20-mU conductance circle and the 3.3-ohm 
resistance circle. The susceptance value for point Z, is then read from the 
chart and converted to a capacitance value. The reactance of inductor L, 
converts the capacitive series reactance in Z, into the inductive series 
reactance component of Z%. The reactance of L; is obtained by subtracting 
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Fig. 13-9 Immittance chart design of matching networks. (Adapted from Im- 
mittance Chart 2244, Cincinnati Electronics Corporation, copyright © 
1961.) 
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the —15-ohm series reactance in Z, (read from the chart) from the +1.7-ohm 
series reactance desired in Z%. Inspection of the chart shows that the Q of 
this network will exceed 3, so a two-section network is considered. The 
intermediate resistance R, is the geometric mean of R, and the series resistive 
component of ZZ; hence, R; = (50 x 3.3)"? = 12.8 ohms is plotted on the chart. 
The two L-sections are determined essentially as before: L;— C, must trans- 
form 50 ohms to 12.8 ohms, while L,—C, must transform 12.8 ohms to Zé. 
Inspection of the chart shows that both points Z, and Zp correspond roughly 
to Q=1.7 so that the overall Q should be roughly V2 x 1.7 = 2.4, which is 
satisfactory. Reading the chart then produces the following susceptances or 
reactances for the elements of the network: wC, =34mU, wL,=22 ohms, 
wC, = 130 m0, and wl, = 5.6+ 1.7 = 7.3 ohms. 


Microstrip Techniques 


Microstrip refers to a transmission line that is included in a printed circuit 
board and therefore often used in matching networks in VHF, UHF, and 
microwave circuits. The input impedance of a transmission line (Fig. 13-10a) 
of characteristic impedance Ro is 


lak exp (j2y1) 
1— K exp (—j2yl) 


where K = (Z, — Ro)/(Z, + Ro) is called the reflection coefficient. Several use- 
ful impedance conversion properties of transmission lines can be derived 
from the above relationship. First, both inductive and capacitive reactances 
(Figs. 13-10b and c) are readily obtained from lines shorter than a quarter 
wavelength with shorted and open terminations (Z,), respectively. Second, a 
quarter-wavelength line with a suitable characteristic impedance can match 
two resistive loads (Fig. 13-10d) or can act as an impedance inverter (Fig. 
13-10e), converting its load impedance to a scaled admittance. Third, a 
half-wavelength line can be used to repeat its load impedance (Fig. 13-10f) 
without change. 

Reactive elements made with transmission lines may, of course, be used in 
matching networks in the same fashion as discrete elements are used. In 
practice, however, transmission line networks differ from discrete networks. 
The microstrip lines subsequently described (Fig. 13-11) use one side of the 
PC board as a ground plane, precluding the construction of series reactances. 
However, the impedance inverter can be used to convert a shunt into an 
equivalent-series element. The quarter-wave matching transformer provides 
an option not available with discrete networks. Also, the length of a line can 
be selected to convert a given impedance into an impedance or admittance 
with a specified resistance, reactance, conductance, or susceptance com- 


Zin = Ro (13-18) 
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Fig. 13-10 Transmission line matching network elements. (a) General trans- 
mission line network; (b) inductance; (c) capacitance; (d) trans- 
former; (e) impedance inverter; and (f) impedance repeater. 
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Fig. 13-11 Microstrip construction. 
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Fig. 13-12 Characteristic impedance of microstrip. (From Solid Circuits, 1973. 
Courtesy of Communications Transistor Corporation, San Carlos 
Calif.) 
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Fig. 13-13 Microstrip effective dielectric constant. (From Solid Circuits, 1973. 
Courtesy of Communications Transistor Corporation, San Carlos, 
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Fig. 13-14 Transmission line matching network example. (Adapted from Im- 
mittance Chart 2192, Cincinnati Electronics Corporation, copyright © 
1961.) 
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ponent, as shown in Example 13-7.2. The designer is cautioned that trans- 
mission line networks do not necessarily provide the same harmonic rejection 
as do the analogous discrete filters, since the impedances of the lines change 
with frequency in ways quite different from the impedances of discrete 
elements. 

The Smith chart or immittance chart can also be used to facilitate design 
with transmission lines (Example 13-7.2). If the chart has been scaled so that 
the value at the center is the characteristic impedance of the line, trans- 
formation of an impedance or admittance is accomplished by simple rotation 
about the center of the chart. The angle of rotation depends upon the length 
of the line, with one complete revolution corresponding to a half wavelength: 

Microstrip lines are implemented on a printed circuit board as shown in 
Fig. 13-11. One side of a double-sided board is left intact to form a ground 
plane. The other side is etched to form conductors above the ground plane. 
The characteristic impedance [15, 31] of such lines is a function of both their 
width to height ratio and the dielectric constant e of the board (Fig. 13-12). 
The propagation velocity is also a function of these parameters; hence to 
determine electrical length the designer must divide the free-space length by 
V €e¢ from Fig. 13-13. 


Example 13-7.2. Design a network to match a 12.85-ohm source to a 50-ohm 
load using a 50-ohm transmission line. Specify the dimensions of the elements 
if they are fabricated on epoxy-glass PC board (e = 4.8) of 1.6mm thickness 
and f = 300 MHz: A line W, is connected to the source as shown in Fig. 13-14. 
The length of this line is selected to produce an input admittance with a 
20-mU conductance component. The length can be determined by drawing an 
arc centered at the center of the immittance chart from Rs toward the load 
until it intersects the 20-mU circle. The admittance Y; = 20 + j30 mU produced 
by a line of length of 0.074A can be canceled by a shunt inductance of 
+j30mU. The latter may be obtained from a short transmission line short- 
circuited at one end. The length of this element (W,) is determined by drawing 
an arc from Y =~ (i.e., a short-circuit) toward the generator until a suscep- 
tance of +j30mU is reached; this gives a length of 0.094A. To obtain an 
R, =50ohms with e€ =4.8 requires W/H=1.8 from Fig. 13-12; this gives 
W = 2.87 mm. Figure 13-13 then gives €.¢ = 3.71. Since in free space, A = 1m, 
Apcr = 1 m/V3.7=52cm. Then W1 and W2 have lengths of 3.8 and 4.9cm, 
respectively. 
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PROBLEMS 


13-1.1. Design the output portion (including a matching network) of a 
Class C PA for maximum collector efficiency (i.e., select y) if Vec = 28 V, 
P, =75 W, and f =50 MHz. The available transistor has maximum ratings of 
60 V and 15 A, and V.a = 2 V. Specify the performance of PA. 

13-1.2. Redesign the above PA to provide maximum output rather than 
maximum efficiency. 

13-1.3. Determine the characteristics of a Class C PA if the collector 
current is a rectangular pulse of amplitude [.,, and width 2y. Compare the 
efficiency and output capability to those of a Class C PA with a biased 
sinusoidal collector current. Determine: y, R, and I,, for the PA of Example 
13-1.1 if a rectangular collector current is used. 

13-2.1. Derive (13-10) by examination of Fig. 13-1c. Then derive (13-11) 
following the procedure discussed in the text between (13-10) and (13-11). 

13-2.2. Determine the required constant bias and drive (Ipg and Ipp) for and 
performance of a Class C PA that uses an FET with R,, = 2.12 ohms. An 
output of at least 15 W into a collector load of 21.2 ohms is required for a Vpp 
that may vary between 28 and 30 V; efficiency is to be roughly maximized. 

13-3.1. Design the output portion (including a matching network) of a 
Class C mixed-mode PA for 40‘W output at 175 MHz with Vcc = 12.5 V if 
Zc = 2.5 — j0.2 ohms and 7 = 0.6. Determine Ig, and P;. 


430 / Tuned Power Amplifiers 


13-3.2. Suppose that a VMOS FET is used in the circuit of Fig. 13-3, and 
hence assume that there are no voltage-variable capacitances. 

(a) Write a computational procedure using equations similar to (13-15) that 
can be used to determine amplifier performance, given gate-source bias 
and driving voltage. 

(b) Implement the procedure in a suitable computer program and use it to 
determine the amplifier performance with a set of parameters supplied by 
the instructor. 

13-4.1. Design the input portion of the Class C mixed-mode PA of 
Problem 13-3.1 if Zg = 2.3 + j2.0 ohms and G, = 7.2 dB. 

13-6.1. Consider a Class A frequency multiplier using a ‘‘square-law”” FET 
[(4-5) or (4-6)]. Verify that the only harmonic current produced is twice the 
frequency of the driving signal. Determine the characteristics (yePae etc: hot 
such a circuit if R,, = 0. 

13-6.2. Derive (13-17) by performing a Fourier integral of (13-1); see Fig. 
13-16 for clarification. 

13-6.3. Design a broadband Class C tripler with minimum peak current for 
operation from 12V to deliver 5W into a 50-ohm load. Use BJTs with 
Vu 0.5 V. 

13-7.1. Verify that for a network of independent (i.e., circuits that do not 
load each other) circuits resonant at the same frequency, the sum of the 
squares of the Qs of the individual circuits equals the square of the Q of the 
composite network. Hint: Use resistively loaded parallel-tuned circuits. Drive 
each with a current source controlled by the voltage across the previous 
circuit. Define Q in terms of the 3-dB bandwidth. 

Paes Design a matching network with Q <2.5 for a 50-ohm driver and a 

Class C mixed-mode PA with Z,; = 1.64 + j0.78 ohms. 

13-7.3. Design a network using a discrete element and a quarter-wave 
microstrip to provide a collector load impedance of Z* = 3.3 + j1.7 ohms at 
175 MHz with an ultimate load impedance of 50 ohms. Use epoxy-glass PC 
board (€, = 4.8, H = 0.79 mm) and determine the collector load impedances at 
the second through fifth harmonic frequencies. 

13-7.4. Design a practical network to match a 50-ohm driver operating at 
465 MHz into a PA with Zs = 1.64+j0.78 ohms. Use either microstrip or 
discrete elements to conserve space. The circuit is to be implemented on an 
epoxy-glass board of 1.59-mm thickness. 
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14 High-Efficiency Power 


Amplifiers 


A “high-efficiency” power amplifier is-one that achieves an efficiency greater 
than that normally achieved by a Class A, B, or C PA in the same application. 
There are a variety of high-efficiency power amplifiers and a variety of 
techniques for combining them to accomplish specific objectives (see Chap- 
ters 16 and [1]). Classes D, E, F, G, H, and S are used according to circuit 
topology and/or mode of operation to designate various methods of highly 
efficient amplification. (A brief comparison of different classes of operation is 
given in Appendix 14-1.) The reader is cautioned that these terms are not 
universal; in particular, the terms ‘Class D” and “Class S” are often reversed 
or used interchangeably by other authors. 

The increased efficiency of these PAs results from techniques that reduce 
the average collector voltage-current product (i.e., power dissipation). In 
““switching-mode” PAs (Classes D, E, and S) this is accomplished by employ- 
ing the active devices (BJTs, FETs, or vacuum tubes) as switches rather than 
as current sources. Since an ideal switch has either zero voltage across it or 
zero current through it at all times, it dissipates no power. Other high- 
efficiency PAs (Classes F, G, and H) use special circuit techniques, including 
harmonic resonators and multiple power-supply voltages, to reduce the col- 
lector voltage-current product. A high-efficiency PA is, of course, im- 
plemented with real devices, and hence is subject to the effects of saturation 
voltage and resistance, stray reactances, and nonzero switching time, all of 
which reduce its efficiency from that of an ideal amplifier. 

The higher efficiency possible with these PAs may be utilized in many 
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different ways, the most obvious of which is increased output power. Reduc- 
tion of the de input power required to produce the same output power allows 
reduction in the size of the power supply and/or batteries. Although this is 
especially important in portable transmitters, it is also important in high- 
power transmitters, where the cost of electricity is significant. The percentage 
reduction in the dissipated power can be appreciable, allowing greatly reduced 
size and weight of the heatsink. The lower power dissipation also permits a 
reduction in the device junction temperature, with a consequent improvement 
in reliability. The average efficiency of these amplifiers remains high for AM 
and SSB voice signals, as well as for CW and FM signals; this is not true for 
conventional Class A or B amplifiers. 

The construction of high-efficiency power amplifiers is generally quite 
similar to that of conventional RF power amplifiers for the same power and 
frequency range. The same basic types of chokes, bypass capacitors, broad- 
band transformers, and broadband filters are used. Layout and broadband 
performance of components are somewhat more important, however, since 
harmonic voltages and currents (as well as the carrier component) are present 
in the circuit. Heatsinks are smaller, but are not generally eliminated entirely 
for reasons of safety and reliability. At present, there are few if any devices 
specifically designed for switching-type RF power amplifiers so that the 
designer must choose between RF power transistors and high-speed switching 
transistors (such as computer core drivers). The former offer a greater 
tolerance of overload and mismatch, while the latter offer improved and more 
efficient performance as a switch. 


14-1 Class D Amplification—Idealized Operation 


“Class D” amplifiers [2] were first discussed by Baxandall [3] and have 
recently appeared in AM broadcast transmitters [4] and low-power HF 
transmitters [5]. A Class D amplifier employs a pair of active devices and a 
tuned output circuit. The devices are driven to act as a two-pole switch that 
defines either a rectangular voltage or rectangular current waveform. The 
output circuit is tuned to the switching frequency and removes its harmonics, 
resulting in a sinusoidal output. The efficiency of an idealized Class D 
amplifier is 100 percent. 


Complementary Voltage-Switching Configuration 


The least complex Class D amplifier is the complementary voltage-switching 
circuit shown in Fig. 14-1a. The input transformer causes Q1 and Q2 to be 
driven with currents that are 180° out of phase. Consequently, when Q1 is 
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Fig. 14-1 Complementary voltage-switching Class D PA. (a) Circuit; (b) 
equivalent circuit; and (c) waveforms. 
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on, Q2 is off, and vice versa: The pair of transistors is thus equivalent to a 
double pole switch as in Fig. 14-1b. The capacitor C, is simply a value large 
enough to bypass all ac signal components to ground, thus maintaining a 
constant voltage of + Vcc on the collector of Q1. Note that PNP transistors, 
FETs, or vacuum tubes, as well as NPN transistors, can be used in this circuit 
if suitable drive is applied (possibly by reversing one secondary winding on 
the transformer). 

For the present, a 50-percent duty cycle is assumed. The voltage vc(0) 
applied to the tuned circuit is then a square wave with levels 0 and + Vcc and 
may be represented by 


vex(8) = Vee [5+5 5(0)| (14-1) 


where s(@) is a square-wave function whose amplitude is +1 when sin @ is 
positive and —1 when sin@ is negative. [Note that s(@) is not exactly 
equivalent to the S(t) used in Chapter 7.] Fourier analysis yields 


Ar fit, 1-. Pri 
(@)= 4 (sino +4 sin36+4 sin 50+-- ) (14-2) 


from which 
Tae 2ohe oh Daye 
vc(0) = Vcc (5+ — sin 06+ =— sin39+—=— sin 56+-- :) (14-3) 
2) a 3ar Sa 

This waveform represents a set of voltages that are applied to the network 
consisting of the load resistance R and the series-tuned tank circuit (L, and 
C,). The output current is determined by the response of this network to the 
frequencies present in the switching waveform. The Capacitor prevents any dc 
component from appearing in the output. With a reasonable Q, the input 
impedance of the series-tuned circuit will be very high for all harmonics of 
the switching frequency; also, the harmonic voltages in the switching wave- 
form are smaller than the fundamental frequency component. Harmonic 
currents in the output are thus reduced to negligible levels as far as amplifier 
operation is concerned. However, additional filtering may be necessary to 
reduce harmonic currents in the load to prevent unacceptable levels of 
interference to other transmissions. 

If the series circuit L,-C, is properly tuned, it has zero reactance at the 
fundamental! switching frequency. Consequently, the fundamental frequency 
component of the square wave is applied directly to the load. Since the 
harmonic currents are negligible, 

2Vcc .. 


i, (0) = TR sind (14-4) 


This sinusoidal output current flows through whichever device (Q1 or Q2) is 
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on at a particular time. Consequently, the collector currents are half sinusoids 
with peak values of 2Vcc/7R, as shown in Fig. 14-2c. 

The amplitude V,,, of the sinusoidal output voltage vo(@) is 2 Vccl a from 
inspection of either (14-3) or (14-4). The output power is therefore 


ae Von ae, 2 Voc Biss Vee 
P, = IR wR =~ 0.203 R (14-5) 
The dc input current is the average of i,(6); hence, 
TL aeenon. Ce S 
Tac = T ap? R (14-6) 
and the input power is 
2Vec 
P; = Veclac 7R (14-7) 


The normalized power output capability is determined by normalizing the 
output power (14-5) by the peak voltage of Vcc and peak current of 2Vcc/7R, 
resulting in Pax = 1/7 ~ 0.318. Since the base of a given transistor will usually 
be reverse-biased when the collector voltage is Vcc, BVcsr may be used as 
the device voltage rating. However, a more cautious design that allows for the 
possibility of transients will use BVcgo as the voltage rating. 

A comparison of output power (14-7) and input power (14-5) shows that 
the efficiency is 100 percent. This comes as no surprise, since the devices 
have zero voltage when they conduct current and zero current when they 
have a nonzero voltage. The power output of the same circuit configuration 
operated in Class B is 78.5 percent of the Class D power output, and one may 
think of the Class D PA as delivering to the load the power that would have been 
dissipated in a Class B PA. 

Two points should be observed in designing this type of Class D amplifier. 
First, a bypass capacitor (C, in Fig. 14-1a) should always be provided. A 
series choke in the power supply line can be used for further filtering but 
cannot be connected to Q1 without a bypass capacitor, since the current 
drawn by Q1 is a piece of the sinusoidal output current. Second, a series- 
tuned output circuit (or an equivalent, such as a T-network) must be used, 
rather than a parallel-tuned output circuit (or an equivalent, such as a 
a-network). The switching action of Q1 and Q2 imposes a square voltage 
waveform, whereas a parallel-tuned circuit would demand a sinusoidal vol- 
tage. For a simple series-tuned circuit, a Q of 5 represents a good compromise 
between the prevention of harmonic current and coil losses. Additional 
harmonic suppression (beyond that given by the series-tuned circuit) can be 
obtained by inserting standard filters (such as used with Class B PA’s) 
between the series-tuned circuit and the load. 
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Example 14-1.1. Determine the voltages and currents in a complementary 
Class D PA that delivers 25 W directly (without impedence transformation) to 
a 50-ohm load: From (14-5), Vcc = [(a?/2) x 25 x 50]'? = 78.5 V, which is the 
required device voltage rating. From (14-6). [cm =(2/7) X(Vcc/R) = 
(2/77) X (78.5/50) = 1A, which is the required collector current rating. Using 
(14-6) again, we find that the input current is Ig. = 1/7 = 0.318 A. 


Transformer-Coupled Voltage Switching Configuration 


Center-tapped and broadband transformers can be used in Class D amplifiers 
in much the same manner as they were used in Class B amplifiers. One such 
configuration is called the “‘transformer-coupled voltage-switching Class D 
amplifier” and is shown in Fig. 14-2. As in the complementary amplifier, the 
driving signal causes Q1 and Q2 to switch on and off alternately. During the 
half-cycle when Q2 is on, its collector voltage vc(@) is zero. This places a 
voltage of Vcc across one-half of the primary winding of the transformer, 
which is transformed to (n/m)Vcc on the secondary winding. When Q1 is on, 
Vcc is applied to the other half of the primary, causing (—n/m)Vcc to appear 
on the secondary. The secondary voltage is then a square wave, 


v(6) = = Vecs(0) (14-8) 


and the collector voltages are square waves with levels of 0 and +2Vcc. 
The fundamental frequency component of v(@) becomes the output vol- 
tage, thus by recalling (14-2), Vom = (4/7r)(n/m) Vcc, and the output power is 


8 Vechann Re Voc 


6° a mR, 7 R 


(14-9) 


where R =(m’/n’)R, is the fundamental frequency impedance seen across 
one primary winding of T1 (with the other primary winding open). 

Since one-half of the primary winding is open at any given time, the 
transformed output current must be drawn through whichever winding is 
grounded by the device which is on at that instant. Consequently, the 
collector currents are half sinusoids whose peak amplitudes are (4/7r)(Vcc/R). 
The current drawn into the center tap is the sum of the two collector currents, 
and hence the dc input current is 

I 2 ede (14-10) 
Ca haraaele 
resulting in an input power equal to the output power and 100 percent 
efficiency. The normalized power output capability P,,,,= 1/7, as in the 
complementary amplifier. Construction details of a circuit of this type for 
amateur HF use are given in [5]. 
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Fig. 14-2 Transformer-coupled voltage-switching Class D PA. (a) Circuit; and 
(b) waveforms. 
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Example 14-1.2. Design a push-pull voltage switching Class D amplifier to 
deliver 50 W to a 50-ohm load. Here Vcc may not exceed 28 V, and 28-V 
devices (Vcmax = 56 V) are to be used. All impedance transformation must be 
done in the transformer. Specify Vcc, the turns ratio, device current ratings, 
and the dc input current: First, from (14-9), R < (8/7r’)(287/50) = 12.7 ohms. 
The most convenient choice is n/m = 2; hence, R = 12.5 ohms. For this load 
(14-9) gives Vcc =27.8V. Next, the discussion following (14-9) gives the 
device current peak rating at 2.83 A. Finally, ( 14-10) gives the input current as 
Tac = 1.80 A. ; ; 


Transformer-Coupled Current Switching Configuration 


The current-switching Class D amplifier (Fig. 14-3) is the dual of the voltage- 
switching push-pull Class D amplifier because the voltage and current wave- 
forms are interchanged. As before, the devices are driven on and off in 
opposite phase. However, the choke (RFC) in the dc input line forces a 
constant current I;, (whose amplitude will be determined later) into the 
transformer center-tap. Whichever device is on takes the entire dc input 
current, resulting in square-wave collector currents whose levels are 0 and [4.. 
Transformation of these currents from half of the primary winding to the 
secondary winding produces a square-wave secondary current 


i(@) = Tacs (8) =in Tac (in 6 + sin 30 +--+) (14-11) 


The parallel-tuned output bypasses the harmonic components of i(@) to 
ground, allowing only the fundamental-frequency component to produce the 
output voltage, whose amplitude is then V,, = (4/7r)(m/n)(acRo). This voltage 
is transformed to the primary winding, where it produces two half-sinusoid 
collector voltages with a peak amplitude of UC, max = 2(n/M) Vom = (8/7) TacR- 
Since the center-tap voltage vcr(@) is half of the sum of the two collector 
voltages, it has a full-wave rectified shape. Since there is no dc voltage drop 
across RFC, the peak value of vcr(@) must be 7V¢,/2, fixing the peak 
collector voltages at Vcc. This in turn determines the output voltage (given 
m and n) and the dc input current 


_w™ Voc 


Tac = 8 R (14-12) 


This value may now be substituted into the previous equations to relate 
them to Vcc. Power input and output are 
2 Ver 


Pe = P; = eS R (14-13) 
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Fig. 14-3 Transformer-coupled current-switching Class D PA. (a) Circuit; and 
(b) waveforms. 
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Although the output power (given the same values of Vcc and R) is not the 
same as for the voltage-switching configuration, Pax = 1/7 is the same. The 
choice of configuration then depends on the supply voltage, load, and 
frequency of operation (since the devices must switch faster with a square- 
wave collector current). 


Example 14-1.3. Design a current-switching Class D PA to deliver 10 W to 
R, = 50 ohms. Assume that n/m =2, R = 12.5 ohms, and Vcc <12 V. By the 
use of (14-13), Voc = V(8/m7) x 10 x 12.5 = 10.1 V. From (14-12), the de input 
and peak collector current are I, = (77/8)(10.1/12.5) = 1.0 A. From the text 
preceding (14-12), v¢max = 7Vcc = 31.7 V. For Q=5, L, and C, have reac- 
tances of 50/5 = 10 ohms. 


14-2 Class D Amplification—Practical Considerations 


The previous section discussed the operation of an idealized Class D PA in an 
idealized environment. This section discusses some practical design con- 
siderations, including the effects of load reactance, drive requirements, and 
the effects of shunt capacitance and saturation voltage and resistance. 


Reactive Loads 


A complementary voltage-switching Class D PA whose load contains a reac- 
tance jX at the fundamental frequency is shown in Fig. 14-4a. As before, the 
series-tuned circuit will reduce output currents at harmonic frequencies to 
negligible levels as far as amplifier operation is concerned. The collector 
voltage waveform is unchanged by the load reactance, but the output current 
(and voltage) are shifted in phase relative to the collector voltage waveform, 
as shown in Fig. 14-4b. Because of the phase shift, both i,(@) and i,(6) in Fig. 
14-1b will tend to be negative during a portion of each RF cycle. 

If VMOS devices are used for Q1 and Q2, the negative drain current can 
be passed without damage. However, bipolar transistors in general do not 
conduct in the reverse direction. If no path is provided for the reverse- 
direction current, it will charge the stray capacitance C,, producing a large 
voltage spike that can damage the transistors. A suitable reverse-direction 
current path is provided by diodes D1 and D2 in Fig. 14-4a. The sinusoidal 
output current then always passes through one of the four devices (Q1, Q2, 
D1, or D2), as shown in Fig. 14-4b. The BJTs used in a transformer-coupled 
Class D PA may similarly be protected by diodes connected from the emitters 
to the collectors. Devices used in current-switching Class D PAs may be 
protected from negative collector voltages by placing diodes in series with the 
collectors. 
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Fig. 14-4 Class D amplifier with reactive load. (a) Circuit; and (b) waveforms. 
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A reactance in series with the load also reduces the amplitude of the 
output current. If Z = R + jX, the output power of a complementary voltage- 
switching PA will be reduced to 


(14-14) 


where p =|Z|/R is the same quantity used in Section 12-3. The efficiency of a 
Class D amplifier is essentially unchanged by load reactance. 


Example 14-2.1. Determine the reduction in power if a series reactance as 
large as 50 ohms results from detuning the output circuit in Example 14-1.2. 
Determine the feasibility of compensating by increasing Vcc. First, |Z|< 
70.7 = V2 x 50. By analogy to (14-14), replace R in (14-9) by |Z|?/R; thus 
P, = 50/V2 = 35.4 W. To compensate would require Vcc = 27.7 x 2'4 = 32.9 V, 
and hence vc max = 65.8 V, which exceeds the stated device ratings. However, 
with suitable device ratings Vcc can be varied to maintain P,. 


Drive 


The driving circuitry of a Class D PA has much in common with that of a 
Class B PA. However, since linear device operation and quiescent current are 
not needed in a Class D amplifier, base or gate bias is seldom used. The 
driving signal must be sufficient to ensure that the devices are saturated and 
cut off during the proper parts of the RF cycle; design procedures usually 
assume worst-case conditions of gain, temperature, and other parameters. 
Thus although a current-switching PA must be driven by a square-wave 
signal, a voltage-switching PA can be driven by either a square-wave or 
sine-wave driving signal. The later is usually preferable because it takes less 
power and reduces BJT storage time relative to that when square-wave drive 
is used [6, 7]. 

Figure 14-5 depicts the input portion of a voltage-switching Class D PA 
using BJTs and the waveforms associated with sine-wave-current drive. As in 
a Class B amplifier, the sinusoidal current driven through the transformer 
primary causes a half-sinusoid current to be driven into each base. The 
current flowing into a given base causes the base voltage to rise to its ‘‘on” 
value, V,(~0.7 V). Reflection of this voltage through the transformer places a 
voltage of — V, on the other transistor, ensuring that it is cut off. 

The square-wave voltage on the bases appears on the transformer primary 
winding as a square wave with levels + (n/m)V,. The impedance presented to 
the driver is then the ratio of the amplitudes of the fundamental-frequency 
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Fig. 14-5 Driving a Class D PA using BuTs. (a) Circuit; and (b) waveforms. 
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component of vpr(@) and the driving current. Hence 


Pas 
Rpr = lia (14-15) 
The driving power required is then 
Ppr = = V Iam (14-16) 


The peak base current Iz, must be large enough (i.e., at least I.,/8) to sustain 
the collector current. Note that the driving resistance is a function of the 
amplitude of the driving current and is not related to transistor characteristics 
other than V,. Because of this, the driver output current must be limited to 
prevent damage to the PA transistors [5]. 

The drive for a voltage-switching PA using FETs must produce large- 
enough gate sinusoidal voltages to ensure dc saturation and cutoff; the 
circuitry is quite similar to that of Class B PAs using FETs. The square-wave 
collector or drain current of a current-switching PA requires the application 
of a square-wave base current or gate voltage. For a PA using BJTs, this 
produces a driving impedance of Rpr =(n*/m’)X(V,/Ipm) and requires a 
driving power of Ppr = V,Ipm; aS in voltage-switching amplifiers, the drive 
current must be limited. 


Example 14-2.2. Determine the drive requirements of the amplifier of 
Example 14-1.2 if 8B =20 and V, =0.8, and design a transformer that brings 
the driving impedance to within 20 percent of SOohms: First Ip, = 
2.83/20 = 142 mA. From (14-16), Ppr = 2/7(0.8)(0.142) =72 mW. If n/m = 1, 
R = (4/7)(0.8)/(0.142) = 7.17 ohms, which is too low. However, n/m =3 
produces an acceptable Rpr = (57/2”)(7.17) = 44.8 ohms. 


Saturation Voltage and Resistance 


The saturation voltage of BJTs (Section 12-3) affects Class D amplification in 
much the same manner as it affects other classes of operation. The supply 
voltage Vcc is replaced with an effective voltage Vg in all calculations except 
input power. For the transformer-coupled Class D configurations, V.g = 
Vcc— Vsa, While for the complementary configuration, Veg = Vcc — 2 Vsat. 
Efficiency is reduced from the ideal 100 percent to Veg/ Vcc. 

Both the complementary and the transformer-coupled voltage switching 
configurations place the FET on-resistance R,, effectively in series with the 
drain load R. Therefore, as for the Class B PA (12-19), Veg = VppR/(R + Ron) 
is used in place of Vpp in all calculations except the input and peak drain 
voltage, which is 2Vpp rather than Vpp + Vg. The later deviation from the use 
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of V.g with Class B PAs arises because the drain voltage is pulled to zero at 
the instants when the drain current is zero. 

The current-switching Class D configuration differs from the voltage- 
switching configurations by placing Ron effectively in the path of Iy, rather 
than i,(6). As a result, 


Rac 


Vane CUR STR 


(14-17) 


where Rg = 8R/77’ is the resistance of an ideal amplifier as seen by the power 
supply. 


Shunt Capacitance or Series Inductance 


The switching in a Class D PA is generally shunted by a small capacitance C,, as 
shown in Fig. 14-4a. This capacitance is composed of the C,, of the tran- 
sistors as well as stray circuit capacitance. Each time that Q1 is turned on, C, 
is charged essentially instantaneously to Veg (or Vpp if Q1 is an FET). Each 
time Q2 is turned on, the energy stored in C, is dissipated. Since this occurs 
once during each RF cycle, the power consumed is [8] 


1 | 
P, = C,Vinf = 5, Bs Vig (14-18) 


where B, represents the susceptance of C, at the frequency of operation. 
Note that C, produces an increase in input power but does not change the 
output power. 

If a transformer-coupled voltage-switching Class D PA has a capacitance 
C, shunting both Q1 and Q2, both shunt capacitances must be charged to 
2V.¢ once each cycle, hence 


P, = C2Veg)"Of) = 8 C.Venh == BV (14-19) 


A quick comparison of this to (14-18) seems to indicate that the com- 
plementary configuration is more efficient than the transformer-coupled 
configuration. However, since the later essentially distributes the same total 
shunt capacitance to two locations and operates at half of the supply voltage 
used by the former (for the same ratings and output), the total power loss is 
roughly the same for each. 

An inductance L, (due to lead length and the transformer) in series with 
the collector leads in a current-switching Class D PA causes an analogous 
reduction in efficiency. Twice during each RF cycle, the current in an 
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inductance L, must be changed from 0 to Ix essentially instantaneously, 
consuming 


Pe = ($1.14) 2p) = LAT y = 5 Xu = TaeRs (14-20) 


where X, is the reactance of L, at frequency f. This effect acts as a resistance 
R, in series with the de supply and therefore reduces both input and output 
power, as well as efficiency. 


Example 14-2.3._ Determine the effects of a 25-pF shunt capacitance on each 
device in the circuit of Example 14-1.2 if f =7 MHz: From (14-19), P, = 
4(25 x 10°)(27.8)°(7 x 10°) = 0.54 W and P; = 50+ 0.54 = 50.54. Since P, is un- 
changed, 7» = 50/50.54 = 98.9 percent. The input current is increased to Ig. = 
1.81(50.54/50) = 1.83 A. | 


Transition Time 


~ Real devices take a finite length of time to switch from a cutoff state to a 
saturated state, and vice versa. Although transition time may be related to the 
amount of shunt capacitance C,, it may also be somewhat independent of it, 
and is often specified in data sheets. The reader should note that switching 
times specified in data sheets generally are for switching rectangular current 
waveforms into resistive loads, and the switching times for Class D service 
may be only about one-fourth of those ratings when sinusoidal drive is used 
[6-8]. 

Any exact analysis that includes transition waveforms will be very com- 
plicated. However, a straightforward analysis is possible by assuming that the 
resultant collector voltage waveform of a complementary Class D PA is 
trapezoidal (i.e., the transitions produce ramp voltage waveforms as in Fig. 
14-6). The time t, required by a single transistor to complete switching is 
converted to an angular portion of the RF cycle as 0, = 27ft,. Both transistors 
are then assumed to complete switching within 26,. The RF output voltage is 
obtained by a Fourier integral of the trapezoidal waveform, and hence 


s 2 

eae = Z V eft = 9s aie eff (1 -&) (14-21) 
7 6, 7 6 

where the approximation is valid only for small values of 6,. The output 

power is then V,,/2R, the input current is Vom/mR (since the current 

waveforms are unchanged in shape), and the efficiency is 


ee T V ef V3 ay Veg sin 6, 
i 2 Vcc Veco Vec 9s 


(14-22) 


Class D Amplification—Practical Considerations | 447 


Fig. 14-6 Transition time in a Class D PA. 
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The above result may be generalized and also applies to both voltage- 
switching and current-switching transformer-coupled configurations. 


Amplitude Modulation 


Because the devices in a Class D amplifier operate as switches, the amplitude 
of the RF output voltage varies directly with the collector supply voltage. 
Collector voltage modulation of a Class D PA therefore produces very linear 
modulation of the RF signal [9]. This is not true of a Class C or Class C 
mixed-mode PA in which the length of time during which the transistor is 
saturated varies with the collector voltage, as discussed in Section 13-5. Some 
deviation from perfect linearity occurs because of variations in saturation 
voltage or resistance. Also, base-to-collector or gate-to-drain feedthrough of 
the driving signal can also lead to a slightly distorted output, as it does in the 
Class C mixed-mode PA (Section 13-5). 


14-3. Class E Amplification 


A Class E power amplifier [10-13] employs a single transistor driven to act as 
a switch and connected to a passive load network (Fig. 14-7). The least- 
complicated load network consists of a series-tuned circuit (L, — C,) connec- 
ting the collector to the load and a capacitance C shunting the collector to 
ground. The shunt capacitance C is composed of the capacitance C; inherent 
in the transistor and capacitance C,, which is added to cause the amplifier to 
achieve the desired performance. Because the Class E PA can utilize the 
capacitance shunting the switch, the power losses that would occur in Class D 
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Fig. 14-7 Class E amplifier circuit. (a) Circuit; and (b) equivalent circuit. 
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service because of that capacitance can be eliminated, thus improving the 
overall amplifier efficiency. 


Operation and Analysis 


The operation of a Class E PA may be analyzed by making four assumptions 
about the circuit: 


1. The choke RFC has a reactance large enough so that the current Ix 
flowing through it is constant. 

2. The Q of the series-tuned output circuit (L, — C,) is high enough so that 
the output current (hence output voltage) is sinusoidal. 
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3. The transistor Q1 is driven to act as a switch S that is either on (with 
zero voltage across it) or off (with zero current through it) except for very 
brief periods of time during the transitions between on and off states. 

4. The capacitance C is independent of voltage (i.e., there are no varactor 
effects). 


These assumptions are similar to those used to analyze other power 
amplifiers, and produce the equivalent circuit shown in Fig. 14-7b. 

When switch S is on, the collector voltage vc(@) = 0; the current ic(@) in C 
is therefore zero; and the collector current is(0) is the difference Ig. — i,(@). 
When S is off, the collector current is(@)=0 and the capacitor current is 
therefore the difference Ij.—i,(0@); the collector voltage waveform is then 
produced by the charging of shunt capacitor C. When switch S changes from off 
to on, any charge in C is essentially instantaneously discharged; the discharge 
waveforms are unimportant, since the total energy involved depends upon only 
the capacitance and the voltage on it just prior to discharge. 

Determination of the voltage and current waveforms of a Class E PA is 
somewhat more difficult than for a Class D PA because neither waveform is 
explicitly specified over the entire RF cycle. The magnitude I. of the dc input 
current and the amplitude Ij, = Vom/R and phase ¢ of the RF output current 
determine the parameters of the collector voltage waveform when the switch 
is off, thus 

woe 4 (y -3) + we sin (@ - y) + o+ yam cos (6 + 6) (14-23) 
where y is the switch off-time (converted to radians) and B is the susceptance 
of the shunt capacitance C at the frequency of operation. The fundamental 
frequency component of this voltage is v\(@), which is applied to R+jX to 
determine the RF output current, voltage, and power. Also, the dc component 
of the collector-voltage waveform must be Vcc. The simultaneous solution of 
the equations generated by these constraints determines the performance of a 
Class E amplifier with a given set of circuit elements and duty cycle [11, 12]; 
the resultant computational procedure is given in Appendix 14-2. A transient 
analysis that does not assume a high Q is also possible [13]. 


Optimum Performance and Design 


All of the elements of the equivalent Class E PA circuit are ideally lossless; 
the only loss mechanism is the discharge of the shunt capacitance when the 
switch changes from off to on. If the circuit elements can be selected so that 
the collector voltage just reaches zero as the switch S turns on, no energy will 
be discharged and the efficiency will be (for ideal components) 100 percent. 
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There are usually a continuum of values of B and X that will produce this 
behavior for a given duty cycle y [11]. 

Optimum Class E operation imposes a further constraint upon the selec- 
tion of B and X: The slope (dvc(@)/d@) of the collector voltage waveform 
must be zero at the time S turns on. This in turn implies that the collector 
current must be zero just after S turns on, as shown in Fig. 14-8. Because 
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both the collector voltage and current are zero at the transition of S from off to 
on, power dissipated in that transition is negligible. A further benefit of optimum 
operation is a reduced sensitivity to small variations in the circuit elements, 
frequency, and duty cycle. 

To determine the values of B and X for optimum operation, it is first 
necessary to set both (14-23) and its derivative with respect to 6 equal to zero 
at 6=7/2+ yy. This yields ¢ = —32.48°, B= 0.1836/R, and X =1.152R. The 
output voltage and power are then 


Von = vee Vec © 1.074 Vec (14-24) 
and ; : 
Dy AU V 
P,= euee ah =~ 0.577 oe (14-25) 


and the input current is Ig = Vcc/1.734R. The peak collector voltage is 
3.56Vcc, while the peak collector current is 2.8614. This gives a normalized 
power output capability of Pmax = 0.0981, which is about 78 and 62 percent of 
those of Class B and D PAs, respectively. 


Practical Considerations 


Output Circuit Q. The values of B and X given above produce optimum 
Class E operation when the Q of the output circuit is very high. Practical 
values of Q in the 3 to 10 range allow some harmonic current to flow. 
Although the principles of operation are unchanged, these harmonic currents 
can cause the collector voltage waveform to be nonzero or have nonzero slope at 
the time of turn on, thus preventing optimum Class E operation. If Q is defined 
by the inductor L, in Fig. 14-7a (i.e., Q = wL,/R), optimum operation with Q<© 
can be achieved by using the following empirically derived formulas [10]: 


_ 1.110Q : 
-o-0678 (14-26) 
_ 0.1836 ile) 

tae (1 7 Oust (14-27) 


It will, of course, often be necessary to insert a filter between C, and R in 
Fig. 14-7a to prevent excessive harmonic currents from actually reaching R. 


Example 14-3.1. Design a Class E amplifier that delivers 25 W to a 12.5 ohm 
load at 4 MHz. Assume an ideal transistor and a Q of 5 for the output circuit. 
Specify device ratings and components: First, using (14-25), Vec = 23.3 V, 
hence, vcmax = 3.56 X 23.3 = 82.8 V. Since n=1, Tac= 25/23.3 = 1.07 A and 
ic max = 6.66 A. From (14-27), B = 0.167; hence C = 664 pF. Since Q=5, G 
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has a reactance of 62.5 ohms and is therefore 637 pF. Using (14-26) gives 
X = 16.02 ohms; L, therefore has a reactance of 16.02 + 62.5 = 78.52 ohms 
and is thus 3.12 4H. The RFC should have a reactance of at least 10R and 
thus should be at least 6.24 wH. 


Frequency Variation. The effects of frequency variation may be deter- 
mined [12] by application of the equations in Appendix 14-2; they are, in 
general, similar to those encountered with other power amplifiers. For 
moderate to high values of output circuit Q, the bandwidth varies roughly 
inversely with Q. It is interesting to note, however, that operation over an 
octave bandwidth with an efficiency (ideally) of 95 percent or more is 
possible. This is accomplished by reducing the Q of L,—C, to a minimum 
(i.e., making C, a blocking capacitor) and providing a high impedance to 
harmonic currents by inserting a filter between C, and R in Fig. 14-7a. 

Variations in frequency, as well as mistuning and changes of B can 
produce negative collector voltage and/or current during parts of an RF cycle. 
The designer should take note of this possibility, since damage to the 
transistor can result. The transistor may be protected by either inserting a 
diode in series with the collector or by placing a diode across the collector- 
emitter junction in the direction of negative current flow. These diodes will 
alter the circuit performance, since they prevent either negative collector 
current or negative collector voltage. However, in doing so, they allow 
broadband operation with an idealized efficiency of 100 percent. This is 
possible because the diode, in effect, lengthens or shortens the duty cycle to 
cause turn-on to occur as the collector voltage reaches zero [12]. 


Saturation Voltage and Resistance. The effects of BJT saturation voltage 
are determined by using Veg = Vcc — Vsat instead of Vcc in all calculations 
except input power. The dissipation due to the resistance R,, of an FET may 
be estimated by assuming its effects on the overall circuit operation to be 
small and integrating is°(@)Ron, over the time period in which the FET is on. 
This leads to an approximate effective voltage of 


R 


Vel~R41.365R,, 


Vop (14-28) 


for a 50-percent duty cycle. 


Transition Time. Optimum Class E operation reduces the power dissipated 
in the transistor turn-on transition to a negligible level. The power dissipated in 
the turn-on transition can be estimated by assuming a linear (ramp) decrease in 
the collector current during the time required to complete the transition; this 
produces a parabolic collector voltage waveform during that interval. In- 
tegration of the voltage-current product then yields a dissipated power of 
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Par 45) 6,P.,, where 6, is the transition time converted to radians. The 
efficiency is then 


alae 3 Ls f 
n=1-758 (14-29) 


in the absence of saturation voltage or resistance. This may be combined with 
other effects by summing dissipated powers or by multiplying the efficiency 
given above by that produced by the other effects without transition-time 
losses. 


14-4 Class F Amplification 


Class F [14 to 16] is probably the oldest practiced method of improving PA 
efficiency, and is also known by such terms as ‘“biharmonic,” ‘“poly- 
harmonic,” ‘‘Class CD,’’ “single-ended Class D,”’ “high-efficiency Class C,”’ 
and ‘“‘multiresonator.”’ A Class F amplifier is characterized by a load network 
that has resonances at one or more harmonic frequencies as well as at the 
carrier frequency. The active device usually operates primarily as a current 
source or a saturating current source, as it does in the Classical Class C PA. 

The third-harmonic peaking amplifier of Fig. 14-9 is an example of Class F 
operation. The transistor acts as a current source, producing the same 
half-sinewave as it would in Class B operation. The fundamental-frequency 
tuned circuit bypasses the harmonics, producing a sinusoidal output voltage. 
However, the third-harmonic resonator makes possible a_ third-harmonic 
component in the collector voltage. The right amount of third-harmonic 
flattens the collector voltage, resulting in both higher efficiency and higher 
output capability. 

To evaluate this amplifier, assume that the half-sinewave collector current 
produces an output voltage of V,,, sin 6, as in a Class B amplifier. Further 
suppose that the amplitude and phase of the third harmonic voltage can be 
controlled. The collector voltage waveform is then 


vc(6) = Vcc a Vie sin 6+ V3 sin 30 (14-30) 


(The third-harmonic cosine component is not desired, since it does not flatten 
the waveform.) Setting Vem3= Von/9 produces maximum flatness (i.e., mini- 
mum peak-to-peak difference for a fixed V,,,) in the collector voltage wave- 
form, as shown in Problem 14-4.1. Maximum output occurs when the mini- 
mum point of vc(@) is zero. Hence, 

9 


i = g Vcc (14-31) 
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Fig. 14-9 Third-harmonic-peaking Class F PA. (a) Circuit; and (b) waveforms. 
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for idealized transistors. Following methods of analysis similar to those used 
with Class B and Class D PAs, 


a V 9 tT 
=— Oe a ‘ 4- 
iia Von oad 88.4 percent (14-32) 


Introduction of a third harmonic of the correct amplitude and phase into 
the collector voltage is important, and can usually be accomplished by proper 
tuning and slight device saturation. Most real-life Class F amplifiers are 
operated with considerable device saturation and have aspects of saturated 
Class C and suboptimum Class E operation as well as Class F operation. 
A common variation may be called ‘“‘second-harmonic peaking.” In this 
amplifier, the device produces a square collector-current waveform, and the 
second resonator allows the introduction of a second harmonic voltage into 
the collector-voltage waveform, producing the first approximation of a half- 
sinusoid. A similar analysis of this configuration shows that the amplitude of 
the second-harmonic voltage should be one-fourth that of the fundamental 
frequency voltage, and hence Von = 4 Vcc, and n = 8/3 7 ~ 84.9 percent. 

A quarter-wavelength transmission line may be used, as in Fig. 14-10, to 
produce the equivalent of an infinite number of resonators. The parallel-tuned 
output circuit produces a short circuit at all harmonic frequencies, but the line 
converts this into short circuits at the even harmonics and open circuits at the 
odd harmonics. As a result, a square-wave collector voltage is possible and 
the device can be operated as a switch rather than a current source. The zero 
impedance at the even harmonics allows them to reach the values necessary 
to satisfy the requirements of the switch, which results in a half-sinusoidal 
collector current. It is useful here to note that the collector voltage in this 
amplifier contains a fundamental and odd harmonic components, while the 
collector current contains a fundamental and even harmonic components. As 
a result, power is generated only at the fundamental frequency. 

An effective voltage Veg = Vcc — Vsat may be used as with other PAs to 
determine the effects of BJT saturation voltage. However, since the peak 
drain current must be double that in a Class B or Class D PA with the same 
output current, the losses in R,, are doubled. Thus 


R 


Vet = ROR, 


Vpp (14-33) 


for FETs. 


Example 14-4.1._ Design a Class F amplifier employing third-harmonic peak- 
ing to deliver 25 W to a 25-ohm load: First, to get 25 W, Vom = (25 X 2 x 25)!” = 
35.4V. From (14-43), Voc = §(35.4) = 31.4.V; thus vc max = 62.8 V. The peak 
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Fig. 14-10 Transmission-line Class F PA. (a) Circuit; and (b) waveforms. 
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output current is 35.4/25=1.41A; hence, the peak collector current is 
2(1.41) = 2.82 A. I = 2.82/27 = 0.90 A so that P; = (0.9)(31.4) = 28.3 W and n = 
88.4 percent. 


14-5 Class S Amplification 


The Class S technique was invented in 1932 [17] but has become popular only 
in the last decade because of the availability of integrated circuits that make 
its implementation practical. This technique may be used for both am- 
plification (Fig. 14-11) or amplitude modulation (Fig. 14-12). Both configura- 
tions use the transistors and diodes to form a two-position switch, as in a 
Class D amplifier. However, the rectangular voltage waveform is applied to a 
low-pass filter that allows only its (slowly varying) dc or average voltage 
component to appear on the load. Different pulse widths (duty ratios) produce 
different average outputs; controlled variation of the pulse width then causes 
the output to vary to produce a desired signal. The efficiency of an idealized 
Class S amplifier is 100 percent. 


Operation 


The circuit configurations for Class S amplifiers and modulators are quite 
similar (Figs. 14-11 and 14-12). In either circuit, the slowly varying average or 
dc component of the voltage waveform v¢2(@) or vp(@) is coupled to the load R 
through low-pass filter L,-C,, producing the output voltage v,(@) and output 
current i,(@). (The low-pass filter has an input inductor and therefore a high 
impedance to the switching frequency and its harmonics—thus preventing 
them from generating significant currents.) The output current i,(@) is 
produced by the application of output voltage v,(@) to load R; i,(6) is drawn 
through the low-pass filter and, at any given time, through one of the 
switching transistors or diodes. An amplifier (Fig. 14-11) produces an output 
current that may be either positive or negative; two transistors and two diodes 
are therefore required, as shown. A modulator (Fig. 14-12) produces only 
positive output current and therefore requires only a single transistor and a 
single diode (as does a switching regulator). The dc blocking capacitor C, in 
the amplifier can be eliminated if both positive and negative power supplies 
are available. 

The output voltage of the modulator can have any value between 0 and 
Vcc. Consequently, the peak output of a Class S modulator is simply 


2 
Potts ao (14-34) 
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Fig. 14-11 Class S amplifier. (a) Circuit; and (b) waveforms. 
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Fig. 14-12 Class S modulator. (a) Circuit; and (b) waveforms. 
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In the amplifier shown, Vom <3 Vcc, and for sinusoidal signals, 


2 2 
View =< Vcc 


Povamp) = IR 8R (14-35) 


In either case, the active devices never experience simultaneous nonzero 
voltage and nonzero current so that the amplifier and modulator are ideally 
100 percent efficient. For a Class S amplifier, Pax =% (the same as that of a 
Class B amplifier). 


Efficiency 


The Class S amplifier, like other switching amplifiers, is less than 100 percent 
efficient because of the effects of saturation voltage, saturation resistance, 
shunt capacitance, and nonzero transition time. The effects of the first three 
can be treated in exactly the same manner as they were with the Class D 
amplifier. Saturation voltage is treated by using Veg = Vcc — Veat, and satura- 
tion resistance is equivalent to a resistor in series with the load. Thus 
Vie = VppR/(R + R.»). Each transition of the switch either charges or dis- 
charges the shunt capacitance, and (14-20) may be used directly with Class S 
amplifiers or modulators that have a single supply voltage of + Vcc. The 
operation of a Class S amplifier from + Vcc doubles the number of transitions 
in which charging current is drawn from the supply and thus requires 
doubling the dissipated power (and R,) given by (14-20). 

The effects of transition time on efficiency can be analyzed approximately 
in a manner similar to that used with the Class D amplifier. However, since 
the current waveforms are different, the formulas derived for the Class D 
amplifier do not apply to the Class S amplifier. In general, the output current 
is essentially constant during the transition interval. If linear transition vol- 
tages and currents are assumed, the power dissipated in one transition is 
Par = 0,’ Veclio|/4a, where 0, is the transition time converted to radians (at the 
switching frequency) and i, is the value of the output current at the transition 
in question. 

Since there are two transitions in each cycle of the switching frequency, 
the average power dissipated (over a cycle of the signal being amplified) is 

92 


Py = =~ VccA (14-36) 
4 


where A indicates the average of the absolute value of the output current. For 
an amplifier with a sinusoidal output, A = Vc°/7R; for a modulator with 
full-wave rectified sinusoidal output (i.e., i,(0) = Vcclsin 0|/R), A =2Vccl7R. 
For a modulator with a raised sinewave output (i,(0) = Vcc(1+ sin 6)/2R), 
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A= Vccl2R. An effective voltage of Veg = VccP./(P. + Pa) may be used to 
include approximately the effects of Py. 


Pulse-width Modulation 


The pulse-width modulation (PWM) required for Class S amplification can be 
accomplished by three techniques. The first uses a voltage comparator and is 
discussed below. The second technique [18] uses an astable multivibrator in 
which the charging currents are varied differentially (i.e., one increases while 
the other decreases). The third technique, which is used in switching regula- 
tors, compares the output of the filter to the input signal and activates the 
switch if the difference in the two voltages exceeds a set value. 

The comparator method of producing PWM is shown in Fig. 14-13. The 
input signal and a triangular wave periodic in the switching frequency are 
applied to a comparator. The comparator produces a “high”’ output when the 
input signal is larger than the triangular wave, and a “low” output when the 
opposite is the case. The result is that the width of the “high”? pulses varies 
linearly with the amplitude of the input signal. 

The linearity of this method of PWM depends upon the comparator’s 
ability to react rapidly to changes in its inputs and upon the linearity of the 
triangular wave. This triangular wave may be supplied directly from a 
function-generator integrated circuit or may be obtained by integration of the 
square-wave output of an astable multivibrator. An active integrator is 
generally more linear, but a simple RC integrator will be less expensive and 
~ will consume less power. 

If an RC integrator is used, there will be a trade off between the amplitude 
and the linearity of the triangular wave. A rising section of the triangular 
wave can be described by 


4 t t? i 
v(t) = Vec(i-e doy) = Vcc (Go-aee tie a +) (14-37) 


As long as t < RC, the peak-to-peak voltage of the triangular wave is simply 
the first term in (14-37) with t =3f,. Similarly, the second term in (14-37) 
represents the difference from an ideal triangular shape, and hence the 
distortion. It is apparent that the ratio of distortion to the peak-to-peak 
voltage improves as the output voltage decreases. 


Example 14.5-1. Design the RC network for a triangle-wave generator with a 
1-V peak-to-peak amplitude and —30-dB distortion, and specify the required 
peak-to-peak square-wave voltage input (Vcc of the multivibrator). The 
switching frequency is 100 kHz and the load will be 1 MQ: First, —30dB is 
equivalent to a ratio of 0.0316. From the ratio of the first two terms of (14-37), 
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Fig. 14-13 PWM generation with a comparator. (a) Waveforms; and (b) block 
diagram. 
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RC = 10 */2(0.0316) = 1.58 x 10°*. To avoid loading by the 1-M@ load, let 
R = 100 kQ, and hence C = 1.58 x 10°*/10° = 1580 pF. From the first term of 
(14-37), Voc = (1)(2)(1.58 x 1074/10 = 31.6 V. 


Distortion Inherent in Pulse-width Modulation 


Pulse-width modulation inherently produces some distortion of the modulat- 
ing signal (as recovered by low-pass filtering) even if the modulator produces 
perfectly timed pulses. The reason for this can be found in the Fourier series 
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expansion of the pulse train. If y (in radians) represents the half pulse width 
(y = 7/2 represents a 50 percent duty ratio), then 


VO Ve foe = >) wa ky (cos e sin k@ + sin *E cos ko). (14-38) 
The pulse-width modulator varies y linearly with the input signal; hence the 
first term in (14-38) varies linearly with the input signal. However, the 
resulting variation (modulation) of the switching frequency and its harmonics 
is inherently nonlinear, resulting in the generation of spurious sidebands, as 
shown in Fig. 14-14. Since some of these sidebands must fall in the signal 
passband, some distortion is inherent in the PWM process. 

The spurious products produced by PWM may be analyzed in a manner 
similar to that used to determine the spectrum of an angle-modulated wave in 
Section 8-9. This derivation is discussed elsewhere [19, 20] and summarized in 
Appendix 14-3. If the input signal is a single sinusoid with amplitude V,,, = 
!Vec, the magnitude of the nth spurious product associated with the kth 
harmonic of the switching frequency (see Fig. 14-14) is 


OVec ( Vin) 
Vin = oo In| ker (14-39) 


Those spurious products whose frequencies (kf, — nfm) fall into the pass- 
band of the output filter will appear in the load as distortion. The magnitudes 
of these products can be calculated using standard Bessel function tables [21], 
and selected values of the ratio of the distortion products to the output signal 
are shown in Fig. 14-15. In this figure, it is immediately apparent that 
decreasing the ‘“‘modulation index” (the ratio of Vom to Vcc) improves the 
distortion to signal ratio, although only limited use of this can be made 


Fig. 14-14 Spectrum of PWM signal. 
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Fig. 14-15 Distortion in PWM. Note that labels refer to the frequency of the 
product in Fig. 14-14. 


Vein, 
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without wasting device output capability. (Most Class S amplifiers use 10 to 
90 or 0 to 90 percent variation of the duty cycle.) It is also apparent that 
increasing the switching frequency produces a rapid decrease in the mag- 
nitude of the distortion. 

While there are many distortion products that fall into a given output 
passband, only the lowest-order product due to the switching frequency 
(k = 1) must be considered in most designs. This may be verified by supposing 
that f; = 3f, and comparing the magnitudes of the products f, —2fn, 2f, — Sf, 
and 3f;—8f,,, all of which are of the same frequency f,,. In many audio 
amplifier and modulator applications where a distortion level of —40dB is 
adequate, f,; must be just more than 5S times f,, (or the highest frequency to be 
amplified). 
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Output Filter and Switching Frequency Considerations 


The output filter must pass the output signal with no more than a specified 
amount of amplitude and phase distortion. At the same time, it must attenuate 
the switching frequency and its harmonics to an acceptable level. A high input 
impedance (5 to 10 times R) must be presented to these frequencies to 
prevent them from drawing current through the switching devices; for this 
reason, the output filter must have a series inductor in its input. 

The filter can be designed using standard techniques [22], keeping in mind 
that the source impedance is zero. A two-section filter (L, — C, in Figs. 14-11 
and 14-12) can be designed by the use of three relationships: First, the 
frequency f, at which L, and C, are resonant is the “‘corner’’ frequency or 
“cutoff” frequency in a straight-line Bode plot. Second, a damping factor of 
¢=0.707 = V L,/C, will give a smooth passband with no resonant peak, and 
—3 dB attenuation with a 90° phase shift at f,. Third, the attenuation of this 
two-pole filter is 40 dB per decade of frequency above f,. 

The maximum allowable distortion, the maximum modulation index, and 
the maximum frequency component. in the signal to be amplified set one 
minimum for the switching frequency. The required attenuation of the 
switching frequency, and the number of poles in the output filter and its cutoff 
frequency set a second minimum for the switching frequency. In general, 
some trade-offs must be made between a lower switching frequency and more 
elements in the output filter. 


Pulse Amplifiers 


Pulse amplifiers are used to boost the output of the pulse-width modulator to 
a level suitable to control the output switching transistors. A variety of 
approaches to this driving circuitry exists [23 to 25]; all must ensure satura- 
tion and cutoff of the output devices under worst-case conditions. 

Figure 14-16 illustrates an example driving circuit for a Class S PA. Zener 
diode D3 is used to accommodate the difference in the comparator high 
output voltage and Vcc. The complementary pair Q3-Q4 ensures rapid 
switching and voltages adequate to maintain cutoff in Q1 and Q2. The base 
currents are limited by series resistors; the low-pass filter effect created by 
those resistors and the base capacitances is overcome by empirically selected 
speed-up capacitors (these are analogous to the adjustable capacitors in 
oscilloscope probes). The functioning of this circuit is best explained further 
by an example. 


Example 14-5.2._ Determine f, and the component values or ratings for the 
circuit of Fig. 14-16 if Vec = 12 V, R = 8 ohms, and V,,, <5 V. The transistors 
have V,=0.7V, Vsa = 0.3 V, and B = 20 V. The comparator output voltage is 
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Fig. 14-16 Example pulse amplifier chain. 
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either 0 V or +3 V. The frequency response must be flat within 3dB from 
100 Hz to 10 kHz, and the distortion and spurious levels must be —40 and 
—80 dB below the maximum output signal. 

The blocking capacitor’s reactance must be no more than 8 ohms at 100 Hz 
for a —3-dB response; hence C, = 200 “LF. If £=0.707 and L, and C, are 
resonant at 10 kHz, that frequency will be attenuated 3 dB; hence, VL,C, = 
1/2 x 10*and VL,/C, = 16, and hence L, = 255 wH and C, = 0.995 nF. A two- 
pole filter produces 80-dB attenuation two decades above its cutoff frequency; 
therefore, f, = 1 MHz. Since f,/f, = 100, inband distortion should be well 
below the 40-dB requirement. 

The peak current in Q1, Q2, D1, and D2 is 3 = 0.625 A; voltage ratings are 
12 V. Since B = 20, the minimum base currents for Q1 and Q2 are 31.25 mA. 
Since Vy + V, =1V, Ri = Ro < 11/0.03125 = 352 ohms. Also, R,; = R, = 330 is 
a convenient standard value and will produce igi, = ip20n = 33.3 mA. The base 
currents of Q3 and Q4 (and hence the comparator output current) are at least 
1.67 mA. 

Similarly, R,< (3 — 0.7)/(1.67 x 107°) = 1.37 kQ; therefore, Rg=1.2k0 is a 
convenient choice and ig4,=1.9mA. Using a 9-V zener diode for D3 will 
allow a base current in Q3 only when the comparator output is low, hence 
R; = 1.5 kQ is a convenient choice and ig3;,, = 1.8 mA. 
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Resistors R3, Rs, Rs, and R, help maintain cutoff; their values are not 
critical (R¢ = 10R> is typical). Values of C;, C2, C3, and C, are typically in the 
range of 10 to 100 pF. 


14-6 Other High-Efficiency Amplifiers 


There are many other varieties of highly efficient amplifiers [1] that the 
designer may find useful in a particular situation. The Class BD technique [26] 
allows an RF amplifier to operate in Class B at low-signal levels and to change 
gradually to a current-switching Class D PA at higher levels. Since the 
amplifier operates closer to its maximum Class B output for low signals, the 
average efficiency for speech-type single-sideband signals may be increased by 
53 percent. 

High-efficiency designs have been incorporated into several recently mar- 
keted stereo amplifiers. These designs have used Class S as well as two new 
techniques, designated Class G and Class H. Both of these techniques are 
best suited for audio amplification or amplitude modulation of a transmitter. 

Class G [27] is usable when more than one supply voltage is available (e.g., 
when power is supplied by batteries connected in series). A complementary 
Class G PA uses four transistors, rather than the two used in a com- 
plementary Class B PA. One pair of transistors operates from the lower 
supply voltages (e.g., +2Vcc) while the other pair operates from the higher 
supply voltages (+Vcc). Only the first pair of transistors act as current 
sources when the output signal is low-level (i.e., Vom < +Vcc); the efficiency is 
thus twice what it would be if the second pair were used. However, when Vom 
equals or exceeds +Vcc, the second pair of transistors become the current 
source and the first pair are cut off. The result is an overall higher efficiency 
for both tone and speech or music signals (see Appendix 14-1). 

The Class H technique [28] resembles the envelope-tracking technique 
discussed in Chapter 16 but acts instead upon the instantaneous signal. The 
basic amplifier is a Class B current-source type. Its collector voltage is varied 
by a highly efficient switching amplifier or regulator to stay just above that of 
the output signal. As a result, the collector dissipation in the current-source 
amplifier is greatly reduced (the efficiency of an ideal Class H PA can be 
arbitrarily close to 100 percent). Any spurious products generated by the 
switching regulator are removed by the current-source amplifier. 
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PROBLEMS 


14-2.1. Design a complementary Class D PA to deliver 100 W to a 50-ohm 
load for 1.8-MHz amateur use. Impedance transformation is to be done by the 
output circuit, and Vcc is fixed at +48 V. Assume that V..4=1V, V,=0.7, 
and B = 20. 

14-2.2. Design a complementary Class D PA for 27 MHzCB use. The 
output is to be 5 W into 50 ohms. Use FETs with g,, = 0.1 mmho and R,, = 
2.5 ohms. Do not use impedance transformation. 

14-2.3. Design a voltage-switching Class D amplifier that delivers 150 W to 
a 50-ohm load. Operation is to be at any frequency in the 2 to 30 MHz band 
for marine SSB communications. Use a supply voltage less than 28 V, and 
28 V devices with V.a=1V, V,=1V, C, = 100 pF, and B = 15. 

14-2.4. Suppose that, in Problem 14-2.3, the available transistors have a 
maximum rating of 5 A and have C, = 50 pF. What differences in the circuit 
design result if the requirements are unchanged? 

14-2.5. An output of 25 W is required for a beacon transmitter in the 200 
to 400 kHz band. The necessity of standby operation from 24 V batteries 
suggests a need for a highly efficient PA. A transformer with n/m = 1 may be 
used, and the load impedance is 20—j500 ohms. Assume an inductor Q of 
100. Also assume that V,..=1V, V,=0.7V, and B = 20. Design a suitable 
amplifier. 

14-2.6. Design a complementary Class D driver amplifier for a PA that 
needs a peak sinusoidal base current of 653 mA and has V,=1. Use BJTs 
with maximum ratings of 200mA that have B = 20, V.41=0.5V, and V,= 
0.7 V. The operating frequency is 10 MHz and Vcc = 28 V. 
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14-2.7. Design a Class B driver for the above application (or show changes 
from the Class D design). 

14-3.1. Design an optimum Class E amplifier for the amateur 6-m band 
(f =52 MHz). A 25-W output into a 50-ohm load from a +12-V supply is 
required, and output circuit matching may be used. Assume that Vor=1 V: 

14-4.1. Verify the assertion in Section 14-4 that V cm3 = Vonl9 gives the 
maximum efficiency in a third-harmonic peaking Class FPA using ideal devices. 

14-4.2. Design a Class F PA for a 121.5-MHz rescue beacon transmitter. A 
250-mW output into a 50-ohm load is required. Use an FET with R,,, = 15 ohms 
and gm = 10 mmho. Use a transmission line resonator/impedance transformer. 
The supply voltage must be no more than the 9 V available from the battery. 

14-5.1. Design a multivibrator and current-source type triangle-wave 
generator. A peak-to-peak output of 4V is required, and Vcc = 10 V. Allow 
for V.a = 0.30 V, V, = 0.7 V, and 100-pF shunt capacitance on each transistor. 
The output is to appear on an 0.001 « F capacitor. The operating frequency is 
100 kHz. 

14-5.2. Design a Class S modulator for operation from a 26 to 30 V power 
source. A +12-V supply is available for low-power stages, and the comparator 
output levels are 6 and 9 V at up to 3 mA. The load is a Class D PA with peak 
inputs of 25 V at 6.42 A. The filter cutoff and switching frequencies are 20 and 
200 kHz, and a spurious level of —80dB is required. Use BJTs with Vi.e= 
0.5V, V,=0.7V, and 6B =15; the output devices have a total C, = 100 pF. 
Zener diodes must dissipate no more than 400 mW. Determine the efficiency 
and current consumption (ignore the + 12-V supply). . 

-14-5.3. Design a Class S amplifier to supply 2.5 W to the 4-ohm speaker of 
a mobile communications transceiver. The power supply is 12 to 14 V, and the 
maximum signal frequency is 3 kHz. Distortion must be no more than —40 dB. 
Use FETs with R,, = 0.5 ohm and g,, = 100 mU. 
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Appendix 14-1 


Appendix 14-2 Performance 
of Class E PA 


The following equations give the performance of a Class E amplifier when 
circuit and operating parameters (B, X, R, Vcc, and y) are known. To use 
these equations, simply do the computations in the order given. The quantities 
do, 41> To: Ti, So, Si, @o, and a, are for computational convenience only. 
Performance parameters ¢, Vom, Rac» Tic, Po, Pi, n, and so forth are defined in 
Section 14-3. This procedure assumes a high-Q output circuit and that the 
transistor can pass negative collector current and withstand negative collector 
currents. 


w = tan (=) p= V1+ X7{R? . (i) 
qo = 2y sin y sin w—2y cos y cos w+ 2 sin y cos & (2) 
q:= 7BRp — y sin w+ sin Ww sin y cos y (3) 
ro = y cos +2 sin’ y sin w—sin y cos & (4) 
r,=2sin’ y cos (5) 
So = 7BRp — y sin +sin & sin y cos y +2 cos w sin’ y (6) 
Ss; =—2siny sin’ y (7) 
&o = GiSo+ GoSi1+ Go%o— Git (8) 
@1 = GoSo— Gilo (9) 


@é = arctan (=), di=Gh+wW 
1 
(a four-quadrant inverse tangent) (10) 


Vom _ [2y sin ¢, sin y — 2y cos ¢; cos y +2 cos ¢ sin y] 
Iy-R  [—2 sin (@ — y) sin y sin @; —3 sin 2y cos (26+ wW)+ y cos w] 


(ose (11) 
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Rac = 5 (L2y? + 2g sin (d — y)] ~2¢ sin o sin y} (12) 


acc (13) 
Tac = Rac 
2 RE yp _ Vom 14 
Ven ge Rk. Vee; Po = 2R ( ) 
eee ae as R (15) 
ae 2 -Ra, 
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Appendix 14-3 Distortion in Pulse-width 
Modulation } 


Assume a single sinusoid output in the circuit of Fig. 14-11. Then Von <i Vig 
and 


(1) 


ETT: Vom 

Vai tyed 

where 0, = @mt, and w, is the frequency of the output signal, as opposed to 
the switching frequency (0 = w,t). Now rewrite (14-36) as 


vc(6) = Vcc [=e > Z( Om) (cos “2 sin k@ + sin ‘e cos ke) ty 


Here the amplitude (modulation) of each component of the pulse train is 


ko Vinee 
2,(Om) = =< sin (= + ka Vic ) (3) 
_ 2Vcc vel : a) ( Ve ° ) ( “r) : ( Vee : )] 
= eyes sin a cos| kar Va Peres rr sin (| k va a 
(4) 


Now the two terms in (4) decompose into familiar Bessel functions: 


V 
q =a am.) 4.9 J,( kr 
) Vcc LP | 


an sin NO, (5) 
Vec 


cos (k 


and 


| Vee = ( V, ) : 
sin 2 oe 
( Voc n=1,3,5,... Jn Voc Sn (6) 


These series of products modulate the components of the pulse train. The 
modulation process divides the amplitude by two [as in (7-12)] and produces 
the amplitude given by (14-37). 
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15 CW, FM, and AM 


Transmitters 


Transmitters for use only with continuous-wave (CW), frequency-modulated 
(FM), or double-sideband, full-carrier amplitude-modulated (AM) signals are 
in general much less complicated than are the single-sideband and multimode 
transmitters discussed in Chapter 16. Frequency-modulated signals (as well as 
phase-modulated and frequency-shift-keyed signals) have a carrier with a 
constant amplitude. Continuous-wave signals require only two carrier am- 
plitudes: on and off. Although an AM signal requires a carrier signal with a 
time-varying amplitude, the amplitude variation can be impressed upon the 
signal by varying the supply voltage of the final power amplifier. Thus CW, 
FM, and AM transmitters can and do utilize Class C, D, E, and F amplifiers 
that do not amplify carrier amplitude accurately but are efficient. 

Transmitter design, in contrast to amplifier design, is based upon a 
block-diagram or ‘“‘building-block’’ approach. A chain of amplifiers and 
frequency multipliers with assigned power gains raises the power output of the 
oscillator to the power output of the transmitter. After a reasonable division 
of the necessary power gain has been made, the several required blocks are 
resolved into specifications for circuits, which can then be designed using the 
techniques discussed in previous chapters. 

Assignment of a reasonable power gain to an amplifier or frequency 
multiplier block requires the designer to be familiar with the constantly 
changing state of the art. Most manufacturers of RF power devices publish 
summary tabulations or charts of the power output and power gain of 
amplifiers using their devices; these tables or charts are usually divided by 
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Fig. 15-1 Typical power gain versus power output of RF power amplifiers. 
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application (frequency range and mode of operation). In general, the power 
gain is higher in Class A or Class B operation, as opposed to Class C, D, E, or F, 
and it decreases with increasing power and frequency of operation. Figure 
15-1 illustrates these tendencies through least-squares fits to the data of one 
manufacturer [1]. Individual devices varied by up to +2 dB in power gain from 
the curves shown. 


15-1 CW Transmitters 


The organization of CW transmitters illustrates the types of RF amplifier 
chains that are also used in FM and AM transmitters. Three basic amplifier 
chains are illustrated in Fig. 15-2 and discussed in this section. (Note that 
power supplies, interstage matching networks, and other more-or-less obvious 
circuitry are not included in this and subsequent figures for simplicity.) A 
fourth approach that will be discussed in Section 15-3 and Chapter 16 uses 
frequency translation. 


Simple, Single-Frequency Chain 


A simple, single-frequency chain for a CW transmitter is shown in Fig. 15-2a. 
The design of a suitable RF amplifier chain often begins by estimating the 
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Fig. 15-2 Basic CW transmitter configurations. (a) Simple, single-frequency 
chain; (b) simple chain with frequency multiplier; and (c) compound, 
single-frequency chain. 


Oscillator Amplifier no. 1 Amplifier no. 2 Amplifier no. 3 


(a) 
Frequency 
Oscillator Amplifier no. 1 multiplier Amplifier no. 2 Amplifier no. 3 


(b) 


Amplifier no. 3A 


Oscillator Amplifier no. 1 Amplifier no. 2 


Power 
splitter 


Power 
combiner 


1 
Po3B = 5 Po 


Amplifier no. 3B 


(c) 


output power P,,. of an oscillator operating at the desired output frequency. It 
is then necessary to devise an amplifier chain to boost the oscillator output to 
the desired output power P, of the transmitter. 

The total power gain of the amplifier chain is 


Po 


Osc 


Gp chain = 10 log (15-1) 
Designing a transmitter configuration requires making reasonable apportion- 
ment of this gain among several individual amplifier stages. Current RF power 
transistor applications literature and data sheets (or Fig. 15-1) must be 
consulted to estimate reasonable power gains for the particular power output, 
frequency, and mode of operation. Transmitter design is often an iterative 
process, since the detailed circuit design (particularly of the oscillator and 
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final output power amplifier) may reveal insufficient or extra available power 
or power gain. Transmitter input power and efficiency can be estimated by 
applying reasonable assumptions about efficiency to each stage. 

Class A amplifiers are generally used in low power stages (100 mW or less) 
because their contribution to overall transmitter efficiency is small and 
because their gain is higher than that of similar amplifiers in other classes of 
operation. Class C mixed-mode is most often used for intermediate and 
high-power output stages (1 W and higher) or modern, solid state transmitters 
for CW, FM, and AM service. Classes D, E, and F can be used when high 
efficiency is required and when the power level and frequency of operation 
permit. 


Example 15-1.1. Design an amplifier chain for a CW transmitter with P, = 
25 W. Assume that an available oscillator has a 10-mW output and that Class 
A and C amplifiers for the desired frequency range have power gains of 15 
and 10 dB, respectively. Estimate the transmitter current requirements (from 
a 12-V supply) if the oscillator and Class A stages have 30 percent efficiency 
and the Class C stages have 60 percent efficiencies: First, Gp chain = 10 log 
25/0.01 = 34 dB; this suggests one Class A and two Class C mixed-mode stages 
configured as in Fig. 15-2a: 


Stage Class Gp Po n P; 
Oscillator — — 10 mW 0.3 0.033 W 
Amplifier No. 1 A 14dB 250mW 0.3 0.833 W 
Amplifier No. 2 C m-m 10 dB 2.5W 0.6 4.167 W 
Amplifier No. 3 C m-m 10 dB 25W 0.6 41.667 W 

(Final) 


The total power consumption is then 46.7 W; the overall efficiency is 53.5 
percent; 3.9 A are required from the dc supply. 


Chains with Frequency Multiplication and/or Hybrid Couplers 


Frequency multipliers and/or hybrid power splitters and combiners can be 
used in CW, FM, and AM transmitters to increase both design flexibility and 
transmitter capability. Design procedures differ only slightly from those for 
simple, single-frequency chains. 

The inclusion of a frequency multiplier in the amplifier chain (Fig. 15-2b) 
allows the oscillator to operate at a submultiple of the desired output 
frequency. This may result in a more stable and/or less-expensive oscillator 
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and oscillator crystals. In addition, operation of the oscillator and high-power 
stages on different frequencies reduces the effects of accidental RF feedback 
and therefore reduces the tendency of the transmitter toward spurious oscil- 
lations. 

Frequency multipliers can be either passive (diode) or active (Class C) 
mixed-mode or voltage-driven Class A BJT) types as discussed in Section 
13-6. Passive multipliers have small negative power gains (typically ~} to 
— 6 dB) while active multipliers have positive power gains that are slightly less 
than power amplifiers for the same frequency and power. A single stage is 
generally used to multiply frequency by a factor of 2 or 3. The multiplication 
of frequency by factors of 6 or more is often accomplished by successive 
multiplications (6f = 2 x 3f) or mixing of the outputs of lower-order multi- 
pliers (7f = 3f + 4f). 

Power splitters and combiners (Section 12-7) can be used in CW, FM, and 
AM transmitters to achieve a greater output power than can be obtained from 
a single-transistor power amplifier. Class C mixed-mode PAs require a tuned 
output circuit to produce sinusoidal output signals suitable for lossless ad- 
dition in the power combiner in Fig. 15-2c. It is therefore necessary to include 
a tuned circuit in both PA No. 3A and PA No. 3B in Fig. 15-2c. These tuned 
circuits need not have a high Q, and the harmonic supression filter can follow the 
power combiner. 


Keying 


Keying is the process of switching the carrier on and off for telegraphic 
transmissions. Keying is usually accomplished by inserting an analog switch 
at a low-power point in the chain or by changing the bias on a low-power 
stage so as to prevent signal passage through it. The oscillator is generally not 
keyed, as this tends to produce small frequency variations known as “chirp.” 
Keying can also be accomplished by switching the supply voltage of the final 
power amplifier and driver amplifier, but this requires controlling considerably 
more power than does low-level keying. Keying circuits must generally limit 
the rise time of the carrier output; too fast a rise time produces a “click” that 
interferes with communications on adjacent channels, while too slow a rise 
time produces a soft sound that is hard to “copy” (decode by ear); 10 
milliseconds might be considered nominal. The designer should be aware that 
amplifier stages following the keying circuit that are saturated at full output 
will tend to clip the keying waveform and thus tend to produce clicks. 
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15-2 FM Transmitters 


Frequency-modulated signals are produced at low-power levels and amplified 
by the same amplifier chains that are used in the CW transmitters discussed in 
the previous section. Frequency modulation can be accomplished either 
directly by variation of the frequency of an oscillator by the audio input 
signal, or indirectly by phase modulation of the RF signal by the time- 
integrated audio input signal (see Section 8-8). Several modulation methods 
will be discussed subsequently; the choice of a method depends on the 
particular application. 

To achieve high linearity, most frequency modulators produce a smaller 
modulation index or frequency deviation than is desired in the transmitter’s 
output signal. However, frequency multipliers multiply frequency deviation 
and modulation index, as well as frequency (see Problem 15-2.1), making the 
transmitter chain shown in Fig. 15-3a quite suitable to FM transmitters that 
are to operate over a relatively small frequency range. When operation over 
a larger frequency range is desired, frequency translation (Fig. 15-3b) can be 
used. The choice of intermediate frequency and translation frequency f, is 
discussed in Chapters 9 and 16. Note that unlike frequency multiplication, 
frequency translation changes neither the modulation index nor the frequency 
deviation. 

In most voice communications applications, the bandwidth of the inter- 


Fig. 15-3. FM transmitter configurations. (a) With frequency multiplication; and 
(b) with frequency multiplication and translation. 
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Stage and output coupling, matching, and filtering networks is. considerably 
larger than that required by an FM signal and the amplification may be 
regarded as distortionless. However, in some wideband telemetry ap- 
plications, the coupling, matching, and filtering networks can alter the am- 
plitudes and phases of significant sidebands of the FM signal, introducing 
distortion [2, 3]. 

Filters used to limit signal bandwidth in some wideband telemetry ap- 
plications introduce amplitude modulation in the signal due to the absence of 
the filtered sidebands. Class C mixed-mode amplifier stages can, however, clip 
the signal, thus generating sidebands outside of the filter passband. 


Varactor-Modulated Crystal Oscillator 


Direct FM is commonly accomplished in portable and mobile transmitters by 
“pulling” the frequency of a crystal oscillator with a voltage-variable capaci- 
tor. Since only a small frequency variation can be achieved, high-frequency 
stability is preserved, but frequency multiplication must be used to achieve 
commonly used frequency deviations. This technique is more easily im- 
plemented when the crystal oscillates in the fundamental frequency (rather than 
overtone) mode, and the separation between the crystal’s series- and parallel- 
resonant frequencies must be sufficient to preclude oscillation on the wrong 
frequency. - 

The voltage-variable capacitor (VVC) used to “pull” the crystal oscillator isa 
“varactor” diode (also called an “‘epicap,” “‘varicap,”’ etc.). These diodes operate 
with a reverse bias, and their capacitance is given approximately by 


Ciy 
Cvvc™ 15-2 
VVC (—vp)% ( ) 
where vp =~1 and C_jy is the capacitance with Up =—1V. The junction 


parameters of these diodes are chosen to produce desirable capacitance- 
voltage relationships. Typical diodes have N ~} and provide a 3:1 capaci- 
tance variation with a Q between 100 and 500. Hyper-abrupt junction diodes 
offer a 10:1 capacitance variation with a Q of about 200. Some specially 
designed VVCs produce a linear variation of frequency with voltage. Typical 
values of C_\y range from 100 to 500 pF, and typical values of vp range from 
—2'to —10V. 

The connection of a VVC to a crystal oscillator operating in the parallel- 
resonant mode is illustrated in Fig. 15-4a; note the similarity to the trimming 
arrangement of Fig. 5-22a. The VVC is biased by negative voltage Vp to 
produce a convenient no-signal capacitance Cyyc. The audio modulating 
voltage v,,(t) added to this then produces small capacitance changes ACyyc 
(shown in the equivalent circuit of Fig. 15-4b) that are roughly proportional to 
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Fig. 15-4 Varactor-tuned crystal oscillator. (a) Circuit; and (b) equivalent cir- 
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vm(t). The network consisting of Ci, C2, and the VVC places an equivalent 
zero-signal capacitance Cy and small capacitance changes ACy in parallel 
with crystal capacitance C,. Capacitors C; and C> are generally much smaller 
than Cyvyc and prevent excessive loading of the crystal by the VVC. If Ci 
represents the capacitance of the series combination and C, and C2, standard 
techniques yield Cy ~ Ci. and 


ACn _ Cyr ACwve 
Cn Cyve Cyve 


The fractional change in the VVC capacitance is thus reduced by the ratio of 
Cy to Cyyc to obtain the fractional change in the network capacitance. 

The parallel-resonance frequency of the crystal is determined by the 
equivalent inductance L, and the series combination Cy +ACy of C, and 
C,+Cvn+ACy. Since in general C,<C,, fractional changes in equivalent 


(15-3) 
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crystal parallel-resonance capacitance can be determined as were those of the 
added network (15-3); hence 


iN Cae a GF ACnj _ C; Cp ACW (15-4) 


Since the resonance frequency varies as 1/VL,Cy, fractional changes in 
frequency are one-half of the fractional changes in Cy. The exponent N in 
(15-3) can similarly be used to relate fractional changes in VVC bias voltage 
to fractional changes in frequency. Thus 


AN Fosckt) pas 1 ACx a N C.C 1° vp(t) 
fon 2 Cx 2 (ee Ts GC Vp 


(15-5) 


When a larger frequency deviation is needed and a lower frequency 
stability is acceptable, a VVC can be used to modulate the frequency of an 
L-C oscillator [4]. Stability and/or low distortion can be obtained from a 
modulated L-C oscillator through the use of automatic frequency control or 
FM feedback techniques [3]. 


Phase-Shift Modulators 


Indirect FM is commonly produced in portable and mobile transmitters by the 
phase-shift or reactance modulator. This technique uses a controllable conduc- 
tance in combination with a fixed reactance to vary the phase delay of signals 
passing through it. Since this modulator directly varies the phase of the signal, 
rather than its frequency, it is necessary to time-integrate the input audio signal 
before the modulator. 

Figure 15-5 depicts a phase-shift modulator circuit in which the time- 
integrated modulating voltage va(t) controls the mutual conductance 8s Of 
the FET. To simplify the analysis, assume that for RF, (1) the RFCs produce 
open circuits, (2) Cg and C, have zero reactance, and (3) FET capacitances 
are negligible. Then for RF, 


Vo R= jgpRloC _ : 
Vi GRO ie, Rl@O) (15-6) 
where oP 
dAXNL els = 
Starner a (15-7) 


and r,z is the dynamic drain resistance of the FET. For eR > 2, 


Vo ics J2psloC j 
ees aS = ple pS 
V; 1+ jgfl oC . (is 8) 
where ewe 
ee 8fsl W 3 
6 = arctan Gilocyal (15 9) 
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Fig. 15-5 Phase-shift modulator. 
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It is evident that since the voltage var(t) controls g;,, it also controls the 
phase shift @. This relationship is surprisingly linear over the range 0 < 6 < 90°, 
suggesting that reasonably linear phase modulation with a +45° shift can be 
obtained. 


Phase-locked Loop Modulator 


A phase-locked loop can be configured to act as a phase modulator as well as 
a phase demodulator; phase deviations of up to +180° can be produced 
linearly, given an appropriate phase detector. Frequency modulation can be 
produced indirectly by using the time-integrated audio voltage as the input to 
the PLL phase modulator. This technique is often used in transmitters 
employing a frequency synthesizer, since a PLL is then readily available. 

This concept is implemented by injecting the time-integrated audio- 
frequency voltage into the loop as an error voltage, as shown in Fig. 15-6. The 
loop responds to the injected error voltage by adjusting the VCO to produce 
the specified phase shift between its output and the reference signal. Note 
that frequency dividers can be included and that the zero-signal phase 
difference between the VCO and the reference signal can be 0 or 90°, as 
required for the particular type of phase detector used. The linear operating 
range of this modulator depends primarily upon the phase detector; a saw- 
tooth detection characteristic is required for + 180° phase deviation. 
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Fig. 15-6 Phase-locked loop modulator. 
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Comparator Frequency Modulator 


The comparison of a sawtooth waveform and a time-integrated audio modu- 
lating waveform can produce indirectly an FM signal. This technique resem- 
bles the pulse-width modulation technique discussed in Section 14-6; although 
it is more complicated than most other techniques for generating FM, the 
quality of its output is very high. This has resulted in its use in recently 
designed broadcast transmitters. 

Figure 15-7 illustrates a block diagram and set of waveforms associated 
with one such system. An oscillator operating at twice the frequency of the 
desired output signal drives a sawtooth generator. To simplify the discussion, 
the maximum positive and negative excusions of the sawtooth waveform are 
assumed to be equal. The time-integrated audio signal var(t) is applied to the 
positive input of the comparator, while the sawtooth wave is applied to the 
negative input, resulting in a “high” output whenever the audio voltage is 
greater than the sawtooth voltage. The comparator output is applied to a 
flip-flop circuit, which toggles at each falling edge. 

The output of the flip-flop is then a rectangular wave of frequency f, 
whose phase varies in proportion to the instantaneous value of vat). The 
linearity of this modulator depends primarily upon the linearity of the saw- 
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Fig. 15-7 Comparator frequency modulator. (a) Block diagram; and (b) wave- 
forms. 
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tooth waveform. The primary effect of switching delays and fall time is a 
small reduction in the maximum phase deviation, which is ideally 180°. This 
type of circuit can be fabricated from available integrated circuits for opera- 
tion in the range of a few megahertz. 


Armstrong Modulator 


The Armstrong modulator is a traditional method of producing high-quality 
indirect FM. It is based upon the similarity of AM and low-modulation-index 
PM signals, and its configuration (Fig. 15-8) makes it amenable to multimode 
transmitters that include a single-sideband suppressed-carrier AM modulator. 
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Fig. 15-8 Armstrong modulator. 
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Suppose that a unity-amplitude carrier sinw,t is phase-modulated by 
sin w,t. For small values of the modulation index mp, the phase-modulated 
wave can be described by 


Fom(t) = SIN (wet + Mg SIN Wt) ~ Sin wet + Mg COS wet SIN Wmt (15-10) 


: tpi: : 
= sin wt + oe [sin (w, + @m)t — Sin (We — Wm)t] 


Double-sideband suppressed carrier (DSB/SC) amplitude modulation of a 
unity-amplitude carrier cos w,t by sin w,t produces 


Fau(t) = m,cos wet sin wnt = a [sin(w, + Wm)t —sin(w@,—@m)t) (15-11) 


where m, is the modulation index. Inspection of (15-10) and (15-11) shows 
that given m, = m,, the sidebands produced by AM and low-index PM are 
identical. The carrier of the PM wave, however, differs in phase from the 
(suppressed) carrier of the AM wave by 90°. 

Low-index phase modulation would be produced if a phase-shifted carrier 
sin w.t were added to (15-11). One of many circuits that accomplishes this is 
shown in Fig. 15-8. The synchronized frequency dividers provide a precise 90° 
phase shift (although the phase shift may also be obtained by other methods). 
Since a frequeney-modulated output is desired, the audio input signal is 
time-integrated before being applied to a double-balanced mixer. The DSB/SC 
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AM signal produced by the mixer is added to the phase-shifted carrier to 
produce the desired FM signal. This system is substantially linear as long as 
m, <0.5. 


FM Feedback and AFC 


Both FM feedback (FMFB) and automatic frequency control (AFC) can be 
used to improve the linearity and stability of frequency modulators [3]. These 
circuits simply detect the frequency of the output of the oscillator or modulator, 
compare it to the input audio signal or a reference frequency output of the 
detector, and generate a correction (error) signal. FMFB acts at an audio- 
frequency rate, while AFC acts at a somewhat slower rate. These techniques 
are in general similar to the use of feedback in high-quality audio amplifiers, 
and can be implemented in integrated circuit form. Their use allows, for 
example, the direct generation of highly stable, high-quality wideband FM by 
VVC modulation of an L-C oscillator. Additional techniques for generating 
FM signals can be found in the literature [5S]. 


15-3 Amplitude-Modulated Transmitters 


Full-carrier double-sideband amplitude modulation can be accomplished by 
several techniques, including: (1) low-level modulation, (2) variation of the 
final RF power amplifier supply voltage by transformer coupling, (3) variation 
of the final RF power amplifier supply voltage by series control, (4) control of 
the gate bias voltage in a Class C FET final RF power amplifier, and (5) 
outphasing. The first technique requires linear RF power amplifiers and is 
therefore discussed in Chapter 16, as is the fifth technique. The other three 
involve amplitude modulation of the final RF power amplifier and are dis- 
cussed in this section. 

To determine the requirements for the amplifiers in an AM transmitter, it 
is necessary to establish the power relationships in an AM signal. The 
commonly stated power capability of an AM transmitter is the unmodulated 
carrier output power P,car. The amplitude-modulated output voltage has the 
form (for modulation by a single sinusoid) 


v,(t) = Vocar(1+ m, sin w,t) sin wet (15-12) 


where V,car represents the output voltage of the unmodulated carrier and m, 
is the modulation index. Since m, < 1 for undistorted modulation, it is evident 
that 


Popep = (1+ ma)’ Pocar = 4Pocar (15-13) 
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where Ppp is the peak envelope power: this relationship holds for any 
modulating signal whose peak amplitude is unity. Since modulation by a single 
sinusoid as in (15-12) produces two sidebands whose amplitudes are m,/2, its 
average output power is 


Ma 
Poavo = (1+ 5") Pacar <4 Pacan (15-14) 


The average output power represents the sum of the power in the carrier and 
that in the sidebands, and thus in general depends upon the particular 
modulating waveform (see Problem 15-3.1). 

The amplifier chains used in an AM transmitter are similar to those used in 
CW and FM transmitters. The final power amplifier must be capable of 
producing the peak envelope output power, and the driver amplifiers must 
provide drive adequate for that power output. Because there is often 
significant feedthrough of the driving signal to the transmitter output (Section 
13-5), it is often necessary to modulate both the driver and final amplifiers. 
Modulation of the driver is usually accomplished by using the same modu- 
lated supply voltage for both the driver and the final amplifiers. Class C 
mixed-mode PAs are most commonly used in the driver and final RF stages, 
but Classes D, E, or F can also be used when high efficiency is desired. 


Example 15-3.1. Design the RF amplifier chain for a 5-W AM transmitter; a 
modulation index of m,=0.9 is required. Use an oscillator with a 10-mW 
output, and assume that Class C mixed-mode stages and Class A stages have 
power gains of up to 10 and 23 dB, respectively, and that feedthrough is 16 dB 
below the driving signal of the amplifier in question: First, the final amplifier 
must be able to produce P,pgp = 4X 5 = 20 W. The amplifier chain is then: (1) 
Class A amplifier, G, = 13 dB, P, = 200 mW; (2) Class C mixed-mode am- 
plifier, G, = 10dB, P, =2W. The drive signal feedthrough to the output is 
16dB below 2 W or 50 mW. The minimum desired output power is P, min = 
(1.0—0.9)’P.car = 50 mW; hence the feedthrough is clearly excessive and the 
driver must also be modulated. 


Transformer-Coupled Collector Modulation 


The traditional method of accomplishing high-quality amplitude modulation 
uses a transformer-coupled Class B audio power amplifier to vary the supply 
collector voltage of a Class C mixed-mode RF power amplifier (Fig. 15-9a). 
Alternatively, a Class A audio power amplifier can be used when simplicity 
rather than efficiency is desired. The transformer, audio power amplifier, and 
sometimes the audio drivers and preamplifiers are collectively called the 
modulator. The linearity of this technique depends upon both the linearity of 
the modulator and the modulation characteristics of the RF amplifier (see 
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Fig. 15-9 Transformer-coupled collector modulation. (a) Block diagram; and 
(b) waveforms. 
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Section 13-5). The design of the audio amplifier(s) is discussed elsewhere 
[6,7] but is generally similar to that of Class A and B RF power amplifiers 
(Chapter 12). 

Inspection of the circuit and waveforms (Fig. 15-9) shows that the collec- 
tor (or drain) supply voltage of the RF final power amplifier and driver swings 
above and below the unmodulated carrier level (Vccrr = Vcc). The final RF 
amplifier must therefore deliver Popep when its supply voltage is Vccrr= 
2Vec. Since the efficiency of Class C mixed-mode (as well as Classes D, E, 
and F) amplifiers is largely independent of the supply voltage, the final RF 
power amplifier and driver present approximately constant resistive loads to 
the modulator and power supply. The power output, supply voltage, and 
expected efficiency of an RF amplifier can thus be used to determine the 
expected input current and‘ power requirements. Using this, it is not difficult 
to show that the power supply must furnish the final RF amplifier with 


ES 
Pidc = Pirr, car = —2A8 (15-15) 
TRF 
and the modulator must supply 
Poop nwt (Poave se Pocar) a Poss (15-16) 
1]RE 1)RF 


where npr is the expected efficiency of the final RF amplifier. The additional 
power that must be supplied to the driver can be similarly computed, or can 
simply be included in the RF output power in (15-15) and (15-16). 

The overall efficiency of the transformer-coupled collector modulation 
method can now be determined. To enable comparisons with the other 
methods of modulation, it is useful to assume that only the final RF amplifier 
is modulated. If the power required by the AF and RF preamplifiers and 
drivers is also ignored, 


Poave Poave 
marek AC EPO 0 15-17) 
Pige+ Pimop Pocar/ nee + Possl REN AF ( 


where mar is the efficiency of the final audio power amplifier. If both the AF 
and RF final power amplifiers had the 78.5 percent efficiency of an ideal Class 
B PA, the overall efficiency of the two final amplifiers would be 72.0 percent 
(assuming 100 percent modulation by a single-frequency sinusoid). (If the final 
audio amplifier operates in Class A, the overall efficiency is 58.9 percent.) 


Series-Coupled Collector Modulation 


High-level amplitude modulation can also be accomplished by using the 
modulator to produce directly the time-varying collector-supply voltage for 
the final RF power amplifier, as shown in Fig. 15-10a. The principles of 
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Fig. 15-10 Series-coupled collector modulation. (a) Block diagram; and (b) 
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operation of this “‘series-connected” modulation technique are generally the 
same as those of the transformer-coupled technique previously described. 
However, since the modulator output voltage cannot exceed Vcc, the peak 
envelope output power must be produced with Vcc (rather than 2Vcc) 
supplied to the final RF amplifier. Similarly, a supply voltage of }Vcc produces 
the unmodulated carrier. The principal advantage of series-coupled amplitude 
modulation is that the heavy, bulky, and often expensive modulation trans- 
former is not needed. A Class S modulator (Fig. 14-12) is ideally suited for use 
with this modulation technique, but when efficiency is unimportant, a Class A 
modulator can be used instead. 

The input to the Class S modulator is biased to produce an output from the 
modulator of Vcc (corresponding to an unmodulated carrier) in the absence 
of an audio input signal. The application of the input audio signal then causes 
the modulator to produce a voltage that varies between 0 and Vcc, as shown 
in Fig. 15-10b. For preliminary design purposes, a Class S modulator can be 
assumed to have a roughly constant efficiency nar. The overall efficiency of 
the modulator and final RF power amplifier is then 


Poave — Poave (15-18) 


Pimop, avG (Poaval nre)/ Nar ALA LE 


It is evident that series-coupled modulation with a Class S modulator has an 
efficiency comparable to transformer-coupled modulation with a Class B 
audio amplifier. : 

In a Class A modulator, the final audio power amplifier is a single 
transistor whose collector and emitter pass current from the power supply to 
the RF final power amplifier (and driver). While this transistor operates in 
Class A, the signal that it amplifies includes both dc and ac components so 
that its efficiency is not given by the equations of Section 12-1. It is not 
difficult to show that since Piyop = Vcclr and Pomop = Vccrelz, 


MAP. class A= SCE (15-19) 
€E 

The Class A series-coupled modulator is then only 50 percent efficient 
when the transmitter is producing only an unmodulated carrier; this implies an 
even lower overall efficiency (7 = nrr/2). Since the modulator input power 
remains constant (long-term average) while its output power increases with 
modulation, the efficiency of the Class A modulator increases to 3 with 100 
percent modulation by a single sinusoid. If the RF power amplifier’s efficiency 
is 78.5 percent, the overall efficiency of the modulator and final RF amplifier is 
then ideally 58.9 percent. Power dissipation can be reduced by reducing the 
carrier amplitude when the modulating signal is small or absent; this tech- 

nique is called controlled carrier [8]. 
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Fig. 15-11 Gate-bias amplitude modulation. (a) Circuit; and (b) waveforms. 
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Gate-Bias Modulation 


Variation of the gate-bias voltage in a Class C power amplifier using an FET 
produces a variation in the amplitude of its output voltage (Fig. 15-11). 
Although some distortion (5 to 10 percent) of the audio signal is inherent in 
this method of amplitude modulation, the circuitry is quite simple, making it 
suitable for low-cost transmitters. (Distortion can be reduced, if desired, by 
the use of envelope feedback, as discussed in Chapter 16.) Gate-bias modula- 
tion of a VMOS FET PA is analogous to control-grid modulation of a 
vacuum-tube power amplifier [8-10]. 

A Class C RF PA with gate-bias modulation circuitry is shown in Fig. 
15-11a. The voltage applied to the gate is the sum of three voltages: RF drive, 
dc bias, and the modulating AF signal. The audio voltage v,,(t) and the fixed 
dc bias voltage produce the equivalent of a bias voltage, and hence a 
quiescent drain current [pg that varies in time. It is evident from (13-2), (13-6), 
and Fig. 13-1 that the conduction half-angle y and consequently V,,, must 
then also vary in time. Figure 15-116 illustrates the variation of ip(t) and v,(t) 
when the dc bias and the amplitude of the modulating signal have been chosen 
to produce Class B operation at positive modulation peaks and a zero 
conduction angle at negative modulation peaks. The resulting relationship 
between v,,(t) and V,,,(t) is surprisingly linear (see Problem 15-3.4). 

The instantaneous efficiency of this amplifier can be calculated by using 
the instantaneous bias voltage (hence quiescent current) and conduction angle 
in (13-7). The average input power can be found by the numerical integration 
of (13-4). However, a useful (but slightly pessimistic) approximation assumes 
that the efficiency varies linearly from zero with V.,,=0 to Nrep With 
Vom = Vpp. Using this assumption, the efficiency for an unmodulated carrier 
signal is npgp/2 and the average efficiency for 100 percent modulation by a 
single sinusoid is 37pgp/4, both of which are comparable to the series-coupled 
Class A modulator of the previous subsection. The controlled carrier tech- 
nique is also useful with gate-bias modulation for reducing power dissipation 
under no-modulation conditions. 
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PROBLEMS 


15-1.1. Rework Example 15-1.1 using the VHF-FM line to determine the 
gain of Class C mixed-mode amplifiers. Assume that Class A amplifiers have 
3dB more gain than Class C mixed-mode amplifiers of the same output. 

15-1.2. Design an amateur 50-MHz transmitter with P, =50W using an 
oscillator in the 8-MHz range and a single-transistor output stage. Assume 
power gains of +15dB (Class A amplifier), +10 dB (Class C mixed-mode 
amplifier), +7 dB (Class C mixed-mode multiplier), and —3 dB (diode multiplier). 
Determine the transmitter efficiency and current required for operation from a 
12-V supply. 

15-1.3. Design a transmitter similar to that of Problem 15-1.2 with a 100-W 
output and a 5S-mW oscillator. Use two 50-W PAs in the final amplifier stage 
and use the VHF-FM line in Fig. 15-1 to determine the power gains. Deter- 
mine the efficiency and current required from a 12-V supply. 

15-2.1. Consider a square-law device (e.g., an FET) as (a) a frequency 
doubler and (b) a mixer. Show that the modulation index and frequency 
deviation of an FM signal are doubled in (a) and unchanged in (b). 

15-2.2. A 52-MHz signal with a 1-kHz deviation is to be produced by VVC 
modulation of a 1.44-MHz crystal oscillator and subsequent frequency multi- 
plication (x36). The oscillator can tolerate 10 pF shunting its crystal, which 
has C, =4pF and C, = 0.04 pF. Using a VVC with C_iy = 15 pF, and assum- 
ing a 12-V power supply, design a suitable coupling network and specify a 
reasonable bias voltage and the AF voltage required to produce the 1-kHz 
deviation. 

15-2.3. Design a phase-shift modulator using the circuit of Fig. 15-6 that 
operates from a 12-V supply using an FET with g;, = 10 “V,,. The frequency is 
8.67 MHz, and a phase deviation of A@=+10° is required. Compute the 
deviation from linearity at the phase deviation extremities. 

15-2.4. Devise a direct frequency modulator based upon an astable 
multivibrator. Discuss its advantages and disadvantages. 
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15-3.1. Determine the relationship of peak envelope output power and 
average output power for full-carrier amplitude modulation if the modulating 
signal is 
(a) A square wave. 

(b) A triangular wave. 

15-3.2. Design a 25-W AM transmitter using Class B transformer-coupled 
modulation. The RF oscillator has a 10-mW output and the sinusoidal audio 
source has a 5-mW output. Assume the following power gains and efficiencies. 


Stage Class Gp, Max n 
AF amp A 20 dB 0.35 
AF amp B 20 dB 0.65 
RF osc — — 0.30 
RF amp A 15 dB 0.30 


RF amp Cm-m 10 dB 0.60 


Specify the capabilities of each stage and determine the total transmitter 
input power and overall efficiency with 100 percent modulation by a single- 
frequency sinewave. 

15-3.3. Design a 4-W AM transmitter capable of 90 percent modulation: 
specify ratings and performance with 100 percent sinusoidal modulation. Use 
a Class S series-connected modulator (7 = 0.8) with (a) a Class C mixed-mode 
final RF amplifier (G, = 16 dB, n = 0.6) and (b) a Class D final RF amplifier 
(G, = 20 dB, 7 = 0.8). The oscillator and Class A stages are as in Problem 
15-3.2, and the VMOS FETs to be used have a feedthrough ratio of —35 dB. 

15-3.4. Consider a bias-modulated Class C PA using an idealized FET 
with R,, = 0. 

(a) Plot the bias voltage (or Ipg) to output voltage transfer function. 

(b) Using numerical analysis (computer or programmable calculator), deter- 
mine the second-harmonic audio distortion if the PA is biased just to 
Class B operation at peak output. 

15-3.5. Design a bias-modulated output stage for a5-W AM transmitter. Use 
a VMOS FET with g,, = 0.4 and Vr = 2 V, and ignore saturation resistance. Set 
the bias and driving voltages to produce Class B operation at peak envelope 
power output. 
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16 Single-Sideband 


Transmitters 


Radio frequency signals in general contain simultaneous amplitude and phase 
modulation and therefore require linear amplification. A common application 
of linear RF power amplifiers is found in single-sideband (i.e., single-sideband 
suppressed-carrier AM) and multimode (SSB, AM, CW, and/or FM) trans- 
mitters. Since such linear-power-amplifier chains can amplify any RF signal 
(in contrast to the chains discussed in Chapter 15 that were limited to use with 
specific signals), they are also used in low-cost AM (full-carrier, double- 
sideband) transmitters (since the modulation transformer is not needed) and in 
transmitters for special-purpose signals such as SSB-FM, vestigial sideband 
(TV), and multicarrier repeaters. 

Single-sideband and multimode transmitters typically are used for long- 
range military, amateur, marine, and aircraft communications in which the 
frequency of operation can vary over several octaves. The configurations of 
these transmitters therefore differ considerably from those of the CW, AM, 
and FM transmitters of Chapter 15, which are usually required to operate only 
over a relatively small band of frequencies. The building blocks for SSB 
transmitters therefore include not only SSB modulators and Class A and B 
linear RF power amplifiers, but mixers, variable-frequency oscillators, and 
frequency synthesizers. Since the modulating signal is usually speech, 
automatic gain control and speech amplitude compression are also often 
incorporated. 

Recognition that band-limited RF signals can be regarded as simultaneous 
amplitude and phase modulation of a carrier has led to the envelope elimina- 
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tion and restoration, envelope-feedback, and outphasing concepts. These 
specialized techniques can be used to achieve high efficiency, linearity, and 
sometimes simplicity, as discussed in Section 16-5. 


16-1 Transmitter Organization 


Single-sideband signals are usually generated by the filter, phasing, or third 
methods, as discussed in Chapter 8 and elsewhere [1,2]. The SSB and 
multimode transmitters can usually be classified as either multiple-conversion 
or direct-conversion, as are receivers. 


Multiple-Conversion Transmitters 


Multiple-conversion transmitters employ more than one frequency trans- 
lation, as do multiple-conversion superheterodyne receivers. Although many 
schemes exist for frequency conversion, those most commonly used are the 
discrete-band and broadband methods. 


Discrete-Band Frequency Conversion. Single-sideband modulation is 
most often used in the high-frequency range (actually 1.6 to 30 MHz) for 
long-range communications by ionospheric ‘“‘skip’’ [3]. The distance over 
which communications are possible depends upon the frequency and the 
conditions of the ionosphere. For example, during daylight hours, one might 
expect to communicate up to 300 km on 3.5 MHz and from (but not less than) 
1000 to 2000 km (first “‘Shop’’?) on 14MHz. Reliable communication between 
two points requires selection of a frequency of operation consistent with the 
prevailing time of day, season, latitude, and condition of the ionosphere. For 
that reason, many services using HF communications are assigned several 
small bands of frequencies scattered throughout the 1.6 to 30-MHz range. 

The discrete-band frequency translation technique has evolved from 
vacuum-tube transmitters .and is well-suited for operation in several small 
assigned bands. The amateur radio transmitter block diagram of Fig. 16-1 
illustrates this technique. The SSB signals are generated at 3 MHz and 
translated to the 8.5 to 8.0-MHz band by signals in the 5.5 to 5.0-MHz range 
produced by the variable frequency oscillator (VFO). After filtering, these 
signals are translated to the output frequency f, by signals of frequency fj. 
These signals are then amplified to the desired power output. Note that a 
different frequency f, is required for each 0.5-MHz band of operation, as 
shown in Fig. 16-1. 

The use of discrete-band frequency translation requires careful analysis of 
image frequencies. For example, the third harmonic of the VFO is in the 16.5 
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to 15-MHz range. When mixed with the 12-MHz output of the crystal 
oscillator, the result is a signal in the 3 to 4.5-MHz range. Operation in the 3.5 
to 4-MHz band can therefore produce spurious signals if the third harmonic 
of the VFO reaches the second mixer. 


Broadband-Frequency Conversion. Some applications, particularly mili- 
tary communications, require transmitters capable of operating on any 
frequency in the HF band. In addition, commonality of design for HF radios 
for different applications has some commercial advantage, and frequency 
band assignments are changed from time to time. These considerations have 
prompted the use of broadband-frequency-conversion schemes in many new 
designs of both transmitters and receivers [4, 5]. 

A broadband-frequency-conversion scheme is illustrated by the block 
diagram (Fig. 16-2) of a transmitter that can operate on any frequency in the 
1.6 to 30-MHz range. The SSB signals are generated (by any method) at 
10 MHz and converted to a 72 MHz fixed intermediate frequency by 62 MHz 
signals from an oscillator or synthesizer. Another synthesizer or combination 
of a synthesizer and variable-frequency oscillator produces a signal in the 73.6 
to 102-MHz range. When this signal is mixed with the 72-MHz IF signals, the 
result is a signal in the desired 1.6 to 30-MHz range. After amplification to the 
desired output power, harmonics of the desired signal are removed by one of 
the low-pass output filters (Section 12-8). 

The broadband-frequency-conversion technique has several advantages 
over the discrete-band technique if continuous or mostly continuous 
frequency coverage is required. Image rejection is good; for example, the 
unwanted product of the 72-MHz IF and the variable-frequency synthesizer 
output is above 145 MHz and therefore well removed from the desired output 
frequencies. Since the IF is always above the output frequency, sideband 
inversion does not occur as a result of changing frequency, as in the 
discrete-band method. Since the center frequency (in this example, 88 MHz) 
of the VCO in the synthesizer is large, the changes (in this example, 
+14.2 MHz) required to tune over the entire range of output frequencies are 
relatively small (16 percent), making the VCO design somewhat less complex. 


Fig. 16-2 Broadband SSB transmitter. 
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Fig. 16-3 Direct-conversion SSB transmitters. (a) Using phasing method of SSB 
modulation; (b) using third method of SSB modulation; and (c) 
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Direct-Conversion Transmitters 


The direct-frequency-conversion technique has recently become popular in 
low-cost SSB transmitters intended for use on a single band of frequencies 
[6]. These transmitters use either the phasing method or third method of SSB 
generation to produce an SSB signal directly at the desired output frequency. 

Figure 16-3a illustrates the block diagram of a direct-conversion SSB 
transmitter using phasing SSB generation. The audio input signal is applied to 
a phase-splitting network that produces two audio signals that differ in phase 
by 90°. These signals are then applied to two double-balanced mixers, along 
with in-phase and in-quadrature signals of the desired output frequency. The 
outputs of the two mixers are summed and then amplified to the desired level. 

The in-phase and in-quadrature signals at the carrier frequency f, are 
obtained by digital frequency division of the output of a variable-frequency 
oscillator operating at 4f,. As shown in Figs. 16-3a and c, the signal A at 4f, is 
applied to a flip-flop whose outputs, B and C (corresponding to Q and Q, 
respectively), are at frequency 2f, and 180° out of phase. Division of each of 
these signals by a pair of flip-flop circuits then produces outputs D and E, 
which are of frequency f, and differ in phase by 90°. Not shown is a gating 
circuit that sets the initial state of the flip-flops and thus determines which 
sideband is produced. 

Direct-conversion transmitters using the third method of SSB generation 
(Fig. 16-3b) are quite similar to those using the phasing method. The in-phase 
and in-quadrature signals at 1.8kHz are also generated by digital frequency 
division of the output of a 7.2-kHz oscillator or synthesizer. Low-pass filters 
and a second set of double-balanced mixers replace the phase-splitting net- 
work of the phasing method. Note that the frequency of the output signal 
differs by +1.8 kHz from that produced by the phasing method for the same 
VFO frequency. 


16-2 Linear Amplifier Chains 


The SSB signal output of a mixer or direct-conversion modulator is usually 
boosted to the desired transmitter output by a chain of linear RF power 
amplifiers. The output of the mixer or modulator is typically 1 mW or less. 
Class A RF amplifiers are most often used as stages with outputs of 100 mW 
or less, although Class B RF amplifiers are most often used in stages with 
outputs of 1 W or more. 

Simple amplifier chains (Fig. 16-4a) are utilized in low- and medium-power 
SSB transmitters, while compound chains (Fig. 16-4b) are used in medium- 
and high-power transmitters. Designing a linear amplifier chain primarily 
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Fig. 16-4 Linear power amplifier chains. (a) Simple chain; and (b) chain with 
power splitter and combiner. 


SSB source Amplifier no. 1 Amplifier no. 2 Amplifier no. 3 


(a) 


Amplifier no. 3A 


1 
SY Po2 
SSB source Amplifier no. 1 Amplifier no. 2 


Power 
combiner 


Amplifier no. 3B 


(b) 


involves making a sensible distribution of the required power gain among 
several stages of amplification; the methods for doing this are essentially the 
same as those discussed in Section 15-1 for CW transmitters. As shown in 
Fig. 15-1, linear power amplifiers generally have greater power gain than do 
Class C mixed-mode PAs because of the lower operating frequency (HF as 
opposed to VHF or UHF) and linear (as opposed to saturated) operation of 
the transistors. Power gains in the range of 10 to 20dB are typical, and 
efficiency at peak power output ranges typically from 55 to 65 percent for 
Class B and 30 to 40 percent for Class A operation. 

Since linear RF amplification is required, distortion specifications for each 
stage of amplification must also be established in the design of the amplifier 
chain. The combined effect of the distortion in each stage can be approximated 
by representing the effect of each stage as a voltage gain Gy; (not in decibels) and 
a distortion error d; <1 (also not in decibels). The output of two cascaded 
amplifiers is then represented by 


Gychain(1 + chain) = [Gyi1 + d,)][Gy2(1 + d2)] (16.1) 
Since the product dd, is small in comparison to the other terms, 


detain as d, an dy (16.2) 
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This result is readily extended to any number of amplifiers, and its use is best 
shown by an example. See also Fig. 16-4. 


Example 16-2.1. A transmitter is required to have an IMD ratio of —30dB or 
better. The output of a mixer (assumed to be distortionless) will be amplified 
by three stages. Determine the IMD ratio required of each stage of am- 
plification: An IMD ratio of —30 dB or better is equivalent to dchain < 1/31.62 = 
d,+d,+d3. If equal distortion in each stage is assumed, then d,; = d)= d;< 
denain/ 3 is sufficient; hence, each stage must have an IMD ratio of —39.5 dB or 
better. 


16-3 Peak and Average Power 


The characteristics of the signal to be transmitted determine the transmitter 
peak-envelope power and average input and output requirements. The safest 
design allows for the worst-case power dissipation (2.0 P,pgp and 0.405 P.prp 
for Class A and Class B stages, respectively) and for input power cor- 
responding to continuous power at the peak-envelope power level. However, 
accurate prediction of the input power requirements for portable and high- 
power transmitters requires some knowledge or assumptions about the signal 
characteristics. In addition, some low-cost transmitters reduce heatsink and 
power supply requirements to correspond to the expected usage rather than 
the worst-case-possible conditions. 


Peak-to-Average Ratio 


The commonly used term peak-to-average ratio is defined by 


Popep 
Poave to es 
This is an important parameter of the signal being transmitted, since am- 
plifiers must be designed to produce the peak-envelope-power output P,prp, 
but only deliver the average power output P.4yc. For frequency-modulated 
signals, including frequency-shift-keyed radioteletype, € = 1. Since the carrier 
of a CW signal is intermittently switched on and off, the peak-to-average ratio 
depends upon the on-to-off ratio; € = 2 is often used for design purposes. The 
discussion in Section 15-3 determined that for single-tone, full-carrier am- 
plitude modulation with m,=1 (Fig. 16-5b), Popep =4Pocar and Pyayo = 
(3)Pocar; hence é = § or 4.3 dB. 
The two-tone signal commonly used to test SSB equipment consists of 
"two tones of equal amplitudes and produces a spectrum equivalent to that of 
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DSB/SC modulation of a carrier by a single tone [see (8-9) and (8-10)]. As 
shown in Figs. 8-9 and 16-5a, the envelope or amplitude-modulation apparent 
in the resultant signal is the absolute value of a cosine wave; that is, 


A(t) = Vopep |COs Omt| (16-4) 
and the peak-envelope power output is therefore 
Vie 
Poper = —R (16-5) 


Inspection of (8-10) shows that each of the two components of the RF signal 
has an amplitude of V.pzp/2. The average output power is then the sum of the 
power in each of the signal components or 


pane ae Nicene, (16-6) 
oAVG — 4R is 


The peak-to-average ratio for the two-tone test signal is then 3 dB (é = 2). 

The above results can be generalized for multitone SSB signals (which are 
used to transmit digital data) and multiple-carrier amplifiers (e.g., those used 
in repeaters). For any set of k sinusoids, all of which are of different 
frequencies, 


Poave = Poiave te Paoave tick Pieava (16-7) 


Unless the different tones or carriers are coherent (i.e., two or more have 
integer-ratio relationships among their frequencies), all of the tones or carriers 
will, at some point in time, simultaneously reach their positive maximum 
values, requiring a peak envelope output power of 


1 
Popep = aR | Voirer + Voopep +--+ ++ Voxpep)” (16-8) 


Thus, for multitone SSB signals or multicarrier signals, average powers are 
additive, as are peak-envelope voltages. If all k tones or carriers had the same 
amplitude (and were unmodulated), Pjavg = kPocar and Popep = k*Pocar; hence 
the peak-to-average ratio is simply é = k. | 

Single-sideband signals arising from speech are characterized by some- 
what larger peak-to-average ratios than are the two-tone SSB and single-tone 
AM test signals. Figure 16-5c illustrates a speech-derived SSB signal with a 
peak-to-average ratio of about 16dB. Intelligibility of a speech signal in the 
presence of noise can be improved by either increasing the transmitter’s peak 
envelope power or by compressing the amplitude of the speech signal or 
resultant SSB signal to reduce its peak-to-average ratio. Most methods of 
speech compression fall into two categories. In the first technique [7], the 
audio-frequency speech signal is applied to a nonlinear amplifier (e.g., one 


Peak and Average Power | 509 


with a logarithmic transfer characteristic) that amplifies signals with smaller 
amplitudes more than those with larger amplitudes. In the second technique 
[8], an RF clipper followed by an SSB filter is inserted immediately following 
the SSB modulator (and filter, if it uses the filter method). Figure 16-5d shows 
a speech-derived SSB signal with a peak-to-average ratio of about 10dB, 
presumably resulting from the application of about “6 dB” of compression to 
the signal shown in Figure 16-Sc. 


Average Efficiency 


The average efficiency of a power amplifier depends upon both the charac- 
teristics of the signal being amplified and upon the type of amplifier. Linear 
amplification in a Class A PA requires that P;=2P.,pep (because the bias 
current must be at least as large as the ac output current) so that 


+) Reaves ale ‘ 
NNAVG = Pier 2é (16 9) 


The efficiency of ideal Class A PAs is therefore only 25 percent for two-tone 
SSB test signals and only 18.25 percent for single-tone AM test signals. 

The analysis for Class B amplifiers is more complicated, since the signal 
characteristics must be used. Consider first the amplification of a single-tone 
AM signal. In a Class B PA, the dc input current is proportional to the 
absolute value of the RF output current or voltage. The average input power 
for an AM signal is therefore the same as the input power for the carrier 
without any modulation, hence 


NAVG = Pave a G) Paper a 3m = 0 589 (16-10) 
Piavg (2)(4/77)Popep 16 , 


The average efficiency of a Class B PA with the two-tone SSB test signal 
can be determined similarly. The dc input current, hence P,, will vary with the 
output current, forming a full-wave rectified shape whose peak value is the 
current required by an amplifier delivering P,pep. The average dc input current 
is therefore 2/7 times the peak dc input current and the average efficiency is 


~ PoAVe- te (3)Popep rae 
TAYE. Pav 5, Claim) Pesce 16a a 

To determine the average efficiency of a Class B PA for multitone or 
speech signals, the average dc input current and the average envelope voltage 
must be found. To do this exactly requires knowledge of the statistical 
characteristics of the signal being amplified [10]. Useful and reasonably 
accurate estimates (within a few percent) can be made by assuming that the 
envelope has a Gaussian (normal) probability density function [11]. The 
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average output power is then o7/R, where o is the rms voltage or standard 
deviation of the Gaussian random variable. The average absolute value of the 
output voltage is 0.6750, which can be determined by examination of tables of 
Gaussian statistics. The peak-to-average ratio is roughly € = (Vo pep/a)’, since 
there is very little likelihood of voltages larger than 20 for V.pep = 20. The 
result is 


a. 7 1.048 

TIAVG 4 Ve 

All of the above discussions have determined average efficiencies for ideal 

amplifiers. The average efficiencies of real amplifiers are reduced by satura- 

tion voltage and resistance in the same manner as are the efficiencies at 

peak-envelope power. For example, if a Class B PA has an efficiency of 65 

percent at peak-envelope power output, its efficiency when amplifying a 
two-tone test signal will be about (0.617) x (0.65) = 0.401. 


(16-12) 


16-4 AGC and VSWR Protection 


Automatic gain control is generally included in SSB transmitters to ensure 
that distortion does not occur because the final power amplifier was driven 
beyond its capability to reproduce the signal linearly. Similar circuitry can be 
used to reduce the drive automatically when the load deviates from its design 
value. 


Automatic Gain Control 


The amplitude of the speech signal delivered to the transmitter from the 
microphone is in general quite variable. Automatic gain control (Fig. 16-6a) is 
therefore used in most SSB transmitters [12] to prevent either gross under- 
drive (and hence low output power) or overdrive (and hence intermodulation 
distortion and clipping) of the power amplifiers. Automatic gain control in a 
transmitter is generally similar to AGC in a receiver. 

In Fig. 16-6a, the RF output voltage is coupled through a blocking 
capacitor to an envelope detector. This detector has a fast attack (10 mil- 
liseconds or less) and a slow decay (0.1 to 1 second) characteristic so that 
overall amplifier gain is determined by the peak signal envelope rather than 
the average of the signal envelope. If the envelope detector output exceeds a 
preset or adjustable threshold voltage, the signal is applied to the controlled- 
gain stage to reduce its gain. 

The controlled-gain stage usually operates in a low-power segment of the 
RF power amplifier chain. Any of several circuits can be used as the 
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Fig. 16-6 AGC and VSWR systems. (a) AGC system; (b) PIN diode attenuator; 
and (c) VSWR protection system. 
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controlled-gain stage, including dual-gate FETs, various mixer-type circuits, 
special-purpose RF integrated circuits that include an AGC input, and the 
PIN -diode attenuator. Many of these circuits have been described in Section 
9-9. 

The conductivity of a PIN (positive-intrinsic-negative) diode depends 
upon its stored charge, which in turn depends upon the current flowing 
through the diode. At low frequencies, a PIN diode acts as does any 
conventional PN junction diode. However, at high frequencies, only the dc 
current flowing in the diode controls its effective conductance. This makes it 
in effect a current-controlled resistance [13] with resistance 


K 


where J;. is in milliamperes and K is in the range of 10 to 30. Typical values 
of Iz, are in the 10-wA to 1-mA range, and typical values of R are in the 15 to 
1000-ohm range. 

A series-type PIN-diode attenuator is shown in Fig. 16-6b. The RF current 
flows through the source (V,—R,), the blocking capacitors, the PIN diode, 
and the load R;. The dc control current flows through the PIN diode and the 
two RF chokes. Shunt-type attenuators can also be constructed [4,5]. In 
either case, it is important that the diodes have a large-enough time constant 
to ensure resistive behavior at the lowest frequency of operation. 


VSWR Protection 


RF power amplifiers are designed to deliver their power output into a 
specified load impedance or specified range of load impedances. Variations in 
antenna input impedance (e.g., when a mobile transmitter moves under a 
bridge) can produce PA loads that can degrade performance and/or produce 
excessive stresses on the transistors. For example, a lower than expected load 
resistance will result in a lower than expected output voltage, causing the 
AGC circuitry to drive the final power amplifier to unsafe current levels in an 
attempt to produce the desired output voltage. Reactive loads can lead to high 
second-breakdown stresses and increased dissipation in the transistors, both 
of which lead to reduced reliability. Protection against low-impedance loads 
can be achieved by placing a current-limiting regulator in the dc feed to the 
final power amplifier. However, protection against load variations in general 
requires more complicated circuitry. 

The term voltage standing wave ratio (VSWR) originated in transmission 
line theory [14] but has evolved into a general measure of how well matched 
or mismatched a load is to a resistive source. Formulas for converting a load 
impedance Z into a VSWR S, and vice versa, are given in Table 16-1; note 
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TABLE 16-1 VSWR-Impedance Conversions 
i aac ead Ny ae Si inset Sat Rl cel Sl eed tate Mi 
Symbols: S: Voltage-standing wave ratio 

T: Reflection coefficient 

Z=R+jX: Load impedance 


Perfectly matched conditions: Z=A.,.l=0,S=1 
Totally mismatched conditions: Z=0 or |Z|=~; |[|=1; S=< 


a 


To find the VSWR given an To find the set of impedances 
impedance corresponding to a given VSWR 
whee Cay oe ee ee 
Za Re oc 
Diz: Ro IS 1 
is Ir|+1 0<y< 27 (arbitrary) 
ry r= Tle% 
2_ (R-R,)? +X? Ace 
I= (RFR) X? Fimnaree 


that S=1 corresponds to a perfectly matched condition, while S = cor- 
responds to a complete mismatch. The same value of VSWR can arise from 
numerous combinations of resistance and reactance; the locus of all points 
corresponding to a given value of S appears on the Smith chart as a circle 
whose center is at 50 ohms (or the center of the chart) and which passes 
through impedances 50/S and 50 S. Information about the nature of a load can 
also be obtained by sampling the output voltage and current [V,(t) and i,(t)]. 
In Fig. 16-6c, v,(t) is obtained by capacitive coupling, while i,(t) is converted 
to a voltage by a current transformer T1 and a resistor R1. To obtain an 
indication of load mismatch, the transformer turns ratio and resistor R1 are 
chosen so that 

v,(t) = vo(t) — Roio(t) (16-14) 


where R, is the nominal or design-value load resistance. Voltage v,(t) is 
applied to a peak-envelope detector that produces Vim = |V,| as its output. 
The value of Vi, can be related to the load impedance Z=R+jX by 
converting (16-14) to phasor notation and substituting V, =1,Z for V., thus 


Vim =|Vil = Tom V(R — Ro) + X? (16-15) 


The output of the peak-envelope detector in Fig. 16-6c is from (16-15) zero 
when the load is its nominal value R, and increases whenever R deviates from 
R, or there is reactance in the load. A threshold value for Vj, can be 
established based upon amplifier design and transistor ratings. Values of Vim 
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exceeding this threshold then reduce the gain in the amplifier chain so that the 
amplifier output remains at a safe level for the existing mismatched load. 

Although the output V,,, of the circuit of Fig. 16-6c is not the VSWR S 
associated with the load Z, it is used in a similar manner, leading to its being 
called colloquially a ““VSWR detector.” (True VSWR detectors use loosely 
coupled transmission lines to derive signals proportional to both the forward 
and the reflected power [14]). The similarity of the ““VSWR detector” of Fig. 
16-6c and the AGC loop of Fig. 16-6a is apparent, and in fact, AGC and 
VSWR functions are often combined in a single loop. This is accomplished 
simply by reducing the output of current transformer T1 so that a component 
of the peak output voltage appears in V;, when the load is its nominal value 
R, [12]. 


16-5 Envelope Elimination and Restoration 


The discussion of single-sideband modulation in Chapter 9 can be generalized 
to show that a band-limited RF signal can be regarded as either the result of 
frequency translation of an audio signal (filter method of generation) or as the 
result of modulation of both sine and cosine RF carriers by audio signals that 
differ in phase by 90° (phasing method of generation). It can also be shown 
that a band-limited RF signal is equivalent to simultaneous amplitude 
(envelope) and phase modulation of a single RF carrier (by different but 
related audio-frequency signals). This representation leads not only to a 
useful analytical tool but also to several useful techniques for improving SSB 
transmitter efficiency and linearity. 


Envelope and Phase 


The two-tone (equal-amplitude) SSB test signal provides a convenient exam- 
ple of this principle. If the frequencies of the individual tones are w, and Ww 
after translation to RF, and w,, = 3(@,— >) and w, = 5(@, + w>), then 


om 


2 


om 


2 
= Vom|COS Wmt| sinfwot + 7 + 7C(a@mt)] = A(t) sinfwot + 6(t)] (16-16) 


sin @\t + SIN Wt = Vom COS @mt SIN Wot 


where c(t) is a +1 switching function having the same sign as cos ,,t. The 
amplitude and phase modulation functions A(t) and 6(t) are shown in Fig. 
16-7a. 

In general, determining the amplitude and phase modulation functions is 
straightforward but not as simple as in the case discussed. Both amplitude and 
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Fig. 16-7 Envelope and phase. (a) Single-tone DSB/SC or SSB/SC with two 
equal-amplitude tones; and (b) SSB/SC with two tones of unequal 
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phase functions can be derived from a phasor representation of the signal, or 
equivalently, from the functions that would modulate the cosine and sine RF 
carriers in the phasing method of SSB generation. If those functions are 
represented as voltages v,(t) and v,(t), then 


A(t) = Vv2(t) + v2(t) (16-17) 
and 
pe arctan (=) (16-18) 


A four-quadrant inverse tangent is implied in (16-18), and phase is referenced 
to the frequency and phase of the carrier of the equivalent modulator. The 
amplitude and phase functions for a signal consisting of two tones of unequal 
amplitudes (Vom1 = 2Vom2=%Vompgep) are shown in Fig. 16-6b, with phase 
referenced to a sine-wave of the center frequency w,. Note that, in general, 
neither the amplitude nor the phase are band-limited linear functions of the 
original modulation used to produce an SSB signal. 


Envelope Elimination and Restoration 


The envelope-elimination and restoration technique [15, 16] uses the charac- 
terization of a signal as simultaneous amplitude and phase modulation to 
allow the use of Class D, E, or F RF power amplifiers in conjunction with a 
Class S modulator for highly efficient amplification of SSB and other RF 
signals. In the simplified block diagram of Fig. 16-8, the output of an SSB 
modulator is applied to both an envelope detector and an RF limiter; the 
output of the envelope detector is A(t) and the output of the limiter is a 
carrier phase-modulated by 6(t). The output of the limiter is translated by one 
or more mixers to the output frequency, after which it is amplified to the 
desired peak envelope output power. The output of the envelope detector 
controls a Class S modulator whose output modulates the final RF amplifier. 
This restores the envelope to the phase-modulated carrier, producing the 
desired SSB signal as the final RF output. Since the efficiency of switching- 
mode amplifiers remains high at low-output levels, its average efficiency for 
speech-derived signals can be considerably higher than that of a transmitter 
employing only linear RF amplifiers. 

The design of transmitters employing envelope-elimination and restoration 
requires attention to several points. The envelope detector and Class S 
amplifier must have responses from dc to about 10 times the bandwidth of the 
RF SSB signal. The bandwidth of the phase-modulated output of the limiter is 
also approximately 10 times that of the SSB input signal; however, this is not 
usually an important design consideration. The RF limiter must be designed to 
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Fig. 16-8 Envelope elimination and restoration system. 
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minimize amplitude-to-phase conversion; for this reason, it is best to operate 
the limiter at a low intermediate frequency (455 kHz or 10 MHz) rather than at 
the actual output frequency. Large differences in the propagation delay 
through the audio and RF amplifier chains in Fig. 16-8 will cause inter- 
modulation distortion and should therefore be minimized. A low-amplitude 
cut-out circuit should be included to prevent the generation of spurious RF 
signals when there is no input SSB signal. 


Envelope Feedback 


The envelope feedback technique [17] is useful in reducing the inter- 
modulation distortion in a chain of power amplifiers when that distortion 
arises primarily from amplitude-to-amplitude nonlinearities rather than from 
amplitude-to-phase conversion. The block diagram of Fig. 16-9 shows a chain 
of nearly linear RF power amplifiers with an envelope-feedback system. The 
envelope (amplitude) of the input SSB signal is detected and compared with 
the detected amplitude of the output SSB signal, after suitable scaling. The 
difference between these two detected envelope signals controls the gain of 
the RF amplifier chain so that the drive to the final power amplifier is always 
automatically adjusted to produce the desired output amplitude. Non- 
linearities in the amplitude transfer characteristic of the chain are thereby 
ideally removed and in practice can be reduced substantially. 

For maximum linearity, identical envelope detectors are used for both the 
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Fig. 16-9 Envelope feedback. 
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input and output signal, with an attenuator used to match the levels of the 
inputs to each detector. Since feedback is employed, a low-pass filter is 
included in the loop to ensure stability. The gain of the loop includes the gains 
of the differential amplifier, the RF chain, the attenuator, and the envelope 
detector. This loop gain must be at least as large as the required improvement 
in linearity. For example, if the third-order IMD ratio of the chain without 
feedback is —20dB and an IMD ratio of —35dB is required, the loop gain 
must be at least 15 dB. 

Envelope feedback has, of course, little effect on IMD arising from 
amplitude-to-phase conversion. The designer should be sure that the gain- 
controlling RF amplifier does not introduce amplitude-to-phase conversion, or 
the benefits of envelope feedback may be nullified. It should be noted that 
phase-locking (i.e., phase feedback) can be incorporated into a transmitter to 
reduce IMD due to amplitude-to-phase conversion [16]. 


Envelope Tracking and Outphasing 


Two other useful techniques based upon amplitude and phase relationships 
should be noted. 

Envelope tracking uses a Class S modulator or switching regulator in 
conjunction with a Class B final RF power amplifier [16]. The configuration of 
an envelope-tracking system is therefore quite similar to that of envelope 
elimination and restoration (Fig. 16-8) but has a linear RF power amplifier 
chain and no limiter. However, instead of modulating the final RF power 
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amplifier, the Class S modulator adds an offset voltage to A(t) so that the 
supply voltage of the RF power amplifier is always sufficient to allow linear 
amplification. Power dissipation at low-signal levels is thereby greatly 
reduced, while the intermodulation distortion characteristics of the linear RF 
power amplifier are preserved. 

Outphasing combines the outputs of two differently phase-modulated 
carriers to produce a single AM or SSB output signal. Two chains (channels) 
of RF power amplification are required; the individual.P As can be Class C, D, 
E, or F, as convenient. The two phase-modulated carriers can be generated by 
feedback circuitry that includes modulation of both in-phase and in-quadra- 
ture carriers for each channel [18]. The high-power outputs of the two 
amplifier channels can be combined by a hybrid transformer (without a 
balancing resistor) or a special transmission line network for high-efficiency 
operation [16]. Outphasing was originally devised because high-quality linear 
RF power amplifiers and modulators were unavailable. Recently, however, it 
has been used in broadcast transmitters (RCA Ampliphase) and microwave 
transmitters [18]. 
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PROBLEMS 


16-1.1. Design an SSB modulator and related circuitry to produce select- 
able USB and LSB signals with the same carrier frequency. Use only one 
mechanical filter (bandpass) and one crystal oscillator (455 kHz). The output 
need not be at 455 kHz. 

16-1.2. Design a modulator that produces lower-sideband compatible AM; 
ie., an AM signal missing the upper sideband but not the carrier (such signals 
can be demodulated by an envelope detector, although some distortion is 
present). Use a 455-kHz oscillator. 

16-1.3. Design a simple transmitter configuration that produces LSB sig- 
nals on either 2.182 MHz or 8.728 MHz, as selected. 

16-1.4. Design an all-mode (USB, LSB, CW, AM, and NBFM) transmitter 
that will operate on all amateur bands from 160m through 6m using the 
following conversions. (The required frequency ranges are 1.8-2.0, 3.5-4.0, 
7.0-7.3, 14.0-14.35, 21.0-21.45, 28.0-29.7, and 50-54 MHz.) 

(a) Discrete-band frequency conversion. 
(b) Broadband frequency conversion. 

16-2.1. Design a simple amplifier chain for a 200-W HF SSB transmitter 
using the data from Fig. 15-1. The SSB source has a 1-mW output. Compute 
the power input, current input from a 28-V supply, and the overall efficiency if 
Class A and B stages have efficiencies of 30 and 55 percent, respectively. 
Determine IMD ratios for each stage if the transmitter IMD ratio must be 
—30 dB or better. 

16-2.2. Design an amplifier chain that-produces a 1-kW PEP SSB output. 
The mixer output is 1 mW. The largest transistors available allow the con- 
struction of 250 W PAs with G, = 11 dB. Class B PAs in the 1 to 100-W range 


Problems | 521 


can be assumed to have 7 = 0.55 at PEP and Gp = 17 dB. Class A PAs can be 
assumed to have 7 = 0.3 at PEP and Gp =20dB. Calculate the power con- 
sumption and overall efficiency of this transmitter. Determine IMD require- 
ments for each stage if the IMD ratio of the mixer output is —60 dB and the 
IMD ratios of the 250 W PAs can be as poor as —38dB; a transmitter IMD 
ratio of —30 dB is required. 

16-3.1. Consider a transmitter linear amplifier chain consisting of a Class 
A PA followed by a Class B PA. The Class A driver has 35 percent efficiency 
when delivering its peak output power of 5 W; the Class B final amplifier has 
65 percent efficiency at its peak output power of 100 W. Determine the 
transmitter’s average power consumption and efficiency for the following 
cases. In all cases, assume a peak-envelope power output of 100 W. 

(a) FM. 

(b) CW. 

(c) Two-tone SSB test signal. 

(d) Single-tone AM test signal. 

(e) Speech-derived SSB with é = 10. 

16-3.2. A repeater must simultaneously amplify 10 carriers of different 
frequencies, producing a 1-W output for each. Determine the peak-envelope 
power, average input and output power requirements, and efficiency for the 
final power amplifier operation in the following classes. 

(a) Class A. 
(b) Class B. 

16-4.1. Determine the capabilities of a PIN-diode (series-type) attenuator 
if the source and load resistances are both 50 ohms. Determine the current 
necessary for minimum and maximum attenuation and the values of the 
blocking capacitors and chokes for 2 to 30 MHz use. The PIN diode has 
Rain = 18 ohms at Jy, = 1 mA and R,,,x = 1040 ohms. 

16-4.2. Derive (16-15) from (16-14). 

16-4.3. Suppose the final power amplifier in an SSB transmitter uses 
transistors that will withstand VSWR up to S=2. Determine the minimum 
value Of VimlIomR, from the “VSWR detector’ of Fig. 16-6c that can indicate 
S =2. Hint: Use the formula for ||’ in Table 16-1. 

16-5.1. Determine and plot the amplitude and phase functions of the USB 
output of an SSB modulator in response to the audio input va;(t)= 
(3)(sin w,f + sin 2a, +sin3w,t). Suggestion: Use a phasor diagram and do 
not attempt to reduce complex trigonometric expressions to simple ex- 
pressions. 

16-5.2. Design a transmitter employing envelope elimination and res- 
toration that produces a 100-W PEP output in the 2 to 30-MHz band. Assume 
that the Class S modulator has an efficiency of 0.85, and that RF PAs have the 
following characteristics: 
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Class n Gp, dB 


A 0:35 20 
B 0.65 iS 
D 0.80 15 


Assume that the envelope detector, modulator, limiter, and other circuits 
consume a constant 1W. Determine the total power consumption and 
efficiency at PEP output and for a speech-derived signal with ¢ = 10. 
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Active filter (in PLL), 168 
Active-device models, 86, 89 
Active region, 350, 351 
Admittance parameters, 88 
AFC, see Automatic frequency control 
AGC, see Automatic gain control 
Alignability, 102 
AM, see Amplitude modulation 
AM detector, 225 
Amplifier, 89 
neutralized, 93 
power, see Power amplifiers 
pulse, see Pulse amplifiers 
small-signal, 83 
unilateralized, 93, 97 
Amplifier design (small-signal), 96-107 
choices, 96 
without feedback, 98, 99 
for maximum transducer gain, 101 2 
procedure, 102, 107 
stability without feedback, 101 
unilateralized, 97 
with unstable device, 99, 101 
Amplifier power gain, 94 
Ampliphase (TM), see Outphasing 
Amplitude modulation, 5, 222 
detector, 225 
gate-bias, 496, 497 
power, 226, 227 
of power amplifiers, 410-412, 448, 491-497 
series-coupled, 493, 494 
spectrum, 225, 226 
transformer-coupled, 491-493 
waveforms, 224 
Amplitude modulation receivers, 266 
Amplitude-to-phase conversion, see AM-PM 
conversion 
AM-PM conversion, 410, 411 
AM receivers, 266 
performance specifications, 266 
sensitivity, 267 
AM rejection, in PLL detector, 317 
in ratio detector, 306, 308 
AM transmitters, see Transmitters, AM 


Analog modulation, 221 
Analog multiplier, see Multiplier 
AND gate, in coincidence detector, 312 
Angle modulation, 5, 234 
bandwidth, 242 
comparison of FM and PM, 247 
formulas, 239 
noise analysis, 248 
phasor diagrams, 245 
power, 243 
spectrum, 240, 241, 263-265 
Angular time, 350 
Antenna, 14 
noise temperature, 15 
Armstrong modulator, see Frequency modulator 
Armstrong 
Aspect ratio (TV), 330 
AT cut, 161 
Attenuator, pin-diode, see Pin-diode attenuator 
Automatic frequency control, 490 
Automatic gain control, 286, 511-515 
in bipolar transistors, 287 
in FETs, 286 
Available gain, amplifier, 95 
Available power, 23 
gain, 23, 95 
noise, 23 
Average efficiency, see Efficiency, average 
Average noise figure, 27 


Balanced mixer, BJT, 205 
diode, 196 
FET, 210 
JFET, 210 
Balanced modulator, 196, 228-233, 340 
Bandwidth, AM, 226, 227 
angle modulation, 242 
composite video signal, 332 
frequency modulation, 242 
half-power, 40 
noise equivalent, 21, 40 
phase modulation, 242 
video signal, 332, 333 
Binary code, 256 
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BJT mixer, 201-204 

Blanking pulses (TV), 330 
Boltzmann’s constant, -11 

Brightness (color TV), 336 
Broadband frequency conversion, 503 
Buffering, 160 


Capacitors, self-resonance frequencies, 125 
Capture, 300 
Capture ratio, 300 
Carrier, 226 
Carrier frequency, 2 
Carson’s rule, 242 
Ceramic disc resonator, 273 
equivalent circuit, 274 
Ceramic filter, 273-276 
in IF amplifier, 276 
Chroma demodulator, 342 
Chroma signal, 342 
Chrominance signal, 337 
transmission, 340 
Clapp oscillator, 147-149 
Class A power amplifiers, see Power amplifiers, 
class A 
Class B power amplifiers, see Power amplifiers, 
class B 
Class BD power amplifiers, see Power 
amplifiers, class BD 
Class C power amplifiers, see Power amplifiers, 
class C 
Class D power amplifiers, see Power amplifiers, 
class D 
Class E power amplifiers, see Power amplifiers, 
class E 
Class F power amplifiers, see Power amplifiers, 
class F 
Class G power amplifiers, see Power amplifiers, 
class G 
Class H power amplifiers, see Power amplifiers, 
class H 
Class S power amplifiers, see Power amplifiers, 
class S 
Coincidence detector, 310-313 
waveforms, 313 
Collector feedback, see RF feedback 
Collector power-conversion efficiency, see 
Efficiency 
Color, 343 
burst, 340 
hue, 336 
killer, 342 
perception, 334, 336 
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receiver, 342 

saturation, 336 

subcarrier, 340 

tint, 336 

vector diagram, 337, 338 

vector representation, 336 
Color television, 334 

receiver, 342, 343 

terminology, 336 

transmission, 340 
Colpitts oscillator, 132, 135-147 

analysis, 135-139 

crystal, 158 

design, 139-146 

efficiency, 141 

feedback in, 134 

high-resistance loads, 139-144 

low-resistance loads, 144-147 

minimum transistor gain, 139 
Comparator frequency modulator, see Frequency 

modulator, comparator 

Composite video signal, bandwidth, 332 

waveforms, 331 
Conversion compression in mixer, 195 
Conversion gain, 194 
Convolution, graphical, 190-192 
Convolution theorem, 190 
Criteria for oscillation, 128, 138 
Critical coupling, 70 
Cross-modulation distortion, 196 

in receiver, 268 
Cross-modulation factor, 269 
Crossover distortion, 362, 363 
Crystal, 151-153 

circuit properties, 151 

cut, 161 

filter, 277, 278 

impedance, 153 
Crystal Colpitts oscillator, 158 

circuits, 159 
Crystal-controlled oscillator, 151-155 
Current-controlled oscillator, 173 
Cutoff region, 350, 351 
CW transmitters, see Transmitters, CW 


Damping factor, of PLL, 172 

Deemphasis, 250, 322 

Delta modulation, 257 

Demodulation, 221 

Demodulator, chroma, 342 

Desensitization in mixer, 196 

Design tables, parallel-series conversions (RC), 78 


parallel-series conversions (RL), 79 
resonant RC//L circuit, 77 
resonant RL//C circuit, 76 
single-tuned transformer, 82 
tapped capacitor circuit, 80 
tapped-inductor circuit, 81 
Detection efficiency, 280 
Detector, AM, 225 
AM with PLL, 285 
diode, 280 
DSB, 285 
envelope, 280 
FM and PM, AM rejection, 307 
capture in, 300 
characteristics, 297, 298 
coincidence or quadrature, 310 
digital, 317 
discriminators, 302 


Foster-Seeley discriminator, 302, 306, 307 


generalized, 297, 298 
phase-locked loops, 317 
practical, 301 
quieting in, 300 
quieting sensitivity, 301 
ratio detector, 306, 307 
response to interference and noise, 299 
selection, 301 
slope, 326, 327 
stereo, 319 
threshold SNR, 299 
transfer function, 298 
zero crossing, 315 
product, 284 
SSB, 285 
Deterministic signal, 9 
Diagonal clipping, 281 
Diode, gate-protection, 214 
negative resistance, 130 
in ratio detector, 307 
Diode detector, 280 
Diode mixer, 196 
double-balanced, 199, 200 
single-balanced, 196-198 
Diode noise, 15 
Direct FM, see Frequency modulation, direct 
Direct frequency conversion, 504 
Discrete-band frequency conversion, 501-505 
Discriminator, see Detector, FM and PM, 
discriminators 
Double-balanced mixer, 198-200, 210 
Double-balanced modulator, see Double- 
balanced mixer 


Double-sideband detection, 285 
Double-sideband wave, 228 
Double-tuned transformers, 69 
Drain power-conversion efficiency, see Efficiency 
DSB detection, 285 
DSB/SC, 228 
Dual-gate MOSFET, 193 
mixer, 214 
model, 215 
Dynamic range, RF amplifier, 268 


Efficiency, 350, 354, 357, 358, 397, 400, 404, 
~ 436, 445-447, 453, 454, 456, 461, 462, 
468, 472, 473 
average, 493, 495, 497, 510, 511 
of Colpitts oscillator, 141 
Electrical noise, 9 
Emitter feedback, see RF feedback 
Envelope, 508, 509 
of AM wave, 5, 225 
Envelope-and-phase representation of signal, 
500, 515-517 
Envelope detector, 280 
diagonal clipping, 281 
efficiency, 280 
input resistance, 280 
negative-peak clipping, 283 
Envelope elimination and restoration, 515-518 
Envelope feedback, 497, 518, 519 
Envelope tracking, 519, 520 
Equalizing pulses (TV), 330 
Equipartition law, 10 
Equivalent circuits, BJT, 87 
BBL 87 
Excess noise temperature, 25 


Feedback, 128, 132 
in colpitts oscillator, 134 
envelope, see Envelope feedback 
FM, see FM feedback 
in oscillators, 128, 132 
FET mixer, 204-207 
FET noise, 18 
Filter, ceramic, 273-276 
crystal, 277, 278 
mechanical, 272 
First detector, 188 
Flicker noise, 16 
FM feedback, 490 
FM modulation index, see Modulation index, FM 
FM receiver, tuning with PLL, 182. See also 
Receiver, FM and PM 
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FM stereo, channel separation, 321 

decoding, 319 

history, 318 

modulation technique, 318, 319 
FM transmitters, see Transmitters, FM 
Foster-Seeley discriminator, 302 
Fourier transform, 190 
Frequency conversion, broadband approach, 

$03 

direct approach, 504 

discrete-band approach, 501-505 
Frequency converter, 289 
Frequency-division multiplex, 7, 250 
Frequency modulation, 5, 236 

bandwidth, 242 

direct, 482 

filter effects, 483 

formulas, 239 

index, 237 

indirect, 482 

noise analysis, 248 

spectrum, 240, 241 
Frequency modulator, Armstrong, 488-490 

comparator, 487, 488 

phase-locked loop, 486, 487 

phase-shift, 485, 486 

varactor-modulated crystal oscillator, 483-485 
Frequency multiplication, of FM signal, 482 
Frequency multipliers, 412-417, 480 

class A, bipolar, 413 

FET, 413, 414 
class C, 414, 415 
mixed-mode, 415 

class D, 417 

class E, 417 

class F, 417 

diode, 415-417 
Frequency offset loop, 183, 184 
Frequency of oscillation, 135, 139, 150 
Frequency stability, 161 
FSK demodulator (PLL), 183 
Fundamental, 151 
Fundamental mode, 154 


Gate-bias modulation, see Amplitude modula- 
tion, gate-bias 

Gate-protection diodes, 214 

G parameters, conversion tables, 110 

Graphical convolution, 190-192 

GT cut, 161 


Half-power bandwidth, 40 
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Harmonic intermodulation distortion, 196 

Harmonics, 349 

Hartley oscillator, 135 

Heatsink design, 384-386 

Hold-in range of PLL, 171 

Horizontal line frequency, 330 

H parameters, conversion tables, 110 

Hue, 336 

Hybrid couplers, see Power combiners and 
splitters 


IF amplifier, 4, 271 
for FM and PM receivers, 295 
IF filter, 295 
ceramic, 273 
crystal, 277 
mechanical, 272 
surface acoustic wave (SAW), 279 
IF frequencies, 295 
IF interstage filter, 272 
IF rejection (receiver), 267 
Image frequency, 202 
Image rejection, 267 
IMD, see Intermodulation distortion 
Immittance chart, 421-423, 427, 428 
Impedance, large-signal, see Large-signal 
impedance 
Impedance-matching networks, 417-428 
discrete-element, 418-423 
transmission-line, 423-428 
Impedance transformation, see Impedance- 
matching networks 
Indirect FM, see Frequency modulation, 
indirect 
Information capacity, of a channel, 258 
Integrated circuit, Motorola MC1357, 314 
RCA 3013, 309, 310 
Intercept point, mixer, 195 \ 
Interference, from mixers, 202 
Interlaced scan (TV), 330 
Intermediate frequency, 295 
Intermodulation distortion, 268, 349, 361-363, 
506, 507 
harmonic, 196 
two-tone third-order, 195 
Intermodulation products, in mixer, 189 
Isolation in mixer, 195 


JFET, 148 

JFET mixer, 210, 211 
JFET mixer design, 211 
Johnson noise, 9 


Junction transistor noise, 16 
Keying, see Transmitter keying 


Lag-lead filter (in PLL), 168 

Large-signal impedance, 406, 407 

Linear transmitters, see Transmitters, SSB 
Linvill stability factor, 89 

Load capacitance, 154 

Local oscillator, 4, 270 

Luminance signal, 337 


Magnetostrictive filter, 272 
Matching networks, see Impedance-matching 
networks 
Maximum available gain, 95 
Maximum-efficiency oscillator, 151 
Mechanical filter, 272 
Microplasma noise, 16 
Microstrip, 423-428 
Miller oscillator, 160 
Mixer, 4, 188, 217 
BJT, 201-204 
conversion compression in, 195 
conversion gain, 194 
cross-modulation distortion, 196 
desensitization, 196 
diode, 196 
double-balanced, 193, 210 
dual-gate MOSFET, 193, 214-217 
dynamic range, 195 
FET, 204-207 
graphical analysis, 208, 209 
harmonic intermodulation distortion, 196 
image frequency, 202 
intercept point, 195 
intermodulation products, 189 
isolation, 195 
Eee 2 Oe 
MOSFET, 212-217 
noise figure, 194 
in receiver, 269 
single-balanced, 193 
single-ended, 192 
single-ended FET, 193 
spectral analysis, 188 
spurious response, 201 
stern stability factor, 201 
theory, 188 
transistor, 201-204 
two-tone third-order intermodulation dis- 
tortion, 195 


Mixer design, JFET, 211 
MOSFET, 193 
Mode, 151 
Modulation, 221, 258 
amplitude, 5, 222-224 
analog, 221 
angle, 5, 234 
envelope, 225 
factor, 225 
frequency, 5, 236 
index, 225, 299 
phase, 5, 236 
pulse, 7 
pulse amplitude, 252 
pulse code, 255 
pulse time, 254 
Modulation index, FM, 299 
Modulator, 2, 221 
Monochrome TV receiver, 334, 335 
Monolithic crystal filter, 277 
equivalent circuit, 277 
frequency response, 278 


MOSFET mixer, 212-217 
Motorboating, 135 


Multivibrator, 173 


Natural frequency, of PLL, 172 
Negative-peak clipping, 283 
Negative resistance, 130 
Negative resistance diode, 130 
Negative resistance oscillator, 129-131 
Neutralized amplifier, 93 
Noise, available power, 23 
diode, 15 

effective input temperature, 26 
equivalent bandwidth, 21, 22 
excess temperature, 25 

1/f, 16 

BE Da ks 

flicker, 16 

in FM systems, 248 

junction transistor, 16 
microplasma, 16 

in parallel GC circuit, 13 
partition, 16 

in PM systems, 248 

in receiving antenna, 14 
resistor, 11 

shot, 15 

temperature, of antenna, 15 


Index 


MOSFET, see RF power transistors, VMOS FET 


Multimode transmitters, see Transmitters, SSB 
Multiplier, in quadrature detector, 310 


/ 529 


of network, 24 
thermal, 10 
white, 11 
Noise factor, 26 
Noise figure, 26, 36, 37 
actual, 30, 36, 37 
average, 27, 32 
for cascaded networks, 28 
contours for transistor, 31 
receiver, 267 
spot, 27, 32 
Noise model, common-base transistor, 16, 17 
hybrid-pi, 18 
two-generator, 19 
Noise power ratio, 362 
Normalized power output capability, 350, 355, 
358, 397, 473 


Ohmic resistance of antenna, 14 
On resistance of FET, see Saturation resistance 
Open-loop transfer function, in PLL, 170 
Operating power gain, 95 
Oscillator, choice of, 128 
Clapp, 147-149 
Colpitts, 132, 135-147. See also Colpitts 
oscillator 
crystal-controlled, 151-155 
design techniques, 134 
frequency stability, 161 
Hartley, 135, 136. See also Hartley oscillator 
local, 4, 270 
maximum efficiency, 151 
Miller, 160 
negative resistance, 129-131 
Pierce, 155-158. See also Pierce oscillator 
ies 19/8) 
practical considerations, 135, 147 
transformer-coupled, 150 
voltage-controlled, 168, 173-175 
Outphasing, 519, 520 
Overmodulation, 223 
Overtone, 151, 160 
Overtone mode, 154 


PA, see Power amplifiers 
PAM, 252 
Parallel resonance, 42 

in L//C//RT circuit, 42 

in RC//L circuit, 45 

in RL//C circuit, 43, 44 
Parallel-to-series conversions, 47 
Parasitics, 135 
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Partition noise, 16 
PCM, 255 
Peak envelope power, 227 
Peak-to-average ratio, 507-510 
PERT T 
Phase detector, 165-167, 174-179 
characteristics, 167 
circuit, 177 
waveforms, 178 
Phase distortion, in FM receivers, 296 
Phase-locked loop, 164 
for AM detection, 285 
applications, 179-184 
damping factor, 172 
design example, 184 
filter, 168 
as FM detector, 317 
in FM stereo decoding, 322 
frequency offset, 183, 184 
FSK demodulator, 183 
hold-in range, 171 
linear analysis, 165 
lock-in range, 172 
natural frequency, 172 
oscillator, 173-175 
phase detector, 166, 174-179 
pull-in range, 172 
receiver tuning, 182 
signal sources, 179 
simplified explanation, 164 
synchronization range, 171 
terminology, 171 
transfer function, 170 
VCO in, 168, 169 
Phase-locked loop modulator, see Frequency 
modulator, phase-locked loop 
Phase-lock system, signal generator, 180 
Phase modulation, 5, 236 
bandwidth, 242 
formulas, 239 
index, 236 
noise analysis, 248 
spectrum, 240, 241 
Phase-shift modulator, see Frequency modulator, 
phase-shift 
Phasing SSB modulator, see SSB modulator, 
phasing method 
Pierce oscillator, 155-158 
circuit, 156 
design, 158 
Piezoelectric effect, 151 
Pilot, 319 


Pin-diode attenuator, 512, 513 Power gain, amplifier, 94 


PLL, see Phase-locked loop available, 23, 24, 95 
PM receivers, see Receivers, FM and PM maximum available, 95 
Power, in AM waves, 227 operating, 94 
in angle-modulated waves, 243 transducer, 95 
average, 490, 491, 493, 495, 497, 507-509 Preemphasis, 250, 322 
carrier, 490, 491 Product detector, 284 
peak envelope, 490, 491, 507-509 AM detection, 285 
peak-to-average ratio, see Peak-to-average DSB detection, 285 
ratio SSB detection, 285 
Power amplifiers, amplitude modulation of, PTM, 254 
410-412, 448, 491-497 Pull-in range of PLL, 172 
bias, 362-365 Pulse amplifiers, 466-468 
class A, 348, 352-355, 359-371, 472 Pulse amplitude modulation, 252 
class AB, 363 Pulse code modulation, 255 
class B, 348, 355-371, 472 : Pulse modulation, 7, 250 
class BD, 472 amplitude (PAM), 252 
class C, 394-399, 408-412, 472 code (PCM), 255 
mixed-mode, 394, 401, 403-410, 472 time (PTM), 254 
saturating, 394, 395, 399-401, 408, 472 Pulse time modulation, 254 
class D, 412, 433-448, 472 Pulse-width modulation, 458-466, 476 
complementary voltage-switching, 433-437, distortion, 463-465 
442,472 spectrum, 463-465, 476 
series inductance, 446, 447 Pulse-width modulators, 462, 463 
shunt capacitance, 446 
transformer-coupled current-switch, 439- Q, 40, 131 
441,472 of ceramic resonator, 274 
transformer-coupled voltage-switch, 437- Qp, 49 
439,472 Q;, 42 
transition-time effects, 447, 448 Quadraphonic sound reproduction, 322 
class definitions, 348, 394, 432, 433, 454, 472 Quadrature detector, 310-314 
class E, 412, 448-454, 472-475 schematic, 314 
frequency-variation effects, 453, 474, 475 Quality factor (Q), 40 
output circuit Q, 452, 453 Quiescent current, 352 
transition-time effects, 453, 454 Quieting sensitivity, 301 
class F, 454-458, 472, 473 
hi-lo, 473 Radiation resistance of antenna, 14 
class G, 468, 473 Ratio detector, 306-310 
class H, 468, 473 AM rejection, 306, 308 
class S, 458-468, 473, 476 see also Detector, FM and PM, ratio detector 
transition-time effects, 461, 462 Receiver, 270 
drive, 366-368, 408, 409, 443-445, 466-468 AGC, 286 
numerical transient analysis, 406 AM, 266, 291 
output filters, 382-384, 466, 467 block diagram, 2, 3 
reactive loads, 360, 361, 441-443, 446, 474, color television, 342, 343 
475 design (AM), 289 
saturation-resistance effects, 360, 445, 453, diode detector, 280 
456 FM, 266 
saturation-voltage effects, 350, 359, 445, FM and PM, 295, 324 
453, 456 deemphasis, 322 
VSWR protection, 511, 512, 514, 515 IF amplifier systems, 295, 296 
Power combiners and splitters, 379-382, 480 phase distortion, 296 
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sample design calculations, 297 
schematic, 324 

frequency converter, 289 

IF amplifier, 271 

IF filter, 272 

IF rejection, 267 

image rejection, 267 

mixer, 269 

monochrome TV, 334, 335 

noise figure, 267 

product detector, 284 

RF amplifier, 268 

schematic diagram (AM), 290 

selectivity, 267 

sensitivity, 267 

squelch circuit, 288 

TVE266) 3295343 
Reflection coefficient, 514 
Resistor noise, 11 
Resonance, 38 


in Foster-Seeley discriminator, 303 


parallel, 42 
series, 39 
Resonant circuits, L//C//RT, 42 
RC//L, 45 
RL//C, 44 
tapped-capacitor, 49 
tapped coil, 54 
tapped-inductor, 53 


RF chokes, self-resonance frequencies, 126 


RF feedback, 368-371 
RE oscillator, 134 


RF power transistors, 349, 389, 390 


bipolar, 349-351, 391, 392 
characteristics, 350, 351, 478 
packages, 390, 391 


specifications and ratings, 349, 350, 407 


VMOS FET, 349, 351, 392, 393 
RF saturation voltage, 359 


Safe operating area, 361 
Sampling principle, 250-252 
Sampling rate, 252 
Saturation, color, 336 
Saturation region, 350, 351 


Saturation resistance, 360, 445, 453, 456 
Saturation voltage, 350, 359, 445, 453, 456 


Saw filter, 279 

Sawtooth phase detector, 166, 167 
SCA, 318 

Scanning rate (TV), 330 

Scattering parameters, 83 
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Second breakdown, 349, 361 
Second-harmonic peaking, 456, 472 
Selectivity, 38 
receiver, 267 
Self-resonance frequencies, capacitors, 125 
RF chokes, 126 
Sensitivity, receiver, 267 
Series resonance, 39 
Series-to-parallel conversions, 47 
Shannon’s law, 258 
Shot noise, 15 
Sidebands, 226 
Side frequencies, 226 
Signal generator phase-lock system, 180 
Signal-to-noise ratio (SNR), 20 
Single-balanced diode mixer, 196-198 
Single-ended mixer, BJT, 204 
Single sideband detection, 285 
Single sideband generation, filter method, 229- 
ay 
phasing method, 231, 232 
third method, 233, 234 
Single-sideband transmitters, see Transmitters, 
SSB 
Single-tuned transformer, 63 
design examples, 67, 68 
design formulas, 82 
equivalent circuit, 65 
Sinusoidal phase detector, 166, 167 
Slope detection, 326, 327 
Small-signal amplifier, 83-86 
BJT, 84 
FET, 86 
Smith chart, see Immittance chart 
SNR, 20 
S parameters, conversion tables, 112 
Spectral analysis, mixers, 188 
Spectrum, angle modulation, 240, 241 
frequency modulation, 240, 241 
phase modulation, 240, 241 
Spot noise figure, 27 
Spurious products, 349 
Spurious response, in mixer, 201 
Square-law device, 189 
Squelch circuit, 288 
SSB detection, 285 
SSB modulator, phasing method, 504, 505 
third-method, 504, 505 
SSB/SC, 229 
SSB transmitters, see Transmitters, SSB 
Stability, amplifier, 89 
circuit, 90-92 


device, 89 
Stereo, see FM stereo 
Stern stability factor, in amplifiers, 90-92 
in mixer, 201 
in oscillators, 129 
Subscription carrier authorization, 318 
Suppressed-carrier wave, 228 
Surface acoustic wave filter, 279 
Synchronizing pulses (TV), 330 


Tapped-capacitor circuit, 49 
design formulas, 80 
design with Qp < 10, 50 
design with Qp S kd, SY 
Tapped coil with mutual inductance, 54 
design curves, 58-62 
formulas, 56, 57 
Tapped-inductor circuit, design formulas, 81 
design with Op < 10, 53 
design with Qp > 10, 54 
Tapped resonant circuits, 48 
coil with mutual inductance, 54 
tapped-capacitor, 49 
tapped-inductor, 53 
Taylor series, 189 
Television, 329 
color, 334 
color receiver, 342, 343 
composite-signal waveforms, 331 
monochrome, 329 
monochrome receiver, 334 
transmission standards, 330 
vestigial-sideband transmission, 333 
Thermal circuit, 385, 386 
Thermal noise, 10, 11 
Thermal runaway, 363 
Third-harmonic peaking, 454-456, 472 
Third-method SSB modulator, 504, 505 
Threshold, 299 
Time-division multiplex, 7, 250 
Tint, 336 
Tracking, envelope, see Envelope tracking 
Transducer gain, 95 
maximum, 101 
Transfer function, of FM receiver IF system, 
296 
of generalized FM detector, 298 
Transformer, transmission-line, 200 
wideband, 200 
Transformer-coupled oscillator, 150 
Transistor, RF power, see RF power 
transistors 


Transistor data (2N4957), 117-124 
Transistor equivalent circuit, 136 
Transistor mixer, 201-204 
Transistor type, 2N3866, 142, 146 
2N4957, 31, 32, 117-124 
Transmission-line matching networks, 423- 
428 
Transmission-line transformer, 200. See also 
Wideband transformers 
Transmitter keying, 481 
Transmitter power chains, 477-481, 505-507 
Transmitters, AM, 477, 478, 490-497 
block diagram, 2, 3 
CW, 477-481 
FM, 477, 478, 482-490 
FM and PM, preemphasis, 322 
linear, see Transmitters, SSB 
multimode, see Transmitters, SSB 
SSB, 500-520 
Trap circuit, 334 
Triangular phase detector, 166, 167 
Two-port parameter relations, 110, 115 
Two-tone test signal, 507, 508 


Unconditionally stable device, 96 
Unilateralized amplifier, 93, 97 


transducer gain, 97 


Vacuum-tube characteristics, 352 


Varactor-modulated crystal oscillator, 483-485 


VCO, 168 
VCXO, 174 
Vernitron transfilter, 275 
Vertical MOSFET, see RF power transistors, 
VMOS FET 
Vertical scan frequency, 330 
Vestigial sideband, 333, 334 
Video signal, 329 
bandwidth, 332, 333 
VMOS FET, see RF power transistors, VMOS 
FET 
Voltage-controlled oscillator, 165, 168, 169, 
173-175 
circuit, 175 
Voltage standing-wave ratio, 511-514 
VSWR, see Voltage standing-wave ratio 
VSWR protection, 513. See also Power 
amplifiers, VSWR protection 


Wavelength, 1 
White noise, 11 
Wideband transformers, 200, 371-379 
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configurations, 373-377 of hybrid-pi circuit, 114 
design, 377-379 of two-port network, 88 


principles, 371, 372 
Zero-crossing detectors (FM), 315 


Y parameters, conversion tables, 110 Z parameters, conversion tables, 110 
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